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1. Introduction

1.1 Background

The integration of electronics has been an ongoing process for a few

decades. Ultimately, the goal is to include all of the needed electronics in

a single integrated circuit (IC), also referred to as system-on-chip (SoC).

In addition of area savings and reduced unit costs for large batches,

placing the components inside a smaller area allows for increased speeds

and less losses amounting to longer battery life. A trend towards the

integration of electronics is observable with the increased popularity of

application specific integrated circuits, fuelled by the decreased initial

processing costs for older complementary metal-oxide semiconductor

(CMOS) technology processes with the development of newer and smaller

process generations. As especially the smaller CMOS process generations

are more favorable for digital circuits due to reduced supply voltages,

another observable trend is the emphasis of digital circuitry and im-

plementations over analog. These two trends shift the boundaries of

discrete/IC and analog/digital so that the future electronics will be mostly

digital SoCs.

The evolution towards SoC is driven by the multi-billion dollar industry

around smartphones. New functionalities are added while the space re-

served for electronics stays constant, or in the worst case, reduces. The

circuits needed for communication are at the center point of this evolu-

tion, and with a good reason. A growing list of communication standards,

such as wireless area network (WLAN), Bluetooth, long term evolution

(LTE), and upcoming 5G need to be supported, while guaranteeing back-
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Figure 1.1. The DDSR combines the functionalities of the direct downconversion receiver
and ΔΣ ADC.

ward compatibility to older standards, such as global system for mobile

communications (GSM). This results in multiple parallel radio hardware

chains. Ideally, these chains would be replaced by a cognitive software

defined radio (SDR) [1, 2], that is to say, a software reconfigurable radio

that is able to adapt its operation in real-time based on the current spec-

trum usage. To accomplish this, the transmitter and receiver have to be

highly programmable, which requires digital intensive implementations.

Ultimately, the transmitter and receiver are comprised only of a digital-to-

analog converter (DAC) or an analog-to-digital converter (ADC), in which

case they can be referred to as digital-to-RF or RF-to-digital converters,

respectively.

Fig. 1.1 shows one promising RF-to-digital converter architecture, the

direct delta-sigma receiver (DDSR) [3]. The DDSR combines a direct

downconversion receiver and ΔΣ ADC, containing at least one frequency-

translational integration stage that translates baseband (BB) signals to

the radio frequency (RF) and vice versa. The DDSR embeds the receiver

functional blocks, such as the low-noise amplifier (LNA), channel select

filter (CSF) and anti-aliasing filter (AAF) into the ΔΣ loop-filter, and thus

the digitalization of the analog input signal begins right after the an-

tenna. The analog stages are used to their maximum potential as each
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stage participates in amplification, filtering and quantization noise shap-

ing simultaneously, resulting in a compact design. The main challenge

of the DDSR is that the RF frontend and the ΔΣ ADC can no longer be

designed separately. The designer must master system and circuit level

design for both. Due to the increased design complexity, simple yet accu-

rate models and design techniques are required to fully benefit from the

DDSR.

1.2 Objectives of this work

The objectives of this thesis are to 1) evaluate the feasibility of the DDSR

as a future solution for integrated receiver, 2) provide a new perspective

and understanding on the design of RF-to-digital converters, and 3) de-

velop versatile models and design strategies that overcome the complexity

of the DDSR.

The first objective aims to answer a fundamental question, whether or

not any benefit can be obtained from the DDSR compared to traditional re-

ceiver designs. An obvious reference is the direct downconversion receiver

and ΔΣ ADC cascade. The second objective arises from the authors own

observation that most of the ΔΣ based RF-to-digital converters have been

designed from the ADC perspective, and thus the high sensitivity that is

required from a receiver has not been achieved. The results presented in

this thesis indicate that it is highly unlikely that traditional ΔΣ design

methods will ever result in the sensitivity level of conventional receiver.

The third objective refers to the DDSR design process, where models and

design strategies are required to take the DDSR closer to production in

commercial applications.

1.3 Main scientific merits

In order to accomplish the objectives, several DDSR variants have been

simulated, fabricated, andmeasured. The simulations andmeasurements

have been used in the development of models and design strategies for

the DDSR. The results have been published in high-quality international

conferences and journals [I-VIII]. The highlights of the research outcomes

3



Introduction

are presented in Chapters 4 and 5, and can be summarized as follows:

1. The DDSR was analyzed and a simple model was proposed in I. The

model has been gradually improved to take account more of the nonide-

alities in II, IV and VII.

2. A systematic design method is proposed for gmC based DDSRs in VIII.

3. A wideband DDSR prototype was designed and fabricated. The design

and measurements are reported in III and extended in VI.

4. A narrowband DDSR prototype was designed and fabricated, featuring

a negative conductance circuit to boost the frequency-translating inte-

grator output impedance. The design and measurements are reported

in V.

5. A wideband gmC based DDSR prototype was designed and fabri-

cated, featuring a new harmonic rejection architecture and third-order

frequency-translating integrator.

6. The feedback effects were included in Friis’ cascaded noise figure for-

mula in VIII.

7. A pole pre-distortion method is proposed to enableΔΣ loop-filter design

in continuous-time domain in VIII.

8. Optimum location for noise transfer function zero was derived for low

noise shaping filter cutoff frequency in VI.

1.4 Organization of this dissertation

This thesis consist of two parts. The first part provides background infor-

mation necessary to understand the operation, design goals and limita-

tions of the DDSR, while the second part highlights the original content
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published by the author [I-VIII].

The background information about direct downconversion receivers and

ΔΣ ADCs is presented in Chapter 2, containing an overview, design con-

siderations, and implementation challenges in context of DDSR. Chapter

3 provides a performance overview of recently reported RF-to-digital con-

verters, followed by a detailed introduction of the DDSR concept. The

advantages and disadvantages of the DDSR are discussed and compared

to a traditional direct downconversion receiver and ΔΣ ADC cascade.

The publications related to the design of the DDSR are highlighted in

Chapter 4, including the system and loop-filter design strategy published

in VIII and the frequency-translational integrator model and analysis in

I, II, IV, VII, and VIII. Chapter 5 presents the simulations and measure-

ments of the DDSR prototypes reported in III, V, VI, and VIII.
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2. Background of the direct delta-sigma
receiver

In order to enable a deeper insight on the operation of the DDSR, the

principles of the direct downconversion receiver and the ΔΣ analog-to-

digital conversion are overviewed in the following. After the overview, the

design considerations and implementation challenges are introduced for

both.

2.1 Direct downconversion receiver

As the DDSR is first and foremost a receiver, we will begin with the direct

downconversion receiver. The theory presented in this chapter is intended

to provide background information for the reader, concentrating especially

on the topics that relate to the DDSR. Thus, this should not be considered

as a comprehensive presentation, and the reader is kindly directed to the

references for more details.

2.1.1 Overview

A wireless transmission of data is illustrated in Fig. 2.1. A transmitter

converts a digital stream to analog RF signal, which is radiated through

air as electromagnetic waves by an antenna. The transmission is cap-

tured by the receiving antenna, and converted back to digital stream by a

receiver. The receiver needs to be highly sensitive in order to receive weak

signals attenuated by long distances and obstacles, such as variations in

terrain, trees and buildings. On the other hand, the receiver needs also to

be selective to suppress the undesired transmissions that could mask the

desired one. The increased number of wireless data transfers has resulted
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Figure 2.1. Three phases of wireless data transmission.

in a crowded spectrum, and thus the main challenge in the receiver design

is how to separate the desired transmission from the undesired ones.

Receivers can be roughly divided into two main architectures: hetero-

dyne receivers [4] and homodyne receivers, commonly known as direct

downconversion receivers [5]. Out of the two, the direct downconversion

receivers are more suitable for integration as high quality factor band-

pass filters can be avoided [5, 6]. Fig. 2.2 shows a direct downconversion

receiver block diagram. The frequency content at different stages of the

receiver is illustrated in small figures (a-f). The desired signal (grey) is

receiver by the antenna along with interfering blocker signals (red), origi-

nating from other simultaneous transmissions (a). The received RF signal

is first filtered with an external band-pass pre-filter (b). Upon entering

the IC, the signal is amplified by an LNA (c) and then downconverted to

the BB (d). Two BB branches, in-phase (I) and quadrature (Q), with 90◦

phase difference and bandwidth of half the RF bandwidth are required to

avoid mixing of positive and negative frequencies. The desired signal is

now centered at dc, enabling efficient amplifier and filter designs in the

CSF (e) and AAF (f). Finally, the signal is discretized in both time and

amplitude by the ADC (g). If required, further processing can be applied

in the digital signal processing (DSP).
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Figure 2.2. Direct downconversion receiver block diagram.

2.1.2 Design considerations

The receiver performance requirements vary between communication

standards. Detailed specifications have been established to minimize the

interference to other users and to guarantee a good quality reception.

The specifications are maintained by the 3rd generation partnership

project (3GPP), a coalition of seven telecommunication standard develop-

ment organizations. In the following sections, the LTE user equipment

specifications [7] are used in a design example to provide insight on the

performance requirements through a concrete example.

Currently, 69 bands are reserved for the LTE, located between 700MHz

to 6000MHz. Two frequency ranges are defined for each band, categorized

by the direction of the transmission. Connections from the base station

to the user equipment are referred to as down-link (DL), while connec-

tions from the user equipment to the base station are referred to as up-

link (UL). Each of the bands utilize either frequency division duplexing

(FDD), where the frequency ranges for DL and UL are different, or time

division duplexing (TDD) where the frequency ranges are the same, and

the transmissions back and forth are time-interleaved. From the user
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Figure 2.3. FDD and TDD DL frequency ranges for LTE.

equipment receiver (DL) point of view, the interesting frequency ranges

are as depicted in Fig. 2.3. Majority of the frequency bands have band-

width of 10MHz to 100MHz and reside at frequencies between 700MHz

to 2700MHz. The bands are divided into channels with bandwidths of

1.4MHz, 3MHz, 5MHz, 10MHz, 15MHz or 20MHz, which are further

divided into resource blocks that can be assigned to different users.

In the design example we will concentrate on the 20MHz channel (fbw =

10MHz). Fig. 2.4 illustrates the following discussion by showing how the

performance requirements are provided in the specifications by using ref-

erence sensitivity level and blocker tests. From the system design per-

spective we have two key parameters, 1) the noise and 2) linearity.

Noise considerations

The maximum data transfer rate is determined by the modulation

scheme that is used to encode the data. From the simplest to the most

complex, the common modulation schemes are binary phase shift keying

(BPSK), quadrature phase shift keying (QPSK), 16 quadrature ampli-

tude modulation (16QAM), and 64 quadrature amplitude modulation

(64QAM) [8]. Complex modulation schemes offer a higher data rate, but

require a higher signal-to-noise ratio (SNR) as well. An insufficient SNR

causes errors in the transmission, which reduces the data rate as parts

of the data need to be retransmitted. Although the required SNRs are

relatively modest at below 30dB [8], the noise performance of the re-

ceiver becomes a limiting factor when the channel power is low. The LTE
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specifications [7] define a reference sensitivity power level P sens, which

enables us to define the requirements for the receiver noise performance.

P sens is the channel power at the antenna, which should still enable 95%

of the maximum data throughput. For the chosen fbw, P sens varies from

−90dBm to −94dBm between different bands when QPSK modulation is

utilized. To achieve 95% of the maximum throughput, the bit error rate

(BER) needs to be lower than 5%, which in case of the QPSK requires a

minimum SNR of SNRmin = 5dB.

The receiver noise performance is evaluated using noise figure NFRX,

which is defined as

NFRX = SNRin − SNRout, (2.1)

where SNRin and SNRout is the SNR at the input and output, respectively.

P sens and the required SNR can be used to calculate the required receiver

noise figure. The integrated thermal noise PT inside the fbw in dBm is

PT = 10log10 (kBTfbw) + 30, (2.2)

where kB is the Boltzmann’s constant and T is the temperature in Kelvins.

When T = 300K and fbw = 10MHz the PT ≈ −104dBm. The maximum
NFRX in dB can be then calculated

NFRX = P sens − SNRmin − PT, (2.3)

which results in NFRX = 5dB for P sens = −94dBm. The integrated in-band

noise floor in the input of the receiver is thus −99dBm.

11



Background of the direct delta-sigma receiver

Each receiver stage contributes to the NFRX. Gain can be applied along

the receiver chain to reduce the noise contribution of the following stages.

The total NFRX referred to the receiver input will then be

NFRX = 10log10

(
F1 +

K∑
i=2

Fi − 1∏i−1
j=1 Gj

)
, (2.4)

where Fk and Gk are the noise factor and power gain of kth stage, respec-

tively, and K is the total number of stages [9]. In general, the receiver

is designed so that the first component in the chain dominates NFRX. As

the pre-filter is a passive device, its loss will directly increase the overall

noise figure, and thus minimizing the pre-filter losses is critical. The com-

bined noise factor of the pre-filter and LNA should be 1 dB to 2 dB less

than the NFRX, while the rest of the stages should contribute well be-

low 1dB. The total amount of required gain is determined by the noisiest

stage, which is typically the ADC. A practical equivalent full scale input

power PFS for the ADC is 0 dBm, while a peak SNR of SNRpeak = 40dB is

sufficient to fulfill the SNR demand for the complex modulation schemes

with a margin. This means that the noise factor of the ADC NFADC is

NFADC = PFS − SNRpeak − PT, (2.5)

which results in NFADC = 64dB. Equation (2.4) can be applied to find the

required receiver gain GRX. Targeting for less than 0.5 dB increase in the

NFRX due to the NFADC if other stages contribute 4 dB results in GRX ≈
70dB.

Linearity considerations

The blockers make things more complicated. Fig. 2.4 shows the maximum

blocker power with different frequency offsets to the channel. A maximum

gain of GRX needs to be applied inside the BB bandwidth fbw to ensure

sufficient sensitivity. However, applying the same gain for the blockers

would saturate the receiver, making the reception impossible. Thus, the

gain needs to be accompanied by filtering, so that blockers will not 1)

exceed the linear power limit at any receiver stage 2) alias in the ADC.

The blockers are divided to in-band blockers (IBBs), which located at less

than 15MHz offset from the channel, and out-of-band blockers (OBBs),

located at more than 15MHz offset from the channel. The IBBs have

lower power, but are more difficult to filter due to their close proximity to
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the channel. OBBs can be much stronger, but give more flexibility in the

filter design since they are located at a larger offset from the channel. The

required filter order depends on the linearity of the receiver stages.

The linearity of the receiver is commonly evaluated using metrics such

as −1dB compression point (P-1dB), second order intercept point (IIP2),

and third order intercept point (IIP3) [6]. From the system design per-

spective the most used linearity metric is the IIP3, since it describes the

third order nonlinearity, which dominates in differential circuits. The

IIP3 is commonly evaluated using a two-tone test, where two tones with

equal power P in are fed to the input. The frequencies are selected so that

the third order intermodulation product 2f 1 - f 2 will fall to in-band. The

receiver IIP3 will then be

IIP3RX =
3

2
P in +

1

2
(PIM3 −GIM3) , (2.6)

where PIM3 is the power of the intermodulation product and GIM3 the gain

applied at that frequency. The required IIP3 varies with the frequency,

determined by the maximum input signal power at that frequency. Like

in the case of the noise figure, the IIP3 requirement can be calculated for

each stage using cascaded IIP3 formula

1

IIP3RX
=

1

IIP31
+

K∑
i=2

∏i−1
j=1 Gj
IIP3i

. (2.7)

According to the LTE specifications [7], the maximum in-band input

power is −25dBm. Since the ADC full scale is 0 dBm we cannot apply

the maximum GRX = 70dB. With maximum in-band input power, the

gain has to be limited to 25dB, which means that a gain control of 45 dB

is required in the receiver. The receiver IIP3 can be obtained based on the

gain and the IIP3 of the ADC. In order to have the third-order intermod-

ulation products below the noise floor, the ADC IIP3 needs to be

IIP3ADC = PFS + SNRpeak/2. (2.8)

which results in 20dBm. This means that the receiver IIP3 must be

IIP3RX = IIP3ADC − (PFS − P in,max) = P in,max + SNRpeak/2, (2.9)

where P in,max varies with frequency according to the maximum in-band

and blocker power specifications. For the in-band, the IIP3 requirement
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can be calculated to be −5dBm, while the out-of-band IIP3 is 5 dBm, con-

sidering the −15dBm blocker. The IIP3 requirement for the stages pre-

ceding the ADC are relaxed due to the gain, and can be calculated using

(2.7).

The out-of-band linearity is more challenging to meet in the receiver

due to the applied gain. Since the amount of required gain is defined by

the in-band input power, the receiver needs to be able to operate with

the full gain even in the presence of a −15dBm blocker. The 0dBm full

scale of the ADC means that the maximum gain allowed for the blocker

is 15 dB. This information can be used to calculate the minimum order

for the filter. To simplify, we will assume that each filter stage can handle

signal power up to 0 dBm, and has a typical 1st order filtering response

with cutoff frequency fbw. At least 3 stages are needed to provide GRX

= 70dB gain, while ensuring that no more than 15dB is applied for the

blocker at 85MHz. However, if these considerations are repeated for the

−44dBm IBB at 20MHz, it is found that the required number of stages

is 5. Applying an average of 14 dB of gain in each of the 5 stages fulfils

both GRX and blocker gain requirements. More gain can be applied in the

first stages and less in the later stages to optimize the noise performance

requirements. If the ADC is Nyquist rate, an additional AAF is still re-

quired after the CSF to avoid aliasing of the blockers. 36 dB of filtering

at 20MHz is required to reduce the IBB below the noise floor of the ADC,

translating into a 6th order filter. It should be noted that the considera-

tions for the AAF and CSF order apply for Butterworth filter prototype,

and thus using more aggressive filter prototypes, such as Chebychev or

elliptic, can reduce the filter order by 1 to 2.

The presented design example provided us an idea what are the per-

formance requirements for a receiver and the purpose of different sub-

blocks. Next, we will concentrate on the challenges and non-idealities in

integrated receiver implementations.

2.1.3 Implementation challenges

The implementation challenges of the direct downconversion receiver can

be divided into three categories. 1) integration related challenges, 2)

mixer and local oscillator (LO) related challenges, and 3) process variation
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linearity in the absense of filters. Harmonic rejection mixers are required in
practice to avoid folding from the LO harmonics.

related challenges. The following provides an overview of the challenges

and introduces examples of solutions that have been proposed. More de-

tailed descriptions of the challenges can be found for example in [6].

Integration related challenges

Fig. 2.5a illustrates the integration challenge, where one of the objectives

has been to remove the need for external pre-filters [10, 11]. The pre-

filters are implemented with either surface acoustic wave or bulk acoustic

wave technology [12, 13], which offer superior performance over current

on-chip techniques. However, they are bulky and cannot be tuned to cover

wide frequency ranges, which means that several pre-filters are needed to

successfully operate on different communication standards and frequen-

cies. The removal of the pre-filters requires highly linear receiver archi-

tectures. Towards this end, the most promising approaches are the mixer-

first architecture [14–16], and the N-path filter technique, introduced in

the 60’s [17] and rediscovered in the recent decade [18,19].

The integration is especially challenging in FDD transceivers, where the

transmit and receive bands can reside as close as 40MHz offset from each

other. The transmitter output power can be up to 25dBm in the LTE [7],

and thus insufficient isolation between the transmitter and receiver re-
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sults in self-interference [20]. External filters, such as duplexers or circu-

lators, are currently in use to provide the required isolation. Duplexers

provide up to 60 dB isolation, but are not adjustable. Circulators on the

other hand can be adjusted, but have significantly poorer isolation in the

range of 20 dB to 30dB. Integrated transmitter interference cancellation

schemes have been proposed in both analog [20, 21] and digital [22, 23]

domain, but the complete removal of external components is a challenge

due to the high power levels.

Mixer and LO related challenges

Ideally, the mixer is a multiplier that multiplies the RF input signal with

a sinewave LO with a frequency of fLO. Suppose that the input signal

is also a sinewave, whose frequency is fLO + f in. The products of these

two tones are f in and 2fLO + f in. In a direct downconversion receiver, the

downconverted tone at f in is the desired tone which is then processed by

the BB, while the other tone is filtered by the CSF.

A practical mixer implementation faces several challenges. The limited

isolation of the LO port leads to self mixing, causing a dc component that

can saturate the receiver [6]. Dc offset cancellation techniques [24, 25]

are thus often required. The synthesis of a good quality LO is also criti-

cal, since otherwise high-power blockers can downconvert the phase noise

on top of the desired channel, desensitizing the receiver. LO phase noise

cancellation schemes have been proposed to relax the LO quality require-

ments [26].

Instead of a sinewave LO, square wave or pulse wave LO is often used

in integrated receivers to maximize the conversion gain. The mixers are

no longer operated as true multipliers, but rather as switches, as illus-

trated in Fig. 2.5(b). The effective LO contains harmonics, which cause

undesired downconversion products. This is referred to as harmonic fold-

ing. The folding can be reduced by utilizing harmonic rejection receiver

architectures [26–32], by adding weighted phases to the LO to mimic a

sinewave. Utilizing n phases can reject the LO harmonics up to n - 2.

Increasing the number of phases requires additional parallel paths at the

BB or at the RF, and the amount of harmonic rejection obtained for the

harmonics depends directly on the matching of these paths.
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Figure 2.6. A noise cancelling receiver resilient to large harmonic blockers [32] c©2015
IEEE.

Process variation related challenges

The process variation for resistors and transconductances can be as high

as ±20%. In order to ensure that the desired filtering functions and gains
are realized, digitally controlled resistance and capacitance matrices and

reference currents are often used. If the performance degradation is not

irreversible due to noise or linearity limitations, corrections can also be

made in the DSP. One example such case are the mismatches in gain or

phase between I and Q BB branches [33,34].

Literature highlight: Murphy et al.

A good example of recent research that manages to tackle several of the

direct downconversion receiver challenges is shown in Fig. 2.6 [32]. The

proposed receiver consists of two signal paths, a main path and an aux-

iliary path. The main path is based on the mixer first architecture and

offers high linearity. The auxiliary path is used to cancel the noise in

the input of the main path. In order to implement the harmonic cancel-

lation, the main path utilizes harmonic rejection trans-impedance ampli-

fiers suitable for voltage driven passive mixer, while the auxiliary path

has harmonic rejection arrangement suitable for current driven passive

mixer, consisting of three RF amplifiers with transconductance weighting
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of 12, 17, and 12. The weighting combined with zero and inverse enables

the approximation of sine amplitudes at nth LO phase (
√
2sin(2πn/8) =

[0, 1,
√
2, 1, 0,−1,−√2,−1])with less than 1% error. With these techniques,

the receiver achieves a good out-of-band linearity of 10 dBm and an excel-

lent noise figure of less than 2dB in normal operation mode. The noise

figure is increased to 3 dB in the harmonic rejection mode, which enables

over 50 dB of harmonic rejection for the third and fifth harmonic.

2.2 Delta-sigma analog-to-digital conversion

Another side of the DDSR is the ΔΣ analog-to-digital conversion. Follow-

ing the organization of the previous section, an overview, design consid-

erations, and implementation challenges specific to the DDSR are intro-

duced. Again, this is not meant to be a comprehensive discussion, but is

rather intended to provide the necessary background information for the

reader.

2.2.1 Overview

The ΔΣ ADC is an oversampling system that relies on quantization noise

shaping to achieve high SNR [35–38]. A simplified signal flow diagram of

theΔΣ ADC is shown in Fig. 2.7(a). The internal functions of theΔΣ ADC

can be divided into three distinct parts, the loop-filter (LF), the quantizer,

and the feedback DAC. The loop-filter is a frequency dependent function

that has a high open-loop gain at the frequencies of interest, being either

low-pass or band-pass in nature. The loop-filter is commonly implemented

with feedback or feedforward filter architecture, using discrete time (DT)

switched capacitor techniques or continuous-time (CT) techniques, such

as OTA-RC or gmC [35]. In the DDSR context, we will focus in low-pass

continuous-time implementation. The second part is the quantizer, com-

monly implemented as a low resolution flash ADC, sampled at a much

higher frequency f s than the Nyquist frequency. The third part is the

feedback DAC, which enables the quantization noise shaping by convert-

ing the digital output back to an analog signal and feeding it to the input.

Example waveforms of the input node x, quantizer input node xq, and

the output node y are sketched in Fig. 2.7(b) for a single-bit first-order
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Figure 2.7. (a) the signal flow diagram of the ΔΣ ADC, (b) a sketch of ΔΣ ADC wave-
forms, (c) the output spectrum of a stand-alone quantizer, and (d) the output
spectrum of the ΔΣ ADC.

ΔΣ ADC. The conversion starts by subtracting the previous output value

of the DAC from the input sinewave. The difference is integrated by the

loop-filter, whose output is sampled at a rate of f s by the quantizer. When

the quantizer threshold is crossed, the output changes between 1 or −1.

The resulting output y consists of the input sinewave and quantization

noise, resembling a pulse wave where the pulse width is modulated by

the input.

The output spectrum of a stand-alone quantizer and the ΔΣ ADC are
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sketched in Fig. 2.7(c) and 2.7(d), respectively. The quantizer has a wide

bandwidth of f s/2, but the SNR is limited due to the low resolution. When

the same quantizer is utilized in a ΔΣ ADC, a much higher SNR can be

obtained for a more limited bandwidth fbw as the quantization noise is

shaped from below the noise shaping cutoff frequency fns to the higher

frequencies.

For more in-depth understanding, we will now cover the most important

ΔΣ ADC design considerations with regards to DDSR.

2.2.2 Design considerations

The performance of a ΔΣ ADC is evaluated using common ADC metrics

[39]. Although other metrics can provide additional information about

the operation, the key metric is the signal-to-noise and distortion ratio

(SNDR). The design target is typically to match the SNDR requirement

inside specified in-band bandwidth fbw, while minimizing the costs, such

as power consumption and area. When non-idealities are not considered,

the in-band SNDR depends on the following:

• The ratio of the Nyquist frequency and the in-band bandwidth fs
2fbw

,

also referred to as over sampling ratio (OSR). Doubling the f s improves

the SNDR by 3dB for constant fbw.

• The ratio of the noise shaping cutoff frequency and the in-band band-
width fns

fbw
and the order of noise shaping N . Doubling the fns improves

the SNDR by N times 6 dB.

• The quantizer resolution. Increasing the number of bits B of the quan-

tizer by 1 increases the SNDR by 6dB.

The designer must balance between the quantizer sampling frequency

f s, the quantizer resolution B, the noise shaping order N and the noise

shaping cutoff frequency fns, to optimize the ΔΣ ADC implementation for

given application. The N and B should be minimized when circuit area

is limited. The power consumption, on the other hand, is more dependent

on the f s and fns. In general, the most efficient method of increasing the

in-band SNDR is to increase the order of the loop-filter.
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For the sake of example, we will now design a simple ΔΣ ADC, which

could be used in the direct downconversion receiver from Chapter 2.1.2.

The design equations and tools, such as the ΔΣ toolbox can be found in

[35]. The design of the loop-filter is conventionally performed in discrete-

time, and thus discrete-time to continuous-time conversion is required for

continuous-time implementations [37]. However, we will use a different

approach in here to tie the ΔΣ ADC design to the receiver design.

The required peak SNDR was 40dB in Chapter 2.1.2, which means that

an effective number of bits (ENOB) of

ENOB =
SNDRpeak − 1.76

6.02
, (2.10)

equal to 6.35 is required, translating to a 7-bit ADC. The maximum input

power to the ADC was 0dBm, which is equivalent to a peak voltage of

316mV in a 50Ω system. The peak SNDR is typically achieved when the

input voltage is roughly half of the full scale voltage, and thus we select

V FS = 0.5V. We will use a single-bit quantizer to minimize the required

area. The quantization step can be calculated as

Δ =
V FS

2B − 1
, (2.11)

where B is the number of bits, which in this case results to Δ = V FS.

The absolute level of the quantization noise depends on 1) the stand-

alone quantization noise level of the quantizer and 2) the quantization

noise transfer function (NTF). We will first consider the quantization

noise of the quantizer. The quantization noise is assumed to be white,

which is a valid approximation if the quantizer output changes rapidly

and randomly [35]. The integrated quantization noise power in dBm is

PQ = 10log10

(
Δ2fbw
6f sRS

)
+ 30, (2.12)

where RS = 50Ω is the source impedance. Without oversampling or noise

shaping, the integrated quantization noise power would be −3.8 dBm, and

thus the SNDR would be only 3.8 dB for the 0 dBm input.

Noise shaping and oversampling is needed to reduce the in-band quan-

tization noise power by at least 36.2 dB. Most of the reduction will come

from the noise shaping, defined by the NTF. As the loop-filter is a low-pass

function, the NTF will be a high-pass function, whose corner frequency is

fns. fns and f s are dependent on each other, and in literature only f s is
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Figure 2.8. A single-bit first-order ΔΣ ADC and the extended linear model of the quan-
tizer.

commonly used [35]. However, separating the two in case of continuous-

timeΔΣ ADCs is useful, since the f s/fns ratio defines high-frequency gain

of the NTF. The NTF gain is desired since it defines how well the quan-

tization noise is shaped away from the in-band, while too high gain will

result in instability. A gain of 3 dB is commonly targeted, but higher gains

have also been reported [36,40]. Although several parameters, such as the

feedback delay, quantizer gain, and order of the loop-filter affect the gain,

experience has shown that selecting f s/fns = 4 is a good starting point.

The ratio can be increased for more robust operation if needed.

The quantization noise attenuation in dBs at fbw can be approximated

as

AQ = 10log10

((
fbw
fns

)2N 2fbw
f s

)
, (2.13)

where N is the noise shaping order. We will select N = 1 to minimize

the required area. Using f s/fns = 4 we find that having f s = 640Mhz

(OSR=32) fulfils the required attenuation with AQ = 39dB.

In order to find out the quantization NTF, we need to replace the quan-

tizer and the feedback DAC with their linear models HQ and HDAC. In

literature the linear model for the quantizer consists of quantizer gain GQ

and added white noise as shown in Fig. 2.7a. In our case, the model is

insufficient, and thus we use an extended quantizer model shown in Fig.

2.8 which includes the zero-order hold (ZOH) function and the delay of the

quantizer tq

HQ = GQ
1− e−sts

sts
e−stq . (2.14)

The value of the quantizer gain GQ is dependent on the statistical qual-

ities of the signal. When the input of the quantizer varies between Δ/2

and V FS, the GQ ≈ 1. On the other hand, if the input signal amplitude is

considerably less than Δ/2, GQ > 1, while amplitudes significantly larger
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than V FS lead toGQ < 1. The value of the quantizer gain can be calculated

if the quantizer input and output sequences xq and yq are known

GQ =
1
l

∑l
n=0 (xq(n)yq(n))

1
l

∑l
n=0 (xq(n)

2)
, (2.15)

where l is the length of the (preferably long) sequence [35].

The feedback DAC transfer function HDAC depends on the DAC wave-

form. When non-return-to-zero (NRZ) DAC is used, HDAC results into a

delay

HDAC = e−stdac . (2.16)

The first-order loop-filter is an integrator

HLF =
ωns
s

, (2.17)

where ωns = 2πfns, and thus the unity gain frequency is fns.

Two closed-loop transfer functions can now be defined, the signal trans-

fer function (STF)

STF =
y

x
=

HLFHQ

1 +HLFHQHDAC
, (2.18)

which defines how the input signal is transferred to the output, and the

NTF

NTF =
y

q
=

HQ

1 +HLFHQHDAC
, (2.19)

which defines how the quantization noise shaped by the feedback. The

denominators of both the STF and NTF are equal, and thus and designing

the other will more or less define the other.

Finally, the coefficients a1 and b1 in Fig. 2.8 need to be defined. For

unity dc gain they need to be equal. However, selecting a1 = b1 = 1,

results in desired corner fns only if the quantizer is not present. With the

quantizer, the interaction between the continuous-time pole and the ZOH

will result in peaking and a higher corner frequency than intended. This

can be compensated by selecting a1 = b1 = 0.5, which effectively moves

the continuous-time pole lower. The resulting corner frequency is now

approximately the desired fns, when the effects of delay and quantizer

gain are excluded. This is discussed in more detail in Chapter 4.2.2 and

in [VIII].

Fig. 2.9 shows the simulated output spectrum, STF and NTF of the

designed ΔΣ ADC, when parameters in Table 2.1 are used. The achieved

SNDR is 43dB, which meets the design requirement.
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Figure 2.9. The output spectrum, STF and NTF of the designed ΔΣ ADC.

Table 2.1. Parameter values used in simulation of the designed ΔΣ ADC.

Parameter Value

Input power (P in) [dBm] 0

Input frequency (f in) [MHz] 1.72

Coefficient a1 0.5

Coefficient b1 0.5

Noise shaping corner frequency (fns) [MHz] 160

In-band bandwidth (fbw) [MHz] 10

Sampling frequency (f s) [MHz] 640

Quantizer gain (GQ) [V/V] 1.54

Quantizer delay (tq) [ps] 195

DAC delay (tdac) [ps] 0(1

1) As a simplification, the DAC delay is embedded into the quantizer delay.

2.2.3 Implementation challenges

There are several implementation related challenges that limit the perfor-

mance of the continuous-time ΔΣ ADC. They can be divided to challenges

in the loop-filter and feedback path as shown in Fig. 2.10. In the follow-

ing, an overview of the prominent challenges that apply to the DDSR is

presented, while more details can be found in the literature [35–37].
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Figure 2.10. Challenges in continuous-time ΔΣ ADC implementation.

Loop-filter

The loop-filter non-idealities, such as component inaccuracies and device

noise, are dominated by the first stage. The non-idealites of the follow-

ing stages are increasingly suppressed by the open-loop gain as we move

further in the chain. Having sufficient amount of gain is therefore a key

requirement for theΔΣADC. Common guidelines suggest that the dc gain

of the amplifiers should be equal to the OSR and the unity gain frequency

should be between f s/2 and f s [37].

While continuous-timeΔΣ ADCs benefit from an inherent AAF, the typ-

ically high fns/fbw ratio allows only limited filtering for inputs between

fbw and fns. In addition to saturating the ADC, the non-linearity caused

by a high-power out-of-band blocker can result in the folding of high-

frequency quantization noise to in-band, degrading the SNDR [41]. A

number of publications report continuous-time ΔΣ ADCs with embedded

low-pass filter that is used to improve the blocker resilience [42–49].

Although the ΔΣ ADCs do not have similar integration challenges as

the receivers, the implementation as a part of SoC benefits from small

area, scalability, and low supply voltage compatibility. Towards this end,

inverter based, time based, or partly passive loop-filter architectures have

been emerging [50–56].

Feedback path

The feedback path has four significant non-idealities that are related to

the quantizer and DAC: the excess-loop delay, sampling clock jitter, quan-

tizer metastability, and quantizer/DAC nonlinearity. The excess-loop de-
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lay is the delay from the input of the quantizer to the output of the feed-

back DAC, caused by the non-zero switching time of the transistors. An

excess-loop delay of up to 20 − 30% of the sampling period can usually

be tolerated, while larger delays can lead to increased in-band noise and

instability. An excess loop delay up to one sampling period can be com-

pensated completely using additional hardware, such as a direct feedback

to the quantizer, while partial compensation has been demonstrated for

longer delays [57–60].

The sampling clock jitter is caused by timing variations of the clock

edges. The jitter manifests itself as an increased noise floor, and thus

the importance of a good quality clock source is emphasized when target-

ing a high SNDR [61]. The jitter noise increases with the quantization

step, and thus having a multi-bit quantizer and DAC is less susceptible

to clock jitter than a single-bit implementation. However, the multi-bit

operation brings additional challenges, such as the nonlinearity caused

by the mismatches, which need to be addressed with techniques such as

dynamic element matching or data weighted averaging [62–65]. In order

to gain the benefits of both single and multi-bit quantizers, finite impulse

response (FIR) feedback DACs have become increasingly popular [66–72].

The performance degradation due to jitter has also been tied to the high-

frequency gain of the NTF [40]. Thus, while 3 dB gain is usually targeted

for the NTF, highly sensitive designs can actually benefit from a lower

gain.

The quantizer metastability arises from the limited gain of the compara-

tors utilized in the quantizer [61]. A weak input signal can result in incor-

rect or undefined state. For minimal performance degradation, the com-

parator should be able to make a correct decision for input signals larger

thanΔ/25. Latch based comparators are often favored as they incorporate

a positive feedback that provides practically unlimited gain given enough

time, and have minimal static power consumption. A pre-amplifier may

still be required to avoid kickback noise from the switching [73,74]

Literature highlight: Ankesh et al.

One of the more significant advances in continuous-time ΔΣ ADCs is the

use of FIR feedback. Fig. 2.11 shows an example of recently publishedΔΣ

ADC, which uses a time-interleaved feedback path with single-bit quan-
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Figure 2.11. Simplified single-ended schematic of a continuous-time ΔΣ modulator with
time-interleaved FIR feedback [72] c©2017 IEEE.

tizers and FIR feedback DACs [72]. The single-bit time-interleaved quan-

tization enables a high sampling frequency, which has become important

due to the increasing bandwidths in future cellular standards, such as

the 5G. The 3-tap FIR feedback enables jitter resilience equivalent to 2-

bit quantizer, while the mismatches between the resistors are translated

to distortion in frequency response rather than amplitude, corresponding

to multibit DAC with data weighted averaging. The FIR feedback is only

utilized in the first feedback, as it dominates the performance over the

other stages. The challenge in using the FIR feedback is the added delay,

which can result in instability if not taken into account in the loop-filter

design.
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3. RF-to-digital converters

RF-to-digital converters are an intriguing approach to realize a cognitive

SDR. Having an immediate analog-to-digital conversion after the antenna

shifts the bulk of the signal processing to digital domain, which enables

superior scalability and programmability over analog implementations.

This chapter presents a performance overview of RF-to-digital converters

to show how the current implementations would fare in receiver appli-

cations, and what are the benefits that the DDSR offers over them. Af-

ter the overview we concentrate on the DDSR, explaining its operation

and implementation challenges. The key benefits and possibilities over a

conventional direct downconversion receiver followed by a ΔΣ ADC are

discussed.

3.1 Performance targets

In the simplest case, the RF-to-digital converter is an ADC, whose band-

width extends to RF. However, this requires a conversion bandwidth of

several GHz, which in combination with the high dynamic range needed

to fulfil both the high sensitivity and linearity requirements, amounts to a

high power consumption. Consider the receiver design example presented

in Chapter 2.1.2. In order to convert all of the bands, the input frequency

range should be from 700MHz to 6000MHz. The required dynamic range

for the used 10MHz channel can be calculated from the targeted noise

floor of −99dBm and the maximum input powers, which were −25dBm for

in-band, −15dBm for out-of-band. Furthermore, the transmitter leakage

can be as high as 25dBm in case of FDD. Thus, the target performance

for a battery powered mobile device would be
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• Bandwidth of over 5Ghz.

• Dynamic range up to 124dB.

• Power consumption less than 50mW.

In order to evaluate how practical these specification are, an overview

the performance of recent ADCs capable of converting RF inputs is pre-

sented in the following. It should be noted that as most of the GHz ADCs

have not been designed to be used as an receiver, their noise figure is

high and their input is not matched to a practical antenna impedance. A

preamplifier is typically required to address these shortcomings, which

will result in reduced instantaneous dynamic range. As the reported

ADCs are often missing parameters that would enable an accurate es-

timation of the sensitivity, this overview should be considered as an illus-

tration of general trends rather than an exact reference.

3.1.1 ADCs with GHz bandwidth

Regardless of whether the ADC is based on flash, ΔΣ, or successive

approximation register (SAR) [73], pipelining (PL) or time-interleaving

(TI) is practically required to enable reasonable dynamic range with

GHz bandwidth [75]. The operation principles are illustrated in Fig.

3.1. In a pipeline ADC, the analog-to-digital conversion is done in steps

using high-speed low-resolution sub-ADCs. The difference between the

input and the conversion result of a sub-ADC is passed to the next and

thus the accuracy of the overall result is improved. On the other hand,

in a time-interleaved ADC, the sub-ADCs are used in parallel. The

overall bandwidth is extended without increasing the sampling rate of

the sub-ADCs. While the demonstrated instantaneous dynamic ranges of

GHz ADCs are formidable at over 80dB when normalized to the 10MHz

bandwidth, they are still not sufficient, lacking especially in sensitivity

with approximated noise figures from 25dB to 60dB. Furthermore, the

implementations that approach the performance targets, do it at a cost of

over 1W power consumption [76–85].

Even as the resolution of the ADCs is constantly improving, it is unlikely

that an ADC capable of converting the entire frequency range at once
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Figure 3.1. Pipelining or time interleaving is used in most GHz ADCs.

with sufficient dynamic range would be realized in the near future [86].

However, considering that the channel bandwidth for a given radio com-

munication standard is a fraction of the target frequency range, a more

economic approach can be taken. The high instantaneous dynamic range

requirement comes from the necessity to cope with the blocker signals. If

the blockers can be filtered by the ADC, the instantaneous dynamic range

requirement is greatly relaxed from over 120dB to roughly 40dB to 60dB,

depending on the used modulation and filter selectivity. However, in this

case the dynamic range requirement alone is not enough to guarantee

that the ADC is suitable for receiver applications. The sensitivity needs

to be considered also.

3.1.2 Band-pass ADCs

A band-pass continuous-time ΔΣ ADC, shown in Fig. 3.2, is a viable

RF-to-digital converter that could be used in receiver applications. The

band-pass ΔΣ ADC has a band-pass STF, while the NTF is a band-reject

function. Both are centered between the dc and sampling frequency. The

reported band-pass ΔΣ ADC center frequencies extend up to a few GHz,

exhibiting dynamic ranges up to 73 dB and power consumption between

40mW to 1600mW [87–92]. Although most of the mentioned implemen-

tations fulfill the required dynamic range and are able to operate even in

the presence of blockers, none of them demonstrate the high sensitivity

required to receive the weakest signals. The estimated noise figure of the

31



RF-to-digital converters

DAC

vin gm1

L1C1

idac1

gm2

L2C2

idac2

x y

Band-pass  ADC

-100

0

-40 

-80

-60

-20 

0 0.5

Quantization
noise

Normalized frequency [f / fs]

Desired
channel

Thermal noise

Filter
response

Figure 3.2. Band-pass ΔΣ ADC.

reported designs is between 20dB to 40dB, which means that additional

amplification and filtering in front of the ADC is required.

The band-pass ΔΣ ADCs have also several disadvantages if the goal is

to utilize them in cognitive SDRs. The most significant disadvantage is

that most of the implementations rely on bulky passive components to

implement the required filtering. The use of on-chip inductors leads to

large layout area, and even more importantly, it makes achieving wide

center frequency range challenging. The inductors have also a relatively

poor quality factor which is a limiting factor for the performance. Off-chip

inductors can be utilized, but it is in contradiction with the integration

goal. The inductors can also be replaced with active implementations, but

this results in higher noise [93]. Another disadvantage of the band-pass

ΔΣ ADCs is the required bandwidth of the active components. The ampli-

fiers need to provide sufficient gain at the center frequency, and the since

the sampling frequency is higher than the center frequency, the quantizer

needs to operate at several GHz frequencies. This severely limits the min-

imum achievable power consumption.

Literature highlight: Shibata et al.

An example of a state-of-the art band-pass ΔΣ ADC is shown in Fig.

3.3 [91]. The loop-filter consists of three alternative paths implemented

with a mix of active RC and passive LC resonators. The three paths di-

vide the input frequency range from dc to 1GHz into three parts, enabling
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Figure 3.3. A DC-to-1 GHz tunable RF ΔΣ ADC [91] c©2012 IEEE.

optimized performance. An instantaneous dynamic range from 64dB to

86dB is achieved with bandwidths from 35MHz to 150MHz. An LNA

with adjustable gain allows varying full-scale and enables an estimated

noise figure from 10dB to 20dB. However, the drawbacks are typical to

band-pass ΔΣ ADCs; external inductors are used to obtain a high quality

factor, the RF input frequency range is limited to 1GHz even with three

parallel loop-filter implementations, and the power consumption is rela-

tively high from 550mW to 750mW.

3.1.3 Downconverting ADCs

In order to avoid inductors and to further reduce the power consumption,

the desired frequency range can be downconverted to a lower frequency

by embedding a mixer to the ADC. The direct ΔΣ receiver (DDSR), shown

in Fig. 3.4, does exactly this by combining the direct downconversion re-

ceiver and ΔΣ ADC. Although a broader definition is possible, in this the-

sis the term DDSR is defined as a ΔΣ ADC which contains one or more
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DAC

RF BB

LF

Direct  receiver

Figure 3.4. The direct delta-sigma receiver has one or more frequency-translating nodes
inside the ΔΣ loop-filter.

frequency translations inside the loop-filter. Unlike in the band-pass ΔΣ

ADC, the center frequency of the DDSR is easily adjusted with the LO

frequency. Additional power savings can also be obtained, as the signal

content is shifted to lower frequencies at an early stage in the chain, re-

ducing the bandwidth requirement of the amplifiers.

In this thesis the focus is especially on continuous-time DDSRs [3, 94].

However, implementations that can be viewed as discrete-time DDSRs

have also been reported [95,96]. The center frequencies vary from 0.4GHz

to 4GHz and the bandwidths from 4MHz to 40MHz with power consump-

tions below 100mW. The continuous-time DDSRs have demonstrated a

low NF from 2.4 dB to 6.2 dB and moderate SNDR from 45dB to 58dB.

The discrete-time DDSRs have a higher noise figure from 16dB to 42dB,

while the SNDR is higher from 52dB to 68dB.

3.1.4 Summary

Table 3.1 summarizes the performance of the ADCs discussed above.

Three observations can be made: 1) Converting the entire RF frequency

range at once is not economic as it leads to extremely high dynamic

range requirement, which in turn has a negative impact on the power

consumption. 2) Converting only a part of the frequency range directly

from the RF has limited power savings, and requires resonators with

high selectivity and widely adjustable center frequency, which are diffi-

cult to realize on-chip. 3) Traditional ADC design methods lead to low

sensitivity. Ideally, the RF-to-digital converter should:

• Convert only the necessary bandwidth using embedded filter to mini-
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mize the required dynamic range and power consumption.

• Incorporate an adjustable frequency downconversion at an early stage
to minimize power consumption.

• Avoid inductors to minimize the area and maximize versatility.

• Be designed from the receiver perspective to ensure high sensitivity.

From all of the discussed ADC RF-to-digital converter architectures, the

DDSRs are the most promising candidates for cognitive SDR applications

due to their wide center frequency range and achievable efficiency.
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Figure 3.5. A single-ended circuit schematic of a third-order DDSR.

3.2 Direct ΔΣ receiver

To provide amore in-depth understanding, we will consider a single-ended

schematic of a third-order DDSR, shown in Fig. 3.5. This example is a

simplified version of the DDSR published in [3].

The first stage of the DDSR is formed by the LNA, passive mixers m1,

capacitors C1 and current output digital-to-analog converters (IDACs) i1.

The mixers are driven with 25% non-overlapping duty-cycle LO, forming

an N-path filter with the capacitors. The baseband side of the mixer has a

low-pass impedance, while a band-pass impedance is observed around LO

frequency at the output of the LNA. The RF input voltage vi is converted

into current by the LNA transconductance gm1, downconverted, and inte-

grated by the I and Q branch capacitors. The same capacitors integrate

the feedback currents i1, and the effective voltage response is combined to

the output of the LNA due to the transparent nature of the passive mixer.

Thus, the first stage can be viewed as a frequency translating gmC inte-

grator, where inputs are located at baseband or RF, while the output is at

RF.

The second stage is formed by a super source follower (SSF), passive

mixers m2, capacitors Cm2 and C2, and operational transconductance am-
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plifiers (OTAs). The SSF is used to convert the RF voltage in the output

of the LNA to current, and drive it to the virtual ground of the OTA. The

current is downconverted by the mixers, and integrated by the capacitor

C2, which dominates over Cm due to the Miller effect [73]. The function

of capacitors Cm is to provide additional filtering for the high-frequency

signals. In the same manner as in the first stage, the responses of the

SSF output and the baseband side of the mixer are tied. However, due

to the virtual ground, the selectivity and gain is actually realized only at

the output of the OTA. One input is located at RF, while both I and Q

branches have their own inputs and outputs at the baseband. Thus, this

stage can be viewed as a frequency-translating gm-OTA-C integrator.

The third stage is a conventional OTA-RC integrator, which is followed

by a low-resolution quantizer, or a plain comparator in the simplest case.

The digital outputs of both I and Q branches are fed back to the inputs

of each stage, enabling quantization noise shaping. It is straightforward

to identify the components that define the filter coefficients in each stage.

In the first stage the input coefficient is formed by the gm1 and C1, while

the feedback coefficient is formed by the feedback current i1 and C1. In

the second stage the situation is similar, the input coefficient is depen-

dent on gm2 and C2 while the feedback coefficient is dependent on i2 and

C2. However, the low output impedance of the LNA and the mixer non-

idealities affect on these coefficients, so that they are not directly following

ω = gm/C.

3.2.1 Implementation challenges

The main drawback of the DDSR is the added design complexity due to

hybrid nature. The designer needs to consider the system from both re-

ceiver and ADC perspectives to ensure a successful implementation. Fur-

thermore, the presence of both mixing and sampling in the same system

results in drastically prolonged simulation times compared to individual

cases. For example, with computing power that was available in the uni-

versity, it took days to evaluate even the simplest transistor-level imple-

mentation with sufficient accuracy. Post-layout verification of the entire

system was practically out of the question, as the simulation time ex-

tended to several weeks or months. Thus, the bulk of the design work
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Figure 3.6. Frequency translating integrator and its in-band challenges.

should be done using analytical models, while the transistor and post-

layout verification should be performed for a limited part of the system at

a time.

One of the critical parts of the DDSR is the frequency translating inte-

grator. It presents several challenges that need to be accounted for in

the design. The challenges can be divided into in-band and harmonic

non-idealities, based on their relation to LO. Equivalent circuit for the

frequency translating gmC integrator is shown in Fig. 3.6, along with in-

band non-idealities that include limited gain, asymmetry and offset, and

limited out of band attenuation.

Limited gain

Ideally, a frequency-translating integrator would have infinite open-loop

gain at the LO frequency for the RF response and at dc for the baseband

(BB) response. However, the RF and BB side impedances are practically

connected in parallel. As the LNA output impedance is typically rela-
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tively low from 100Ω to 1000Ω, the gain is not as high as with conven-

tional baseband integrators. One potential solution to this challenge is

investigated in our narrowband DDSR prototype presented in Chapter

5.2, where we used a negative conductance circuit to increase the effec-

tive output impedance.

Asymmetry and offset

The RF response should be symmetric with respect to the LO, and both

sides should have 20 dB/decade slope. This would require the RF node to

be completely resistive, which is not the case in a practical circuit. The

unavoidable parasitic capacitance shifts the center frequency away from

the LO frequency, and causes an asymmetric response. The severity of

the effect is determined by the amount of parasitic capacitance and the

used LO frequency. A higher LO frequency results in a larger offset. In

our wideband DDSR prototype presented in Chapter 5.1, we used complex

cross-feeds between I and Q to compensate the offset.

Limited out-of-band attenuation

When considering the N-path filter from the RF side, the mixer switches

will be in series with the integrating capacitance. The switch resistance

will set the maximum attenuation of the band-pass response. This leads

to a tradeoff between selectivity and power consumption of the LO drivers.

Minimizing the switch resistance results in better selectivity, but on the

other hand requires physically larger devices which adds to the parasitic

capacitance. The analytical models presented in Chapter 4.2.4 can be

used to calculate the required switch resistance for desired attenuation.

Harmonic response

As discussed in Chapter 2.1.3, the passive mixer is typically driven with

a square or pulse wave LO, which contains harmonics. While the use of

differential circuit structures avoids the even harmonics, the odd harmon-

ics result in unwanted peaks in the response, as shown in Fig. 3.7. The

impedance at the RF node can therefore be considered to be harmonic.

This can cause challenges in wideband implementations, since a blocker

located at the LO harmonic can saturate the LNA output. While a har-

monic rejection mixer can be used to avoid this issue, the conversion gain

and harmonic impedance loading need to be accounted for when designing
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the loop-filter coefficients. For a conventional 25% duty cycle LO this can

be achieved with the analytical frequency-translating integrator models

presented in Chapter 4.2.4.

Harmonic folding

Although not as strong as the fundamental, the harmonic components of

the LO will cause undesired downconversion products. Any input signal

present near the odd harmonics of the LO will be downconverted on top

of the desired channel. The unwanted products are difficult to separate

from the desired signals, and can also saturate the receiver. If the signals

cannot be filtered out before the downconversion, a harmonic rejection

mixer should be utilized. This was addressed by designing a harmonic

rejection DDSR prototype presented in Chapter 5.4.

Quantization noise folding

So far the discussed non-idealities are common in any direct downcon-

version receiver. An additional challenge presented by the DDSR is the

folding of quantization noise [3], illustrated in Fig. 3.8. The shaped quan-

tization noise has a repeating spectrum due to the zero-order hold func-
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tionality. The quantization noise has local minimums at dc and at integer

multiples of the sampling frequency f s, while maximums are located at

n/2f s, where n is an odd integer. When the output is fed back to nodes

containing a mixer, the quantization noise gets upconverted by the LO

fundamental and odd harmonics. If the fLO/f s ratio is m/2, where m

is integer, as in the middle of Fig. 3.8, the mixing products are aligned

so that the quantization noise minimums are at the desired frequencies.

However, as shown in the bottom part of Fig. 3.8, other ratios can lead

to increase of quantization noise at the desired frequencies, which can

desensitize the receiver. The worst case is when fLO/f s = n/4, where

n is an odd integer. The bandwidth of the frequency translating stages
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is essential in determining the severity of the effect, as the integration

capacitance will attenuate the high frequency quantization noise. The

DDSR prototype in [3] addressed this issue by using a FIR filter to pro-

vide additional filtering at the LO frequency. Another possibility to avoid

this issue is to tie the fLO to f s, as we have done in the wideband gmC

prototype presented in Chapter 5.3.

3.2.2 Benefits over conventional receiver

There is no denying that regardless of its challenges, the DDSR shows

clear benefits over the other RF-to-digital converters. However, the close

resemblance between the DDSR and a conventional direct downconver-

sion receiver followed by a ΔΣ ADC gives rise to a question: What is the

benefit? The answer is actually quite straightforward. Any filter stage

preceding theΔΣ ADC that is based on feedback (as is typical) is not used

to its full potential. Including the filter in the ΔΣ loop by moving the

source of the feedback after the quantizer allows the same functionality,

but with the benefit of additional quantization noise shaping. By taking

an advantage of this, the total number of stages can be minimized.

The DDSR also enables advanced digital enhancements that take ad-
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vantage of the first feedback. The feedback is upconverted to the output

of the LNA, which is the first node where gain is applied. The frequency

characteristics of this node can be altered by using a digital filter in the

feedback path. One example is shown in Fig. 3.9, where adjustable dig-

ital peaking filter is used to form blocker filtering notches at the LNA

output [97]. A similar approach has been demonstrated for conventional

BB ΔΣ ADCs [98]. Fig. 3.9 presents also a concept to cancel transmitter

leakage in FDD radio systems. The leaked transmitter signal can be can-

celled in the LNA output by utilizing the first feedback DAC. For proper

cancellation, the amplitude and phase of the feedback should be matched

to the leaked signal, which is can be done with the required precision in

the DSP.

3.3 Summary

This chapter presented a performance overview of RF-to-digital convert-

ers, and provided a detailed description of the DDSR. A RF-to-digital con-

verter would optimally convert entire RF range to shift the signal process-

ing to the digital domain, to take advantage of the programmability and

scalability. However, the resulting bandwidth and dynamic range require-

ments are unpractical and lead to high power consumption, which limits

the usability of such system in battery powered devices. Narrowband so-

lutions can be used to reduce the dynamic range requirement, and when

combined with frequency downconversion, wide center frequency range

and high efficiency can be achieved. The DDSR architecture contains all

of these elements, and is thus a promising candidate for cognitive SDR.

Due to the hybrid nature of the DDSR as part receiver and part ADC,

a new design perspective is necessary to formulate design methods and

models, which ensure a successful circuit implementation.
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4. Design of the direct delta-sigma
receiver

While studying the DDSR, it gradually became obvious that the tradi-

tional design approaches would not result in optimal performance. The

design work cannot anymore be divided into receiver front-end and ADC,

as is traditionally done. The complexity of the system forced me to look at

the DDSR from different perspectives, carefully selecting their key points

and forming a new, unified perspective. This chapter builds to that per-

spective, presenting the design considerations for the DDSR. After a short

discussion, we will begin with the system level aspects and then move to-

wards detailed implementation considerations. The material presented

here is based on the findings reported in the publications I, II, IV, VI, VII,

and VIII, where the reader can find more information.

4.1 System design

As was discussed in the Chapter 2.2.2, the design of a conventional ΔΣ

ADC aims to match a target SNDR within the specified bandwidth. The

over-sampling ratio, order of the loop-filter and number of quantizer bits

are optimized based on the application. The full scale voltage is conven-

tionally selected close to the supply voltage and a unity gain STF is used

to maximize the input voltage range. This design practice will inevitably

lead to a high noise figure, since the equivalent feedback transconduc-

tance needs to be equal to the input transconductance. This means that

both the input and feedback device are directly contributing to the input

referred noise. Thus, as we have argued in VIII, the traditional ΔΣ ADC

design methods will not result in optimal receiver performance.

Using the conventional receiver design approaches is not optimal either
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[VIII]. The feedback effects need to be included in the traditional cascaded

noise and linearity calculations, discussed in Chapter 2.1.2. The fre-

quency characteristics and open-loop gain of each stage affects to how the

closed-loop gain should be partitioned between the stages. The role of the

LNA is shifted from a wideband low-noise amplifier to low noise voltage to

current converter [IV]. A high transconductance is required to minimize

the noise, while the output impedance is ideally infinite. Since the overall

gain is set by the feedback, the open-loop cutoff frequency is no longer im-

portant. It is enough that the open-loop gain is sufficient throughout the

receiver frequency range. Furthermore, if the input matching relies on a

local feedback in the LNA, the closed-loop response must be considered

when designing the matching. This emphasizes importance of designing

the DDSR as a whole, rather than as a set of sub-blocks.

In order to redefine the design approach, we will consider the goals in a

more general level. In the end, if we are not operating at the speed limits

of the transistor, only two parameters determine the performance of the

DDSR: the noise and linearity.

4.1.1 Noise-linearity tradeoff

The first task when designing a DDSR is to define the requirements for

noise and linearity with respect to baseband bandwidth fbw, as was done

in Chapter 2.1.2. There the modulation scheme and reference sensitiv-

ity enabled us to define a maximum for the receiver in-band noise figure

NFRX. The nonlinearity on the other hand was dominated by the 3rd or-

der distortion in differential circuits, and so the IIP3 was used as a design

metric for the linearity. The performance requirements for each functional

block could then be calculated using cascaded noise figure and IIP3 formu-

las. These approaches work well when the receiver chain can be clearly

divided into separate functional blocks, whose performance parameters,

such as the gain, are not dependent on the other blocks.

However, each stage in the DDSR is connected trough the global ΔΣ

feedback, which defines the gain. Approaches that are better suited for

the DDSR can enable a more straightforward design flow. Instead of defin-

ing an IIP3 target for both the in-band and out-of-band, in VIII we have

specified a maximum power Pmax, which still keeps the third-order distor-
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tion component below the noise floor when unity gain is assumed. Pmax

is especially useful when designing the filtering responses, as will become

evident later in this chapter.

The receiver noise figure NFRX and Pmax define the lower and upper

limit for any input signal for the DDSR, respectively. These limits are

affected by the total closed-loop gain of the receiver GRX. Each stage in

the DDSR is an integrator with ideally infinite open-loop dc gain, while

the closed-loop gain is set by the corresponding feedback. Having a high

open-loop gain is beneficial, while closed-loop gain will directly limit the

input range. Thus, the amount of closed-loop gain should be carefully

considered. If a closed-loop gain GRX is applied in the receiver, the peak

signal-to-noise and distortion ratio SNDRpeak is

SNDRpeak = Pmax − |GRX| − (10log10(kBTfbw) + 30 +NFRX), (4.1)

where the thermal noise is considered in dBm for convenience, kB is the

Boltzmann constant and T is the temperature in Kelvins. It is evident

that having GRX = 0 ideally leads to highest peak SNDR. However, re-

alizing a low noise figure, and subsequently achieving the peak SNDR

becomes problematic as both the input and the feedback device have a

significant contribution to the input referred noise. This problem can be

circumvented by applying closed-loop gain, since it allows the feedback to

be reduced, which in turn reduces the noise of the feedback device [VIII].

4.1.2 Gain partitioning

Any closed-loop gain applied in the receiver should be frequency depen-

dent to maximize blocker resilience. Ideally, we would like to apply gain

only for the in-band, while the out-of-band signals should be removed.

However, this is not possible in practice due to the limited filter roll-off.

Furthermore, it is not enough to consider the response from the receiver

input to output alone. Distortion can occur at any internal voltage node,

and thus the response from input to every node should be considered. Typ-

ically, each node adds one order to the overall filter response, and thus

there is a limit how much gain can be applied in a single stage. This

is where Pmax becomes useful. Based on the specified maximum blocker

power P blocker,max and Pmax, the maximum gain for the blocker frequency

Gblocker,max can be obtained.
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Figure 4.1. Gain partitioning example. Amplifier linearity (Pmax) limits how much gain
can be applied for the blocker (Gblocker,max). As the filter responses have limited
roll-off, also the amount of in-band gain is restricted.

For example, consider Fig. 4.1, which illustrates one alternative for de-

signing the first two stages of a DDSR [VIII]. The gain responses from in-

put to the first stage and second stage outputs are marked with G1(f ) and

G2(f ), respectively. The functions N1(f ) and N2(f ) define how the input

noise sources of the corresponding stages are seen at the output of the re-

ceiver when normalized with the in-band gain. In this case fbw = 10MHz,

Pmax = −20 dBm, and P blocker,max = −15 dBm at 100MHz offset, resulting

in Gblocker,max = −5 dB. The first order response limits the maximum in-

band gain in the first stage G1(f ) to 15 dB, while 20 dBmore can be applied

in the second stage G2(f ), resulting in total gain of 35 dB. Thus, while the

maximum blocker power at input is Pmax − Gblocker,max = −15 dBm, the
allowed in-band power is −20 dBm− 35 dB = −55 dBm. Depending on the
specifications, it is likely that a wide gain control range is required.

Again, it is evident that minimizing GRX is beneficial because it reduces

the required gain control range. In order to find out how much gain is

sufficient, we must consider how the noise in different stages in the DDSR

affects to the noise performance. As N1(f ) suggests, any noise source at

the input of the first stage will directly contribute to the receiver noise

figure. Noise sources at the input of the second stage will be attenuated

by the gain of the first stage, as can be observed from N2(f ). Additionally,

the in-band noise is shaped by the first feedback, causing a downwards

slope towards direct current (DC). Note that the noise of the first feedback

device itself is not shaped, thus forcing us to apply gain. In VIII it was
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Figure 4.2. The STF, NTF, and output spectrum of a single high-order loop-filter archi-
tecture with NTF optimization zeroes.

found out that a relatively low GRX of 15 dB to 20dB applied in a single

stage can be sufficient.

4.1.3 Loop-filter architecture

While a single stage with moderate gain can be enough to limit the sig-

nificant noise contributors to the first voltage to current converter, more

stages are required to attenuate the in-band quantization noise to a frac-

tion of the thermal noise. The total amount of required attenuation de-

pends on the quantization noise power PQ, which was introduced in Chap-

ter 2.2.2. PQ is set by 1) the full scale voltage V FS, 2) number of quantizer

bits B, and 3) sampling frequency f s. The full scale voltage should be

selected by considering Pmax and the equivalent voltage in 50Ω system,

and adding a 6dB margin. Selecting the number of quantizer bits and the

sampling rate is not so straightforward. As discussed in Chapter 2.2.2,

they need to be optimized based on the application, since they affect on

the resulting power consumption, circuit area, and sensitivity to sampling

clock jitter. In our DDSR designs [III,V,VI,VIII], we have used a relatively

high OSR > 40 and quantizer bits 3 and 1.5.

The need to provide filtering in the STF supports the selection of feed-

back architecture for the loop-filter. The tied nature of the STF and NTF

poles leads to two different design approaches for the loop-filter. We can

either 1) design a single N -order filter with corner frequency fns that is

2 to 3 times fbw, or alternatively, 2) split the loop-filter into low and high
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Figure 4.3. The STF, NTF, and the input and output spectra of a split loop-filter archi-
tecture.

frequency parts, one M -order filter with corner frequency fbw and one

N -order filter with corner frequency fns, where fns � fbw. Fig. 4.2 il-

lustrates the first alternative, used in III, V, and VI, where the target

fbw = 7.5MHz. The idea is to balance between channel filtering and noise

shaping. The corner frequencies for the STF and NTF are practically the

same due to the shared poles, and thus a fourth-order filter with NTF opti-

mization zeroes is required to enable sufficient attenuation for the quanti-

zation noise, while still providing filtering for the blockers. The challenge

with this alternative is that fns is always higher than fbw, which means

that near-band blockers are not filtered, increasing the required instanta-

neous dynamic range.

Fig. 4.3 illustrates the split loop-filter alternative [VIII]. This approach

takes advantage of high fns/fbw ratio, which enables the design of two

separate filters inside the same feedback loop. In this case, the low-

frequency part applies the required gain and near-band filtering with a

single stage, while the high-frequency part has two stages to shape the

quantization noise. Although both filters have their own primary purpose,

they still contribute to other tasks. For example, the low-frequency part

will shape the in-band noise, while the high-frequency part participates

in filtering of the far-away blockers.

Regardless of which approach is chosen, we can calculate the required

orderN by separating the quantization noise from the other noise sources,
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and matching the output noise densities at f bw

N =

logn

(
Δ2

6fskBTGRXFDEV

)

2logn

(
fns
fbw

) , (4.2)

where FDEV is the noise factor of the receiver excluding the quantization

noise [VI]. Assuming that the open-loop gain of each stage is sufficient,

the contribution of quantization noise to NFRX is

NFQN < 10log10

(
2(M +N) + 2

2(M +N) + 1

)
. (4.3)

4.2 Loop-filter design

Once the loop-filter architecture and order have been selected, we can pro-

ceed with more detailed design. In order to effectively combine both the

receiver and ΔΣ ADC design, my approach is to design the loop-filter in

continuous-time domain, and then take the sample-and-hold functional-

ity of the quantizer into account separately. In this section, we will first

consider the choices for the loop-filter prototype and coefficients, and then

discuss about the quantizer effects. The nonidealities can be taken into

account in continuous-time behavioral models of the integration stages,

which enables us to find specific component values for the implementa-

tion.

4.2.1 Coefficients

In conventional ΔΣ ADCs, the loop-filter coefficients are traditionally

solved by designing the high-pass NTF and targeting for 3 dB gain. Well-

known filter prototypes such as Butterworth, Chebyshev I and II, and

elliptic can be utilized. In DDSR, the STF is as, or even more important

than the NTF. Thus, we have opted to design the STF, while keeping in

mind the NTF. We have preferred the Butterworth filter prototype in our

designs due to its non-peaking behavior. Let us consider this choice in

more detail. Any filter prototype that has ripple in the pass-band will

have peaking responses in the intermediate nodes. For optimal linearity,

we need to perform dynamic range scaling, which normalizes the inter-

mediate responses based on the maximum value. In a filter with unity dc
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Figure 4.4. Transfer functions from the input of a split loop-filter DDSR to the output of
each stage Yk [VIII].

gain, this results in attenuation in the in-band below the corner frequency,

which in turn results in increased noise. Another option is to normalize

the responses based on the DC gain. This results in increased gain near

the corner frequency, which is detrimental to the blocker resilience.

As there is no peaking in the intermediate nodes of the Butterworth

filter, implementing the dynamic range scaling is straightforward. The

input coefficient ak and feedback coefficient bk of stage k are set so that

ak = Gk bk. The resulting in-band gain of stage k is then Gk = ak/bk.

For example, consider Fig. 4.4, which shows the responses from input

to each stage output in a split loop-filter design [VIII]. Two filters with

order M = 1 and N = 2 are designed within the same feedback loop.

The first filter applies in-band gain of 15 dB and has a corner frequency of

fbw = 10MHz (YRF/BB), while the second filter has unity gain across two

stages and corner frequency of fns = 166MHz (Y2 and Y3). The initial

Butterworth coefficients are a1 = 1 and b1 = 1, normalized to fbw, and

a2 = 1, b2 = 1, a3 = 1 and b3 =
√
2, normalized to fns. To set the gain

of 15 dB for the first stage and 0dB for the following two stages while

maintaining the correct corner frequencies, a1 = 5.6, b1 = 1, a2 = 1/
√
2,

b2 = 1/
√
2, a3 =

√
2, and b3 =

√
2.

The resulting NTF response at each stage output is shown in Fig. 4.5.

The amount of in-band quantization noise is low at the output of the first

stage, but as the analog-to-digital conversion takes place gradually along

the chain, the signal appears to be more and more noisier. The in-band
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Figure 4.5. Transfer functions for the quantization noise to the output of each stage Yk

[VIII].

quantization noise cancels at the output, resulting in the desired NTF.

4.2.2 Quantizer effects

As discussed in the Chapter 2.2.2, the discrete feedback formed by the

quantizer and the feedback DACs affect the continuous-time filter re-

sponses. The sampling performed by the quantizer is effectively a zero-

order hold function, that causes notches at the multiples of the sampling

frequency. In order to take these effects into account we used an extended

quantizer model, which added the zero-order hold function and a time

delay to model the finite switching time of the transistors.

When designing the loop-filter in continuous-time domain, there are

two options. 1) use a corner frequency which is considerably lower than

the sampling frequency, or 2) compensate the quantizer effects in the

coefficients. For example, consider Fig. 4.6, which shows the original

continuous-time, uncompensated and compensated STF and NTF when

discrete feedback is included [VIII]. The low-frequency part of the loop-

filter has a corner frequency fbw = 10MHz, while the sampling frequency

f s = 1.4GHz. The quantizer effects are minimal, and can be disregarded.

However, the high-frequency part has corner frequency fns = 166MHz,

which is considerably closer to the sampling frequency. The correspond-

ing high-frequency poles in the uncompensated responses seem to shift

to an even higher frequency, causing peaking in the responses near the

corner frequency.
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Figure 4.6. Uncompensated and compensated STF and NTF with original CT STF and
NTF after inclusion of the quantizer.

The original corner frequency can be restored and the peaking removed

by applying pre-distortion for the corresponding coefficients. In the com-

pensated STF and NTF, the coefficients of the high-frequency part of the

loop-filter have been multiplied with an experimentally obtained correc-

tion factor

ζ = 1− 2
fns
fs

. (4.4)

The compensated STF follows the original continuous-time STF where

possible considering the notch at f s. The original corner frequency is

restored in the NTF, and the peaking has been removed to a degree al-

lowed by the notch. The entire NTF has shifted up by the amount of high-

frequency gain, which is natural consequence of the sampling; it cannot

be avoided, nor is there a need to do so. The shift will be greater the

closer the original corner frequency is to the sampling frequency. This

phenomenon is identical to what happens when an aggressive NTF is de-

signed by conventional means.

Fig. 4.7 demonstrates the compensation in case of a second-order But-

terworth filter. The normalized corner frequency of the continuous-time

filter is varied from 0.01f s to 0.24f s. When the corner frequency 0.01f s

or less, the zero-order hold effect is insignificant and the compensation

is unnecessary. However, when the corner frequency increases, the un-

compensated frequency response demonstrates an increasing amount of

peaking. The compensation removes the peaking and restores the corner

frequency close to its initial value. The compensation is not exact, but it is
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Figure 4.7. Original continuous-time, uncompensated and compensated frequency re-
sponses of a second-order Butterworth filter when zero-order hold is included
in the loop.

sufficiently accurate when the original continuous-time corner frequency

is less than f s/4.

4.2.3 Loop-filter amplifiers

Non-idealities can be included the loop-filter integrator models as well,

which can be then used to find specifications for the amplifiers. The am-

plifiers used in the integrators have a limited open-loop gain. Maximizing

the open-loop gain is beneficial, but for optimized design, we need to know

the minimum gain which does not endanger the performance. In a feed-

back type ΔΣ ADC, the open-loop gain of the amplifiers can be divided to

either in-band gain in the STF, or in-band attenuation in the NTF. If we

need to apply in-band gain GRX in the STF, and the NTF has order N and

corner frequency fns, the combined open-loop gain should be at least

Gmin = GRX +N20log10

(
fns
fbw

)
. (4.5)

which results in flat in-band NTF attenuation below fbw, and thus the

quantization noise would be equal to the thermal noise [VIII]. To ensure

that the quantization noise contribution to the receiver noise figure is

minimal, the noise should be shaped in-band as well. In order to have

Nth-order in-band noise shaping between fbw/10 and fbw, 20 dB open-

loop gain should be added per stage, provided that Gmin is divided equally

among the stages.

The noise shaping does not apply only to the quantization noise. We
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Figure 4.8. Frequency response from the output of each stage Yk to the output of the
DDSR.

can calculate the responses from each stage to the output of the DDSR to

find out how the noise of that specific stage will affect the overall noise

performance. Fig. 4.8 illustrates this in more detail [VIII]. The in-band

(fbw = 10MHz) noise sources in the input of the receiver will be amplified

by the gain of the STF. The noise sources in the output of the first stage

will be attenuated by first-order noise shaping, while the noise sources

at the output of the following stages will be attenuated even more as the

noise shaping order increases. This observation can be taken into account

when calculating the noise specifications for the different stages.

Assuming that the open-loop gain in each stage is sufficient, we can cal-

culate the required standalone noise factor Fk for each stage. To accom-

plish this, we divide FDEV into contributions from the individual stages

Fk,input, so that FDEV =
∑M+N

K=1 Fk,input. The noise of the first stage will

show at the receiver input directly, and thus a major part of FDEV should

be directed there, while the following stages can be designed to contribute

only a fraction of the first stage. The standalone noise factor for the fol-

lowing stages can be then found by extending the Friis’ cascaded noise

factor formula to include the noise shaping. The noise factor for the kth

stage in the chain, assuming k − 1 order in-band noise shaping and taking

the closed-loop gain and amount of noise shaping at f bw of previous stages

into account, is:

Fk < 1 + Fk,input
2(k − 1) + 2

2(k − 1) + 1

k−1∏
i=1

Gi

(
fi
fbw

)2

, (4.6)
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where Gi and fi iterate through the power gain and pole location of the

previous stages [VIII].

In gmC implementation, the standalone noise factors for different stages

can be used to approximate the minimum required transconductance. For

a single transistor in stage k, the transconductance should be

gmk >
η

Rs(Fk − 1)
, (4.7)

where η is a process and transistor channel length dependent parameter

and Rs is the source resistance. Since 4.7 does not consider the noise of

the load device, the required tranconductance in a practical amplifier im-

plementation is higher. It can be assumed that the noise of the load device

is roughly the same as the input device, and thus the transconductance

values should be multiplied by a factor of 2. Note that 4.7 does not take

the flicker noise into account, and thus balancing between the parasitic

capacitance and the flicker noise corner frequency may result in a signifi-

cantly higher transconductance in the BB.

4.2.4 Frequency-translating integrator

A part of the DDSR that requires additional attention is the frequency-

translating integrator formed by an N-path filter. As discussed in Chapter

3.2.1, it has several non-idealities. The near-band nonidealities, including

limited gain, asymmetry and offset, limited attenuation, and harmonic

loading effects can be modeled with an linear time invariant (LTI) model,

which has been developed gradually in publications I, II, IV, VII, and VIII.

The development began with a simple model in I, where only the limited

impedance levels and the out-of-band attenuation floor were considered.

The model was then further developed in II, IV, and VII by including the

effects of harmonic loading and frequency offset, which was made possible

by the original work in [99, 100]. Publication VIII simplifies the models

and provides straightforward equations for component sizing. A compact

overview of the developed models is provided in the following, while more

details can be found in I, II, IV, VII, and VIII.

Fig. 4.9 illustrates how the nonidealities of the frequency-translating

integrator can be modeled with four BB referred transfer functions

HRF|BB(s) and HRFFB|BBFB(s). HRF(s) defines the transfer function from

the input of the stage to the RF side of the mixer, whereas HBB(s)
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Figure 4.9. Equivalent circuit of the frequency-translating integrator formed by an N-
path filter, and its LTI model.

defines the transfer function to the BB side of the mixer. The transfer

functions HRFFB(s) and HBBFB(s) define the corresponding functions for

the feedback, originating from the BB. As each of these functions have

a dominating pole arising from the baseband capacitance CBB, it is

convenient to present them in zero-pole-gain form

HRF(s) = GRF

s

ωz
+ 1

s

ωp
+ 1

, (4.8)

HBB(s) = GBB
1

s

ωp
+ 1

, (4.9)

HRFFB(s) = GRFFB
1

s

ωp
+ 1

, (4.10)

and

HBBFB(s) = GBBFB
1

s

ωp
+ 1

, (4.11)

58



Design of the direct delta-sigma receiver

where GRF is the gain from input to the RF side of the mixer (fLO → fLO),

GBB is the gain from the input to the BB side of the mixer (fLO → DC),

GRFFB is the gain from the BB feedback to the RF side of the mixer, GBBFB
is the gain from the BB feedback to the BB side of the mixer, ωp is the

dominant pole frequency, and ωz the zero frequency.

For a quadrature mixer with 25% LO duty-cycle we can define

GRF =
gm,RFZRF(RswZsh + 2γRBB(Rsw + Zsh))

2γRBB(ZRF + Rsw + Zsh) + Zsh(Rsw + ZRF)
, (4.12)

GBB =

π√
2
γRBBZRFZshgm,RF

2γRBB(ZRF + Rsw + Zsh) + Zsh(ZRF + Rsw)
, (4.13)

GRFFB =

√
2

π
4gm,BBRBBZRF

(ZRF + 2Rsw)(γRBBYup + 1)
, (4.14)

GBBFB =
4gm,BBRBB(ZRF + Rsw)

RBB + 2ZRF + 2Rsw
, (4.15)

ωp =
2γRBB(ZRF + Rsw + Zsh) + Zsh(ZRF + Rsw)

CBBRBBZsh(ZRF + Rsw)
, (4.16)

ωz =
RswZsh + 2RBBγ(Rsw + Zsh)

CBBRBBRswZsh
, (4.17)

where γ = 2/π2, gm,RF and gm,BB are the input device and feedback device

transconductances, ZRF(= RRF||CRF) is the impedance at the RF side of
the mixer, RBB is the resistance at the BB side of the mixer, CBB is the

total capacitance at the BB side of the mixer, and

Zsh =
1

Σ∞
i=3,7...

1

i2(ZRF∗(ifLO) + RSW)
+ Σ∞

i=5,9...

1

i2(ZRF(ifLO) + RSW)

, (4.18)

Yup = Σ∞
i=−∞

2

(4i+ 1)2(ZRF(4ifLO + f) + RSW)
. (4.19)

Fig. 4.10 shows the analytical HRF(s) shifted to fLO and the correspond-

ing steady-state ac (SSTAC) simulation with different component values.

Ideally the RF resistance RRF is infinite, resulting in infinite gain at fLO.

However, in a practical RF transconductor implementation, the output re-

sistance is relatively low, and thus the gain is limited. The mixer switch

resistance RSW is connected in series with the BB capacitance CBB, which

sets the maximum attenuation at far offsets of the fLO. Similarly, Fig.

4.10 shows the HRFFB(s) and corresponding SSTAC simulation with dif-

ferent component values. The RF impedance at the harmonics of the LO

limits the gain also in this case. However, now that the BB capacitance
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Figure 4.10. Analytical HRF(s) compared with SSTAC simulation [VII].
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Figure 4.11. Analytical HRFFB(s) compared with SSTAC simulation [VII].

CBB is in the same side of the mixer, the attenuation is not limited, and

the frequency response follows that of an ideal case. The analytical fre-

quency responses match with the SSTAC simulations [VII].

Equations for the N-path component values can be derived from (4.12-

4.17). As a simplification, the value of ZRF is evaluated only at fLO and its

harmonics. As a consequence, (4.8)-(4.11) remain as first order equations,

which makes it straightforward to calculate the required CBB and gm,BB.

If G1 is the desired closed-loop gain, we can use the unity gain frequency

GBBωp = G1ωbw to derive

CBB =
gm,RF
G1ωbw

√
2

π

ZRF
ZRF + Rsw

, (4.20)

while the closed-loop gain condition G1 = GBB/(1 + GBBFB) can be used to
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calculate gm,BB, which can be expressed as

gm,BB =
CBBωbw

2
− 2

π2

ZRF + Rsw + Zsh
Zsh(ZRF + Rsw)

− 1

2
√
2RBB

. (4.21)

The mixer switch resistance limits the attenuation of blocker signals at

the RF side of the mixer. The minimum gain at the RF side of the mixer

is HRF(s→∞) = GRF ωp /ωz, from which we can solve the upper limit for

the switch resistance

Rsw <

(
gm,RF

Gblocker,max
− 1

ZRF

)−1

. (4.22)

4.3 Summary

The dual nature of the DDSR as a receiver and ADC forces the designer

to consider it from both perspectives. As we have argued in IV and VIII,

conventional design strategies for neither the receiver nor ΔΣ ADC re-

sult in optimal performance. The design approaches and considerations

presented in this chapter and in II, IV, VI, and VIII have resulted in a

systematic design method, which is required to overcome the complexity

of the DDSR. The method combines the system and loop-filter design to

optimize the receiver gain and gain partitioning, enables loop-filter to be

designed in continuous-time domain, and allows the designer to obtain

specifications for the loop-filter amplifiers and other components. Analyt-

ical LTI models have been developed for the key part of the DDSR, the

frequency-translating integrator, in I, II, IV, VII, and VIII, which signif-

icantly reduce the simulation time without sacrificing the accuracy. The

analytical models have also been used derive the required component val-

ues for the implementation.
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5. Circuits for the direct delta-sigma
receiver

As a part of this thesis, four DDSR prototypes were designed. This

chapter highlights the circuits, simulations, and measurements of the

designed prototypes, reported in publications III, V, VI, and VIII. To

summarize the designs:

1. A wideband 0.7GHz to 2.7GHz DDSR was fabricated using a 40nm

CMOS process.

2. A narrowband DDSR centered at 2.5GHz was fabricated using a 40nm

CMOS process.

3. A fully transistor-level wideband 0.7GHz to 2.8GHz gmC based DDSR

was simulated in a 28nm fully-depleted silicon on insulator (FDSOI)

CMOS process.

4. A wideband 0.7GHz to 2.7GHz gmC based DDSR with harmonic re-

jection and third-order frquency-translating integrator was fabricated

using a 28nm FDSOI CMOS process.

5.1 Wideband prototype

In the first prototype our goal was to investigate the possibilities of the

DDSR, especially in a wideband application. A fourth order DDSR with

wideband 0.7GHz to 2.7GHz RF stages was designed using a 40nm

CMOS process. It featured a high programmability with RF bandwidths

1.4MHz and 15MHz, adjustable filter coefficients and quantizer gain.
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Figure 5.1. (top) the block diagram and (bottom) the circuit implementation of the de-
signed DDSR.

I was responsible for the system design, analog and digital baseband

circuits, digital output interface, and measurements of the complete

receiver. The receiver was first published in III, while an extended

version with more details can be found in VI.

5.1.1 Overview

The block diagram of the implemented DDSR is shown in top part of Fig.

5.1, while the circuit implementation is described in bottom part of the

figure [VI]. The first integration stage consists of the LNA, passive I/Q

mixers, integration capacitance CN, and parallel current steering DACs

(IDACs). The mixers use a 25% duty-cycle LO, which form an N-path

filter together with the BB capacitors CN. The low-pass BB impedance

is upconverted to an RF band-pass impedance, ideally centered at fLO,

resulting in a hybrid RF/BB integration node. The in-band voltage gain

is set by the feedback, which is provided from the output of the DDSR

using IDACs. The IDACs form an FIR filter, which is needed to reduce

jitter effects and to provide additional filtering for the quantization noise.

Cross-coupled transconductors between the I and Q branch (Gmx) is in-
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cluded to compensate the band-pass response offset of the from fLO, which

is caused by the parasitic capacitance the RF side of the mixer. The LNA

uses a local feedback (g1) to match the input of the receiver.

The second integration stage can be though as a gm-OTA-C integrator

with embedded downconversion. It consists of RF buffer amplifier, filter-

ing capacitor CM, operational amplifier with capacitors C2 in feedback,

and IDAC which provides the feedback from the output of the DDSR. The

currents are integrated by capacitors C2, as it dominates over CM due to

the Miller effect. CM is still useful, since it enhances the filtering of far-

away blockers. In contrary to the first integration stage, the impedance

levels of the mixer node are kept low both in in-band and out-of-band,

and the in-band voltage gain is realized only at the output of the opera-

tional amplifier. This approach offers better in-band linearity, since the

voltage swing is minimized at the transistor gates. However, as discussed

in Chapter 4.1.1, it also increases the noise contribution of the feedback

device, which is why this strategy was not employed in the first stage.

The third and fourth integration stages are implemented with conven-

tional OTA-RC integrators. An internal feedback g2 (Rz) is used to form a

notch in the NTF. The gained SNR benefit is traded for lower filter band-

width to improve near-band filtering. The output of the fourth integration

stage is fed through a parallel-connected resistor Reldc and capcitor Celdc
to the quantizer input. The resistor and capacitor are necessary to cor-

rectly weight the excess-loop delay compensation current Ieldc, fed by the

half-clock cycle delayed IDAC. The quantizer has 1.5-bit resolution and

is implemented using two parallel comparators. The 1.5-bit quantization

was chosen, since it adds to the SNR while still being simple to implement

at high sampling frequencies. Also, it enables us to adjust the quantizer

gain, which is not possible with a single-bit quantizer. The quantizer gain

is dependent on the input signal power, and affects filtering responses and

stability of the DDSR.

5.1.2 Circuit details

Fig. 5.2(a) shows schematic of the LNA used in the first frequency-

translating integrator. It consists of common-source amplifier with

current source load. An internal feedback is used to match the receiver
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Figure 5.2. The RF transconductors, drawn single ended for simplicity. (a) The wideband
LNA used in the first stage and (b) gain-boosted source follower used in the
second stage.

input. The feedback ratio is set by the resistor Rf, while a source follower

minimizes the loading to the main common-source amplifier. The fre-

quency response of the feedback is dependent on the output impedance

profile of the LNA, which has band-pass characteristics due to the N-path

operation. Thus, the best matching is achieved at the in-band, which

follows the fLO.

The voltage at the LNA output node is sensed by the second frequency-

translating integrator. An adjustable gain-boosted source follower, shown

in Fig. 5.2(b) converts the voltage into current, which is then downcon-

verted by the mixers, and fed to the virtual ground of a two-stage lead-

compensated OTA. The overall gain of the receiver can be controlled by

turning off some of the parallel source follower stages. This affects the

value of loop-filter coefficient a2, and thus the first feedback coefficient b1
must be increased to preserve the frequency response. The gain could

be also decreased by increasing the first feedback current and the ca-

pacitance CN. However, this approach is less efficient, since the power

consumption can be scaled down with the transconductance in the first

approach.

Fig. 5.3(a) shows the comparator circuit schematic. The comparator con-

sists of two preamplifier stages with positive feedback gain enhancement.

The preamplifiers reduce the kickback effects due to comparator latching,

and ensure sufficient sensitivity. 1.5-bit operation is obtained by connect-
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Figure 5.3. (a) the comparator and (b) the 1.5-bit IDAC used in the feedbacks.

ing two comparators in parallel, other with inverted reference voltages

VTH- and VTH+. This arrangement allows us to control the quantizer gain

by changing the differential reference voltage. The 1.5-bit IDAC, shown

in Fig. 5.3(b), is implemented with two NMOS and PMOS current source

pairs and logic. The drain of either one NMOS or PMOS is connected to

the one of the differential outputs when the output code is +1 or -1. When

the input of the quantizer is between the two thresholds, no current is fed

by the IDAC.

5.1.3 Measured performance

In this design, the idea was to balance between the filtering and the noise

shaping, by using high-order filter and NTF optimization zeroes to push
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Figure 5.4. The output spectrum and the corresponding STF of the DDSR when fLO =

2.5GHz, f s = 1.25GHz, and fbw = 7.5MHz.

the corner frequency of the loop-filter towards the in-band edge. This

led to relatively tight design constraints. It proved to be a challenge to

reach optimum performance across the entire receiver frequency range. A

single set of loop-filter parameters were not enough to guarantee optimal

performance, and thus the programmability was used extensively.

Fig. 5.4 shows the measured output spectrum of the DDSR and over-

laid STF, when fLO = 2.5GHz, f s = 1.25GHz, and fbw = 7.5MHz cor-

responding to 15MHz RF channel. The input consists of desired tone

P in = −68 dBm at f in = 2.5001GHz and blocker tone P blocker = −43 dBm at
fblocker = 2.5875GHz. The quantization noise is shaped away from the in-

band, while the blocker tone is attenuated and disappears into the quanti-

zation noise. Some peaking can be observed in the STF, which originates

from the tied nature of the STF and NTF, and the necessity to balance

between the filtering and noise shaping.

Fig. 5.5 demonstrates the SNDR at fLO = 1.25GHz and fLO = 2.5GHz,

with the coefficients being optimized for the former, showing that the op-

timal operation cannot be achieved with constant coefficients. A peak

SNDR of 43dB is reached in this case at fLO = 1.25GHz, while 40 dB is

obtained at fLO = 2.5GHz with the same coefficients. Similar trend is ob-

served throughout the 0.7GHz to 2.7GHz LO range, as shown in Fig. 5.6.

Reprogramming the coefficients can be used to optimize the operation at

different fLO. A peak SNDR observed in the measurements was 46dB,

but only for a limited set of frequencies.
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There are two main reasons why the coefficient reprogramming is

needed. First, the RF part coefficients vary depending on the fLO, caused

for example by the parasitic capacitance in the RF nodes and the non-

idealities of the LO waveform. Second, the quantizer gain is dependent

on the input signal power, which also affects the STF and NTF. Although

the changes in the responses are minor, the tight balance between the

filtering and noise shaping require relatively accurate coefficient values

to avoid quantization noise from desensitizing the receiver. This is the

challenge when using the single high-order loop-filter design strategy.

Fig. 5.7 shows the printed circuit board (PCB) and die micrograph, while

Table 5.1 summarizes the performance of the designed DDSR. Consider-
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Figure 5.7. PCB and die micrograph of the DDSR prototype.

ing the wideband implementation, a decent noise figure from 5.9 dB to

8.8 dB for the 15MHz channel, and from 5.9 dB to 8.2 dB for the 1.4MHz

channel was achieved. The linearity was dominated by the frontend, re-

sulting in out-of-band IIP3 of −2 dBm and input compression point from

−12dBm to −15dBm. The peak SNDR was limited to 43dB by the linear-

ity, and more importantly, by the applied in-band gain. The non-optimized

power consumption was 90mW. More details are presented in VI.

Table 5.1. Wideband DDSR prototype performance.

Carrier frequency [MHz] 700 to 2700 700 to 2700

RF channel bandwidth [MHz] 1.4 15

Noise figure [dB] 5.9 to 8.2 5.9 to 8.8

IIP3(1 [dBm] -2 -2

Blocker P-1dB(2 [dBm] -14|-14|-16 -12|-15|-26

Peak SNDR [dB] 40 43

Power consumption [mW] | Supply [V] 90|1.1 90|1.1

1) Closest interferer at fLO + 95MHz, 2) Blocker at fLO + fbw + 85|60|15MHz.
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5.2 Narrowband prototype

A narrowband 2.5GHz DDSR reference design was implemented in a

40nm CMOS process to compare it to the wideband DDSR prototype. One

of the limiting factors for the performance in the wideband prototype was

the relatively low LNA output impedance of about 100Ω to 200Ω. In order

to fully benefit from the noise shaping, the open-loop gain and thus also

the output impedance should be maximized. A negative conductance cir-

cuit was included in the narrowband prototype, which allows us to boost

the output impedance of the LNA. As in the wideband prototype, I was

responsible for the system design, analog and digital baseband circuits,

digital output interface, and measurements of the complete receiver. The

research outcomes were reported in V.

5.2.1 Overview

Fig. 5.8 shows a simplified circuit schematic of the narrowband DDSR

prototype. The architecture is similar to the wideband implementation,

consisting of four integration stages, 1.5-bit quantization and feedback,

and a local feedback, which is used to optimize NTF zeroes. However, the

LNA is now narrowband, with bandwidth of roughly 100MHz to 200MHz.

The LNA bandwidth is a decade higher than the desired channel band-

width, and thus the N-path filter will dominate the frequency response.

This simplifies the loop-filter design, since having the LNA bandwidth

close to the N-path bandwidth could create a resonance and lead to insta-

bility, requiring additional attention in the LNA bandwidth control.
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5.2.2 Circuit details

A simplified circuit schematic of the first frequency-translating integrator

is shown in Fig. 5.9. The current of an inductively degenerated LNA [101]

is drawn through an LC resonator load, which has a resistor degenerated

negative conductance circuit connected in parallel. The capacitor in the

LC load is adjustable to correct the center frequency deviations due to

process variations. The output impedance of the LNA can be increased by

cancelling a part of the effective output resistance with the negative con-

ductance. The absolute inverse value of the negative conductance needs to

be always smaller than the effective output resistance, whereas highest,

ideally infinite impedance will result when the two are equal. Achiev-

ing an infinite impedance is not possible in practice due to the limited

accuracy, and care must be used to avoid higher values than the effective

output impedance, since this would result in instability. The negative con-

ductance can be controlled with a 3-bit control word NC. The tuning range

is limited so that the circuit will not be unstable even with the maximum

control values.

5.2.3 Measured performance

Fig. 5.10 shows the SNDR as a function of the input power for two differ-

ent negative conductance values NC = 100 and NC = 111. In conjunction

with the first feedback, the amount of negative conductance results in a
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Figure 5.10. SNDR as a function of the input power with two different negative conduc-
tance values.

tradeoff between the peak SNDR and noise performance. With the nomi-

nal negative conductance control word NC = 100, a peak SNDR of 50 dB

is achieved, but the noise performance is lacking. When the amount of

negative conductance is increased with NC = 111, the noise performance

is significantly improved enabling us to reach a noise figure of 4.2 dB.

However, the amount of the negative conductance affects also the STF

response, and thus we were forced to decrease the first feedback current

to restore the STF. This reduces the maximum input signal amplitude,

which in turn reduces the peak SNDR.

Table 5.2 lists the key performance parameters for the narrowband

DDSR prototype. A comparable performance to the wideband DDSR

prototype is demonstrated in terms of out-off-band linearity. A signifi-

cantly lower noise figure and improved SNDR is enabled by the negative

conductance circuit.

5.3 Wideband gmC based prototype

Based on the experience we obtained from the first two prototypes, it was

obvious that a new perspective on designing the DDSR would be bene-

ficial. This resulted in a systematic design method presented in VIII,

which was verified by designing and simulating a fully transistor-level

gmC based wideband DDSR using a 28nm FDSOI CMOS process. A gmC

based implementation was chosen to optimize the power consumption and
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Table 5.2. Narrowband DDSR prototype performance.

Carrier frequency [MHz] 2500

RF channel bandwidth [MHz] 15

Noise figure [dB] 4.2

IIP3(1 [dBm] 0

Blocker P-1dB(2 [dBm] -15

Peak SNDR [dB] 50

Power consumption [mW] | Supply [V] 90|1.1

1) Closest interferer at fLO + 95MHz, 2) Blocker at fLO + fbw + 85MHz.
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to address the need for implementations that could reach the high band-

widths required by the future communication standards. I designed and

simulated the complete DDSR and all of the used circuits. This prototype

was not fabricated, since although the simulations indicate promising per-

formance, the simple implementation cannot solve the harmonic folding

issue present in wideband DDSRs. The following discussion highlights

the circuits and transistor-level simulations presented in VIII.

5.3.1 Overview

This wideband gmC based DDSR prototype features a relatively low

closed-loop gain of 15 dB, optimized with the developed design method in

VIII. The 3-stage architecture is shown in Fig. 5.11. The first stage is

a frequency-translating gmC integrator, where a band-pass response is
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formed at the output of the low noise RF transconductor, while a low-pass

response is observed at the BB side of the mixer. The entire closed-loop

gain of the receiver is applied in this stage for two reasons. First, the

applied closed-loop gain isolates the in-band noise sources of the following

stages from the input. Second, the noise contribution of the first feedback

device is less, since the required feedback current and therefore also

the effective feedback transconductance is reduced. The pole of the first

stage is at the desired fbw = 10MHz to maximize out-of-band blocker

attenuation.

The following two stages in both I and Q branches form a second order

filter with a corner frequency fns = 166MHz, whose main purpose is to

ensure sufficient amount of in-band quantization noise shaping. There is

no need for additional closed-loop gain and thus unity gain is realized. A

3-bit quantizer utilizing a sampling frequency f s that is tied to the fLO. 3-

bit quantization offers sufficient resilience against clock jitter, while tying

the f s to fLO with a specific factor averts the quantization noise folding

issue, discussed in Chapter 3.2.1. 3-bit IDACs are used to implement the

feedback DACs.

5.3.2 Circuit details

The 28nm FDSOI CMOS process offers relatively high output impedances

for the transistors when compared to bulk processes, enabling us to use

single stage transconductors to provide sufficient open-loop gain. The RF

transconductor is shown in Fig. 5.12(a). A conventional inverter circuit

is used as the main amplifier, while a complementary source follower is

use to buffer the feedback used for matching. A high transconductance of

48mS is required to achieve sub-3 dB NF, while the relatively high output

impedance of 1.2 kΩ enables 34 dB gain across the 0.7GHz to 2.8GHz fre-

quency range. The circuit topology for the BB transconductors is shown in

Fig. 5.12(b). The complementary circuit topology includes common-mode

feedforward path for common-mode and supply noise rejection. Two dif-

ferent transconductances were realized to optimize the noise performance

and power consumption. Both demonstrated open-loop gain of over 50 dB.

The 3-bit feedback DAC is implemented with well-known current-

steering architecture, shown in Fig. 5.12(c). Achieving a 3-bit matching is
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Figure 5.12. Circuit topologies for (a) RF transconductor, drawn single-ended for simplic-
ity, (b) BB transconductors, (c) feedback DAC, and (d) quantizer.

not an issue, and thus the sizing of the transistors is a tradeoff between

the flicker noise level and the parasitic capacitance that induces nonlin-

earity. The quantizer is shown in Fig. 5.12(d). The input is buffered with

an amplifier with unity gain, while a string of resistors is used to form

appropriate thresholds for 7 comparators. The common mode voltage

set by controlling the PMOS current with feedback amplifier. Again,

matching for 3-bit accuracy is easily achieved. However, the hysteresis

of the comparator needs to be sufficiently low in order not to degrade the

sensitivity of the receiver. In this case the hysteresis was designed to be

Δ/50.
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Figure 5.14. The ideal and realized output SNDR as a function of either in-band input
power P in, or the blocker power P blocker.

5.3.3 Simulated performance

Fig. 5.13 shows the output spectrum of the DDSR when fLO = 1.4GHz.

The input consists of two −35dBm tones, a desired in-band tone at fLO +

1.71MHz and a blocker tone at fLO+100MHz. The quantization noise has

the expected 40dB/decade slope below f ns, while a flat noise floor is ob-

served at the in-band frequencies due to the thermal noise. The −35dBm

in-band tone is amplified by 15dB, while the blocker tone is attenuated.

Fig. 5.14 shows the ideal and simulated SNDR when either the Pin or

the Pblocker is swept. The blocker tone is not present when the Pin is varied,

while the Pin = −90dBm during the Pblocker sweep. When compared to the
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ideal SNDR curves, we observe that the noise figure is approximately 5 dB

up to Pin ≈ −35dBm, after which distortion components begin to desensi-
tize the receiver, limiting the peak SNDR to 63dB. In a similar manner,

the noise figure remains constant up to Pblocker ≈ −15dBm, after which
the blocker begins to compress the DDSR.

In this design, the f s is tied to the fLO to avoid the folding of the quan-

tization noise. Fig. 5.15 shows the receiver noise figure when the fLO is

swept across the receiver bandwidth 0.7GHz to 2.8GHz with different f s.

The noise figure is obtained by comparing the output SNDR of a −80dBm

input tone to the ideal SNDR. With a constant f s = 1.4GHz, the SNDR of

the receiver drops due to the quantization noise folding with certain val-

ues of fLO. For optimal performance, the f s is tied to the fLO with a factor

of 1
2 ,

2
3 , 1 and 2, while both fLO and f s are kept within 0.7GHz to 2.8GHz.

The factors 1
2 and 2 show approximately constant performance, while the

best performance is obtained with the factor 2
3 .

Table 5.3 summarizes the simulated performance of the wideband gmC

DDSR. The developed designmethod enabled us to optimize the amount of

closed-loop gain, which allows us to reach high peak SNDR and linearity,

while still offering a competitive noise figure. Of course, it must be kept in

mind that these are not measured results, and thus actual performance

may vary. More details are presented in VIII.
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Table 5.3. Simulated performance of the wideband gmC DDSR prototype.

Carrier frequency [MHz] 700 to 2800

RF channel bandwidth [MHz] 20

Noise figure [dB] < 5

IIP3(1 [dBm] 9.7

Blocker P-1dB(2 [dBm] -10

Peak SNDR [dB] 63

Power consumption(3 [mW] | Supply [V] 35|1

1) Closest interferer at fLO+40MHz, 2) Blocker at fLO+fbw+100MHz, 3) fLO = 1.4GHz.

5.4 Wideband gmC based prototype with harmonic rejection

One of the key challenges of the wideband DDSR prototypes presented in

this thesis is the harmonic folding. As discussed in Chapter 3.2.1, any

frequency content present in the odd harmonics of the LO will be down-

converted on top of the desired channel. In order to be able to remove the

external pre-filters and obtain the full benefits of programmable wide-

band operation, the harmonic products have to be removed, either in the

loop-filter or later in the DSP. Towards this end, a wideband gmC based

DDSR prototype with harmonic rejection was designed and fabricated in

a 28nm FDSOI CMOS process. I envisioned the novel 2-stage harmonic

rejection architecture featuring a third order frequency-translating inte-

grator. In addition, I was responsible for the system design, baseband cir-

cuit design, digital output interface, and assisted in the measurements.

Unfortunately, at the time this thesis was due, the measurements of the

prototype were still ongoing, and thus only initial measurement results

for the analog frontend are included here.

5.4.1 Overview

As discussed in Chapter 2.1.3, the harmonic rejection architectures add

additional phases to the LO, which are weighted so that the waveform re-

sembles a sinewave. The amount of harmonic rejection is directly limited

by the mismatches. The most common implementation uses 8-phase LO,

which requires an irrational coefficient
√
2 that is difficult to realize accu-

rately. In this prototype, we have used a non-conventional 6-phase 16.66%
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Figure 5.16. A simplified circuit schematic of the wideband gmC based DDSR featuring
harmonic rejection and third-order frequency-translating integrator.

duty-cycle LO, since it can be implemented with integer coefficients that

are straightforward to implement. The harmonic rejection is realized in

two stages to enable mismatch tolerant harmonic rejection for the third

LO harmonic.

A simplified circuit schematic of the wideband gmC based DDSR featur-

ing harmonic rejection and third-order frequency-translating integrator

is shown in Fig. 5.16. The first stage of the harmonic rejection is imple-

mented as early as possible in the signal chain to obtain maximal linearity

improvements in the presence of a harmonic blocker. An effective 33.33%

duty cycle LO, which ideally does not contain the third harmonic, is re-

alized by adding auxiliary downconversion path. The RF transconductor

is split into two equal parts to avoid overlapping of the LO, which would
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significantly degrade the noise figure.

The first integration stage features also a third-order low-pass filter

response, which is upconverted to a band-pass in the output of the RF

transconductor by the N-path operation. This enables improved rejection

of near-band blockers early in the signal chain. The third-order low-pass

response is implemented with a high-pass filter in the feedback of the

second transconductor, utilizing an active inductor. The feedback imple-

mentation is the key enabler here, since the noise of the active inductor is

filtered by the capacitor CF1, relaxing the noise requirements of the active

components.

In a practical implementation the harmonic rejection is limited by the

mismatches and thus a second harmonic rejection stage is added by sum-

ming two BB branches. According to simulations, this enables over 50dB

of total harmonic rejection, while over 40 dB is achieved even if the mis-

matches in one branch are up to 10%. However, additional feedback DACs

are required to obtain proper phases for the feedbacks before the summing

point.

Fig. 5.17 illustrates how the effective LO waveform is formed by us-

ing the 6-phase LO as a starting point. The 33.33% duty-cycle LO is

realized in the downconversion when two of the original LO waveforms

are summed in one of the BB branches. In the second stage, two of
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the branches are summed with equal weights to create three shifted se-

quences of [1, 2, 1 − 1,−2,−1], equivalent to 6-phase sine waveforms with
phase offsets 30◦, 90◦ and 150◦. The quadrature components can be ob-

tained from the available phases with proper summing and weighting

[102]. This part is left to the DSP, since there are no benefits to be

gained from the linearity perspective, and the calculations can be done

with higher precision without concern about the effect of mismatches. As

a downside of this approach, all three baseband branches need to be fully

implemented, as opposite to merging the three paths into two when the

combination is performed in the analog domain.

5.4.2 Initial measurements

At the time this thesis was due, the measurements for the prototype were

still ongoing. In the following, I will present the initial measurement

results for the RF front-end of the DDSR prototype, which show the per-

formance of the first two stages, including the third order integration re-

sponse and the first stage of the harmonic rejection. The measurements

are done using an external unity gain amplifier at the output of the second

transconductor in one of the BB branches.

Fig. 5.18 shows the gain response from the input of the DDSR to the out-

put of the second transconductor with maximum gain and fLO = 1.5GHz.

It can be seen that the targeted BB bandwidth of 10MHz is met, and that

a third-order slope is realized from 10MHz to 30MHz. The third order be-
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monic rejection.

havior is limited to this frequency range since the second transconductor

can only drive a limited amount of current through the feedback network.

Thus, the frequency response is flat from 30MHz to 50MHz, after which

the N-path capacitance and parasitic capacitance add further attenua-

tion.

The mixers can be driven either in harmonic rejection mode as was

shown in Fig. 5.16, or alternatively, same LO phasing can be used in

both RF paths, effectively combining the two paths. This can be used to

tradeoff between harmonic rejection and noise performance. Based on the

initial measurements, the minimum harmonic rejection in the first har-

monic rejection stage is 37 dB, resulting in noise figure of 8 dB. When the

harmonic rejection mode is disabled, the noise figure is improved to 6 dB.

Fig. 5.19 shows the PCB and die micrograph, while Table 5.4 summa-

rizes the initial performance of the gmC based DDSR prototype with har-

monic rejection. The initial measurements demonstrate high linearity

with moderate noise figure, which are not likely to change with the full

DDSRmeasurements, as they are dominated by the front-end. The SNDR

and total harmonic rejection performance cannot be verified at this point,

but simulations suggest 50 dB for both.
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Table 5.4. Initial measured performance of the wideband gmC based DDSR prototype
with harmonic rejection.

Carrier frequency [MHz] 700 to 2700

RF channel bandwidth [MHz] 20

Noise figure (HR|no HR) [dB] 8|6

IIP3(1 [dBm] 5

Blocker P-1dB(2 [dBm] -7

1) Closest interferer at fLO+40MHz, 2) Blocker at fLO+fbw+100MHz, 3) fLO = 1.4GHz.

5.5 Summary

As a part of this thesis, four DDSR prototypes were designed. I was re-

sponsible for the system design, baseband circuits, digital output inter-

face, and the system measurements for the first two prototypes, designed

and simulated the third prototype completely, and envisioned the fourth

prototype with harmonic rejection and third-order N-path filter, while be-

ing responsible for system design, baseband circuits, digital output in-

terface. The fabricated prototypes demonstrated state-of-the-art perfor-

mance when compared to other direct RF-to-digital converters in terms

of noise performance, while offering a moderate peak SNDR. The DDSR

prototype with harmonic rejection was first of its kind, paving the way

for fully integrated programmable wideband RF-to-digital converters that

could be used without external pre-filters.
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6. Conclusion

The DDSR is a promising candidate for a fully-integrated RF-to-digital

converter for receiver applications. It adds the RF stages to the ΔΣ loop-

filter, and thus the analog-to-digital conversion begins right after the an-

tenna. This minimizes the number of analog circuits due to the multi-

purpose use of existing components, while the first ΔΣ feedbacks enable

digital intensive performance enhancements. The embedded N-path fil-

ter frequency-translational properties can be utilized to implement widely

tunable high quality factor RF filters, which may eventually remove the

need for external pre-filters. When compared to other RF-to-digital con-

verters, the DDSR offers better efficiency than GHz-ADCs or band-pass

ΔΣ ADCs, and a wider center frequency range than band-pass ΔΣ ADCs.

Although the DDSR bears a close resemblance to a direct downconversion

receiver followed by a ΔΣ ADC, the analog stages in the DDSR are used

more efficiently. When converting a limited RF frequency range to digital

in the presence of interferers, filtering is required, and thus it would be

a waste of resources if the opportunity to shape the quantization noise

would be passed. In fact, it could be said that the DDSR is the next gen-

eration of direct downconcersion receivers.

The main challenge of the DDSR is the increased design complexity.

The designer must master both receiver and ΔΣ ADC design. This the-

sis and the included publications presented several design and modeling

techniques for the DDSR, which have been verified with transistor level

simulations and measurements of fabricated IC prototypes. Of the fabri-

cated prototypes, the wideband implementations are the most intriguing

from the cognitive SDR perspective. A key challenge in a wideband DDSR

is the harmonic folding that results from the use of switching mixers. Har-

85



Conclusion

monic cancelling techniques, such as the proposed 2-stage harmonic can-

cellation architecture, are essentially required.

Since the DDSR is a vast subject, there are still a number of research

topics left. The versatility requirement of future receivers is beyond what

has been the scope in this thesis. For example, instead of a continuous

frequency range, the radio channel can be split into parts and aggregated

to different carriers. Ideally, a single receiver should be able to combine

the parts to recover the wanted channel. In the context of DDSR, this

will most likely require digitally generated multitone LO driving a num-

ber of parallel mixers, while the baseband bandwidth should be able to

accommodate the combined channel. As more carriers translates into in-

creased number of potential blockers, improving the linearity becomes

crucial. Thus, exploring such topics as noise-cancelling mixer-first DDSR,

or exploiting the first feedback as an feeding point for digital cancellation

of blockers is worthwhile.

To summarize, we are moving towards a software-defined world, where

the use of analog hardware is limited to ADCs and DACs, which act as

bridges between the analog and digital. When it comes to RF-to-digital

converters, the DDSR will be one of the main contenders.
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