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1. Introduction

1.1 Background

Wireless smart devices connect to the internet in rapidly growing numbers
in support of, for instance, new services in smart logistics and personalized
health care. These devices are commonly powered by batteries despite the
consequent negative environmental impact. Accordingly, the rapid growth
in the massive internet of things (IoT) is at present coupled with a rapid
growth in the demand for batteries. This coupling creates a need for mobile
devices that can deploy alternative portable power sources. Additionally,
this coupling creates a need for methods that increase the operation time
of battery-powered mobile devices without sacrificing their performance.

Batteries can be replaced by environmentally-friendly energy harvesters
that scavenge ambient power sources such as light or thermal gradients.
A smart device powered by such energy harvesters uses dedicated high-
efficiency power management circuitry [1], [2] to translate the harvested
power into a stable direct current (DC) supply deployed by the rest of
the device’s circuitry. The harvested energy can also be stored in a su-
percapacitor that acts as an energy buffer during the occasional absence
of ambient power, i.e. power black-outs. In addition to requiring a wire-
less radio transceiver [3] for data transfer and a microcontroller unit for
digital control, the smart device may also include a gesture sensor [4] for
user interfacing or a sensor interface [5] for observing the environment of
the device.

Frequent battery replacements increase maintenance costs [6] while
energy-harvesting devices require only minimal maintenance due to their
energy autonomy. Furthermore, both energy harvesters and supercapaci-
tors can be fabricated from non-toxic disposable materials [7]–[9]. However,
compact energy harvesters generate only a very limited amount of power:
as shown in Chapter 2, a 6-cm2 monocrystalline photovoltaic array may
generate only several tens of microwatts of power under dim office il-
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lumination, a part of which is immediately consumed by the necessary
power management circuitry. In contrast, state-of-the-art Bluetooth Low
Energy transmitters [10], [11] consume milliwatts and receivers [12] hun-
dreds of microwatts of power even when deploying supply levels of only
several hundreds of millivolts allowed by modern low-threshold-voltage
complementary metal-oxide-semiconductor (CMOS) technology [11], [12].
Consequently, Bluetooth Low Energy transceivers can rely on compact
energy harvesters only by hibernating for the most of the time [11] or by
presuming excellent ambient power conditions such as direct sunlight.

Recently reported impulse radio (IR) transceivers have demonstrated
promising power consumption and performance levels for the composition
of energy-autonomous wireless local area networks (LANs) [13]–[16]. IRs
encode their data to nanosecond-long pulses that have an ultra-wide band
(UWB) in the order of one gigahertz. The extremely short pulse duration
allows UWB IRs to minimize their average power consumption level by
inherent aggressive duty-cycling: UWB IRs can hibernate for relatively
long time spans even at moderate data rates. This inherent duty-cycling
differs from conventional radio systems that use a continuous carrier signal.
Despite its potential and some early commercial products [17]–[19] that
target especially real-time location applications, UWB IR technology has
also severe disadvantages, and its broad commercial deployment requires
further research and development. In the future, energy-autonomous UWB
systems could support low-range energy-autonomous wireless data links
with a performance between that of Bluetooth Low Energy and passive
radio-frequency identification (RFID).

The target wireless range of an application dictates whether a portable
smart device is to be connected to body area network (BAN) that has a
range of approximately 1 meter, a LAN with a range of tens of meters, or
wide area network (WAN) with a range in the order of several kilometers.
Lately, there has been an emergence of standards for low-power wide
area networks (LPWANs) such as narrow-band IoT (NB-IoT), SigFox and
LoRa [20]. In addition to a wireless range of several kilometers and
a low cost, these LPWAN standards target supporting user equipment
operation times of up to 10 years on a single coin battery [6], [20], [21].
This maximum operation time target corresponds to an average power
consumption level of several tens of microwatts, which can be achieved
virtually only by very long sleep periods like in the case of Bluetooth Low
Energy. For this purpose, the NB-IoT standard, for instance, defines a
mode named extended Discontinuous Reception that allows an NB-IoT
modem to connect to a base station in cycles of up to almost 3 hours [22].
This long cycle time allows keeping the modem in hibernation for the
majority of the time.

Essentially, both UWB IR transceivers and LPWAN modems use the
same technique, i.e. aggressive duty-cycling, to push their average cur-
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Table 1.1. Rough comparison of duty-cycled microwatt radio systems.

UWB IR LPWAN ratio
Frequency bandwidth (Hz) wide (109) narrow (103) 106

Time domain signal (s) short (10−9) long (10−3) 10−6

Max. data rate (bit/s) high (109) low (103) 106

Range (m) short (101) long (103) 10−2

Key power saving method duty-cycling duty-cycling -
Duty-cycling method inherent data bursts -

rent consumption to microwatt level. A UWB IR transceiver is inherently
duty-cycled in a pulse-to-pulse fashion while a continuous-carrier NB-IoT
modem is duty-cycled at the system level between data bursts. However,
other features of the two radio techniques differ fundamentally, as demon-
strated in Table 1.1. Due to the distinct features of these radio techniques,
they support a diverse set of applications.

This thesis presents integrated circuits and methods that improve the
efficiency and performance of aggressively duty-cycled microwatt radio
transceivers. In particular, the microwatt-level power consumption target
refers to the average power consumption of a radio system. The momen-
tary power consumption of the radio system may, and commonly will,
greatly exceed the average power target. Notably, this thesis presents 1)
a microwatt UWB IR transmitter front-end (TFE) whose carrier signal is
generated by a delay line (DL) and 2) a temperature compensation method
and an in-field calibration procedure for microwatt NB-IoT modems. The
temperature compensation method and the field calibration procedure are
demonstrated through a discete temperature-compensated phase-locked
loop (TCPLL) prototype. The performance of both the TFE and the TCPLL
prototype are evaluated by measurements.

The features of the targeted microwatt UWB IR and NB-IoT radio sys-
tems are summarized in Fig. 1.1. While some of the author’s prior work
deals with related circuits for energy harvesting and power management
[1], [2], moderate-band duty-cycled wireless links [3] and gesture sensing
[4], they are beyond the scope of this dissertation. We discuss high-speed
Gbps-rate UWB wireless links, UWB IR transmitters based on a local
oscillator (LO) and UWB IR receivers in general only in brief. Finally, the
detailed composition and function of NB-IoT modems or phase-locked loops
(PLLs) are not covered by this dissertation.

1.2 Contents of this dissertation

This thesis consist of three parts. First, we discuss energy-harvesting
devices briefly in Chapter 2. Seconly, in Chapter 3, we analyze low-power
UWB radio transmitters and present the design and performance of the
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Range

Avg. data rate

UWB IR
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Proprietary
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NB-IoT
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10 kbit/s
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moderate-band

Proprietary

0.001 bit/s

Figure 1.1. Focus of this work.

DL-based UWB IR TFE. Thirdly, in Chapter 4, we esimate the effect of
network acquisition on the efficiency of an NB-IoT modem and detail the
operation and performance of the TCPLL prototype.

1.3 Objective of this dissertation

This thesis aims to demonstrate practical microwatt circuits for the ad-
vancement of aggressively duty-cycled low-power radio systems. First, this
thesis presents the experimental microwatt UWB IR TFE that demon-
strates the applicability of UWB IR transmitters in the composition of
energy-autonomous wireless LANs. Secondly, this thesis describes the
temperature compensation method and the in-field calibration procedure
for NB-IoT modems evaluated through the TCPLL prototype. The pro-
posed temperature compensation method can improve the energy efficiency
of a heavily duty-cycled microwatt NB-IoT modem due to swift network
acquisition and hardware reuse.

The composition and performance of the UWB IR TFE is detailed in [I].
Some simulation results of the UWB IR TFE are also reported in [II]. The
core structure of the UWB IR TFE is based on a more elementary, prior
TFE design reported in [III]. The TFE design in [III] is also deployed in [IV]
for the analysis of the benefits of differential pulse-position modulation
(DPPM) in low-power UWB IR transmitters. The temperature compensa-
tion method and the in-field calibration procedure for NB-IoT modems are
detailed in [V] along with the composition and performance of the TCPLL
prototype. This thesis summarizes the above publications with a strong
focus on [I] and [V] while presenting complementary analysis, simulations
and measurements.

1.4 Main scientific merits

The main scientific merits in [I]–[V] can be summarized as:

4



Introduction

1. A quickly propagating impulse combiner design that allows the seri-
alization of the parallel pulses of a delay chain [I], [II].

2. A matching network design for broadband power amplifiers that
shows a slightly down-converted input impedance [I], [II].

3. An isolated programmable delay unit design that is tolerant to supply
transients during pulse generation [I],[II].

4. A 24-bit open-loop temperature compensation logic for DLs [I].

5. A microwatt fully-integrated DL-based UWB IR TFE with a high
frequency tuning resolution and a globally compliant transmitted
spectrum [I],[II].

6. A delay unit design that propagates and reloads quickly [III].

7. An analysis of the benefits of differential pulse position modulation
applied to microwatt UWB IR transmitters [IV].

8. A 24-bit open-loop temperature compensation method for fractional-N
phase-locked loops [V].

9. An in-field calibration procedure for devices with a means of sens-
ing temperature and a possibility for the detection of an accurate
reference frequency in the field [V].

10. A demonstration of the temperature compensation method and the in-
field calibration procedure through a discrete TCPLL prototype [V].
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2. Microwatt energy-harvesting devices

2.1 Overview of energy-harvesting devices

Ambient power sources can be scavenged with various harvester types
such as light with photovoltaics, electromagnetic radiation with antennas,
thermal gradients with thermoelectric pairs and vibrations with piezoelec-
tric harvesters [23]. The amount of harvestable power is dependent on
ambient conditions and the size of the applied harvester. A large harvester
can scavenge more ambient power but it comes with an increased cost, less
convenient form factor and decreased mobility. Photovoltaics are a common
harvester type utilized in energy-harvesting devices due to the general
availability of light in commonplace environments. Radio-frequency (RF)
energy harvesters are widely exploited by passive RFID tags that are
powered up wirelessly by a nearby RFID reader.

Photovoltaic cells are conventionally fabricated from rigid substrates
such as silicon or gallium arsenide but they can also be fabricated from
more exotic materials such as perovskites, quantum dots and organic
substrates [24]. Organic photovoltaic cells support a convenient, flex-
ible form factor and they can be fabricated from disposable, non-toxic
materials [9]. However, they suffer from a low light-to-electrical power
conversion efficiency compared to more conventional technologies. Current
state-of-the-art organic photovoltaic cells have been reported with a power
conversion efficiency of around 11 % whereas the monocrystalline silicon
and gallium arsenide cells have reached corresponding values of 27 % and
29 %, respectively [24]. Direct sunlight in particular allows photovoltaic
arrays of just several cm2 in area to scavenge milliwatts of power while
compact photovoltaic arrays may generate just microwatts of power in dim
environments. We demonstrate this scalability by evaluating a commercial
monocrystalline silicon photovoltaic array that has a reported wafer-level
power conversion efficiency of 22 % [25], a total area of about 9 cm2 and an
active area of about 6 cm2. The photovoltaic array generates up to about
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Figure 2.1. Current-voltage characteristics of a 6-cm2 commercial photovoltaic array
under (a) 32 klx and (b) 100 lx.

(a) (b)

Figure 2.2. Performance of an RF rectifier. (a) Efficiency and (b) output voltage as a
function of available input power level PRF. From [1]: ©2015 IEEE.

20 mW under direct 32-klx sunlight in a lobby illuminated by daylight but
only about 3 μW in a 100-lx office, as shown in Fig. 2.1. An illuminance of
32 klx corresponds to indirect sunlight outdoors and 100 lx correposponds
to a dim office environment [26]. The photovoltaic array generates about
20 μW of power under moderate office illuminance of 300 lx

RF radiation can be scavenged using an antenna and a rectifier. This
tecnique is routinely utlizied by passive RFID devices that are powered
up by an active RFID reader acting as an RF power source. Energy-
harvesting antennas can be fabricated on cardboard or paper surfaces
using inkjet printing [27], [28]. The received RF-signal can be rectified
on chip [1], [29] or, for instance, by using organic diodes that can also be
inkjet-printed on paper in an environmentally sustainable manner [30].
However, devices relying on RF energy harvesting suffer from a limited
range. Even with a dedicated RF power transmitter nearby, the majority
of the transmitted RF energy dissappears in free space and a significant
part of the remaining power is wasted in lossy rectification. Consequently,
a passive ultra-high frequency RFID tag can reach a wireless range of just
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Figure 2.3. Energy-harvesting device. Adapted from [I] / the microcontroller and sensor
interface added, the radio transmitter from original changed to the radio
transceiver, abbreviations removed: used under CC BY 4.0.

up to about six meters [31]. The performance of an example integrated
rectifier with an off-chip matching network [1] is presented in Fig. 2.2.
The converter requires a minimum RF power level of about 100 μW at its
input to generate a 1-V DC output voltage level with an efficiency of less
than 10 %. Consequently, less than 10 μW of power remains for utilization
after the rectification. Current high-efficiency converters can achieve an
efficiency of more than 50 % with a 100-μW input [32].

An energy-harvesting smart device is depicted in Fig. 2.3. The device
utilizes hierarchical power management as in [33]. The harvested power
is first translated into coarse supplies by switched regulators (SRs), such
as switched-capacitor or buck-boost regulators, after which the coarse
supplies are regulated further into refined supplies by low-dropout (LDO)
regulators. The coarse supplies can be readily utilized by insensitive cir-
cuitry such as generic digital logic whereas the fine supplies allow the
use of sensitive circuitry that benefit from low noise. Possible harvested
overhead power can be used to charge an energy storage such as a superca-
pacitor. Supercapacitors can be also fabricated from disposable, non-toxic
materials [8], [34], [35]. The performance of example switched and LDO
regulators [1] with a target output voltage level of 1.2 V are presented
in Fig. 2.4. As shown in the figure, the efficiency of the LDO regulator
decreases with increasing dropout voltage: more power is consumed when
a current passes through a larger voltage drop. The switched-capacitor
regulator of Fig. 2.4 is designed for voltage doubling, however switched
regulators in general can achieve high efficiency with arbitrary conver-
sion ratios depending on the configuration [36]–[38]. Generally speaking,
switched regulators can achieve high efficiency for various conversion ra-
tios but they suffer from a high output voltage ripple. LDO regulators can
only achieve a high efficiency level assuming a low dropout voltage but
they can provide a relatively stable output even with a high level of input
voltage ripple.
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Figure 2.4. Efficiency of LDO and switched-capacitor regulators, abbreviated to SCR.
From [1]: ©2015 IEEE.

The primary regulation stage of an energy-harvesting device should
include a means for cold start [39] where the device can be powered up
without external power sources or trigger signals when there is a suf-
ficient scavenged input power level. The power management circuitry
of an energy-harvesting device has to also be designed to tolerate occa-
sional power brownouts (little harvested power available) or blackouts
(no harvested power available) [2]. The efficiency of energy harvesters
or voltage regulators is dependent on their operation point, as shown in
Figs. 2.1, 2.2 and 2.4. Consequently, the power management circuitry of
an energy-harvesting device often utilizes maximum power point track-
ing [39]–[41] that seeks to optimize the common energy efficiency of the
applied harvester and power management circuitry.

In addition to its power management circuitry, the energy-harvesting
smart device depicted in Fig. 2.3 includes several other functional blocks,
such as a microcontroller, a sensor interface and a radio transceiver. Mi-
crowatt SRs and LDO regulators have been presented in [41], [42] and
[43], [44], respectively. Microwatt sensor interfaces have been described in
[4], [5] and microwatt microcontrollers have been presented in [45], [46].
Understandably, low-power radio transceiver circuits have also lately been
subject to extensive research that aims to bring their power consumption
level down to microwatts from the milliwatt level of Bluetooth Low Energy
[10]–[12] with minimal compromises. Microwatt system-level operation
can make energy-harvesting smart devices fully energy-autonomous also
under demanding ambient conditions.

2.2 Power manager prototype

The UWB IR TFE in [I] is tested in Section 3.6 with a hierarchical power
manager prototype constructed according to Fig. 2.3. The power manager

10



Microwatt energy-harvesting devices

SR input SR

SR output

LDO2 reg. output
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LDO2 reg. input
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LDO2 reg.
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(a)
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Figure 2.5. Hierarchical power manager prototype. (a) Power manager prototype consist-
ing of PCB modules equipped with a boost regulator and two LDO regulators.
(b) Output waveforms of the regulators. (c) Zoomed view. (d) Sensitivity of
the prototype to its input (energy harvester output) voltage level. (e) Senstiv-
ity of the prototype to temperature. Sub-figures (d),(e) from [I]: used under
CC BY 4.0.

prototype is shown in Fig. 2.5(a). The prototype deploys a MAX17220 boost
SR [47] from Maxim Integrated and two LT3009 [48] LDO regulators from
Linear Technology. The specified quiescent current consumption levels of
the MAX17220 and LT3009s are 300 nA and 3 μA, respectively. There are
similar LDO regulators available with an even lower power consumption
level, such as NCP171 [49] from ON Semiconductor with a quiscent current
level of just 50 nA but they were out of stock during the design and build of
the prototype. The output voltage of the MAX17220 is set to its minimum,

11

-

(b) (c)



Microwatt energy-harvesting devices

1.8 V, and the two LDOs provide the 1.2-V and 0.6-V supplies for the
transmitter front-end. This voltage arrangement is far from optimum since
there is a considerable dropout voltage over the LDOs that decreases their
efficiency. However, the prototype can be used to emulate the functionality
of a more optimized integrated hierarchical power-management circuitry.
The output of the MAX17220 can also be connected to a separate module
containing a TLV733 LDO regulator [50] from Texas Instruments. The
TLV733 is stable with no decoupling capacitance at its input or output
and can be used to test the operation of the UWB IR TFE with no off-chip
decoupling capacitance.

The power manager prototype is characterized in Figs. 2.5(b)–(e). The
output voltage waveforms of the SR and one of the LDO regulators are
shown in Fig. 2.5(b). As remarked previously, an SR commonly generates a
significant output ripple due to its switched operation but the ripples can
be filtered by a sequential LDO. The zoomed-in view in Fig. 2.5(c) confirms
that the output of the LDO shows little ripple during the strong transients
of the SR output. The average output voltage levels of the SR and one of
the LDOs is measured in Fig. 2.5(d) with the input voltage level of the SR
swept from 2.2 V down to 0.4 V. This sweep emulates the operation of an
energy harvester whose output voltage level may change considerably un-
der different ambient conditions. Due to the hierarchical double regulation,
the output voltage level of the LDO remains practically constant during
the sweep, vaying by less than 0.2 mV. However, Fig. 2.5(e) shows that
the outputs levels of the LDOs are significantly affected by temperature.
The figure also shows the temperature offset of a TSYS01 temperature
sensor [51] from TE Connectivity as referenced to the integrated temper-
ature sensor of the used temperature chamber. The TSYS01 is used for
high-resolution temperature measurements in Chapters 3 and 4.
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3. Microwatt UWB impulse radio
transmitters

3.1 Overview of UWB radio systems

The definition of a UWB radio system varies regionally. In the United
States, Canada, Brazil and Singapore, a UWB radio system is defined to
deploy an absolute −10-dB operating bandwidth of greater than 500 MHz
or a fractional operating bandwidth of more than 20 % [52]. In Japan and
Korea, a UWB radio system has a −10-dB operating bandwidth of at least
450 MHz whereas in China and New Zealand a UWB radio system has
a −10-dB operating bandwidth of at least 500 MHz [52]. In Europe, the
−13-dB operating bandwidth of a UWB radio system has to exceed only
50 MHz [53]. Saudi Arabia, Qatar and United Arab Emirates also refer to
the European UWB standard [52].

In this dissertation, we focus in particular on UWB systems with an
operating bandwidth of at least 500 MHz due to their global compliance.
Such a wide signal bandwidth can be achieved by various techniques. For
instance, an implementation of a frequency-modulated UWB (FM-UWB)
radio transceiver can be found in [54], a UWB IR transmitter in [55], a
chirp-UWB transceiver in [56] and a multi-band orthogonal frequency-
division multiplexing (MB-OFDM) transceiver in [57]. The time-domain
and frequency-domain signal waveforms of these UWB radio system types
are sketched in Figs. 3.1 and 3.2, respectively.

In FM-UWB, a RF carrier signal is continuously frequency-modulated
over a wide frequency band. Data can then be encoded, for instance, into
the rate of this frequency modulation. Instead of a continuous carrier,
UWB IRs deploy a nanoseconds-long RF pulse waveform. The extremely
short duration of such pulses in time translates directly into an ultra-
wide signal bandwidth. Data can then be encoded into the pulses by
using, for instance, on-off keying (OOK), phase-shift keying (PSK), or
pulse position modulation (PPM). Direct-sequencing UWB (DS-UWB) was
a specific legacy UWB IR system that allowed the encoding of two data
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Figure 3.1. Signal waveforms of different UWB radio systems.

bits into one symbol based on a combination of binary phase-shift keying
(BPSK) and a spreading code [58], [59]. Chirp-UWB can be considered as
a composite of the FM-UWB and UWB IR techniques where the wireless
signal is both frequency modulated and cut into short pulses. Data can
then be encoded, for instance, into the direction of a frequency-modulating
sweep, named as a chirp. Finally, MB-OFDM adopts a distinct modulation
approach where data is divided into multiple simultaneous narrow-band
streams with a relative long symbol duration. These streams overlap
in time but adjoin in frequency. Based on the target data rate and link
quality, the streams can be modulated using simple quadrature phase-shift
keying (QPSK) or more complex constellations based on 16-quadrature
amplitude modulation (16-QAM). The streams are used to modulate the
RF MB-OFDM signal that is time-hopped between up to three bands inside
5 possible band groups, resulting in an ultra-wide total signal band [60].
OFDM is widely deployed in cellular radio systems.

The Federal Communications Commission (FCC) in the U.S. permitted
the deployment of UWB devices for imaging, communication, measurement
and vehicular radar systems in 2002 [61]. The permission quickly created
a boost in related research that, however, started fading quickly after 2010
[62], [63]. A reason for the fading of both industrial and academic interest
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Figure 3.3. Terminology as used in this dissertation. (a) Impulse. (b) Pulse. (c) Sequence
of impulses but not a pulse. (d) Sequence of pulses.

stemmed from a competition between two industry alliances that supported
mutually exclusive modulation tecniques, DS-UWB and MB-OFDM, as
the basis for the IEEE-802.15.3a standard. This standard was intended
for high-data-rate, short-range UWB radio links. No agreement could
eventually be reached between the opposing parties and, consequently, the
standardization process was fully stagnated in 2006 [63]. Nevertheless,
several UWB standards such as IEEE 802.15.4-2015 and IEEE-802.15.6-
2012 are active today. The IEEE-802.15.4-2015 standard uses the UWB IR
radio system approach and is intended for low-data-rate wireless personal
area networks whereas the IEEE-802.15.6-2012 utilizes both UWB IR and
FM-UWB and is targeted for wireless body-area networks [62]. From some
of the existing industiral solutions, the DW1000 integrated circuit [17]
from Decawave follows the IEEE-802.15.4-2011 standard (an old version of
IEEE-802.15.4-2015) whereas the X4 integrated circuit [18] from Novelda
follows no specific standard.

Many early works on UWB IRs associate the term impulse with a mono-
cycle, i.e. one cycle of a sine wave [64], [65] as in Fig. 3.3(a). However,
modern UWB IR designs often deploy waveforms composed of a polycycle,
i.e. a number of cycles of a sine wave as in Fig. 3.3(b). While modern
UWB impulse radio systems could be, consequently, known commonly as
UWB pulse radios, the historical name persists. Nevertheless, some UWB
terminology such as pulse position modulation [64] uses the term pulse
as its basis. There are also authors that refer to a train of individual
impulses, like in a heart beat as in Fig. 3.3(c), as a pulse [58]. In this
dissertation, however, we use the term impulse to denote a monocycle
(or similar waveforms such as a root-raised cosine) and the term pulse to
denote a polycycle, as in Figs. 3.3(a)–(b). A number of successive individual
(im)pulses are refered to as, for instance, a train or sequence of (im)pulses,
as in Figs. 3.3(c)–(d).
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Figure 3.5. Pulse train from a UWB IR transmitter. From [III]: ©2017 IEEE.

UWB radio systems are regulated by a diverse set of regional spectral
masks for specific use cases such as location-tracking systems, aircraft
usage or generic usage [66]–[68]. The generic spectral mask deployed in
the U.S. [67] represents one of the most relaxed masks globally whereas
the generic European [68] and Japanese [69] masks represent the most
strict ones [66], as shown Fig. 3.4. The allowed power density levels of the
generic European mask are lowered by 34.8 dB below 0.96 GHz and by
23.7 dB above 10.6 GHz compared to the generic mask in the U.S. Due to
the strict relative spectral regulations in Europe, UWB radio systems that
comply with the European mask have good readiness for global compliance.
In contrast, UWB radio systems optimized for the U.S. can be possibly
deployed globally only with significant external lossy filtering or reductions
in signal power or data rate. In addition to average power density, the
regulations also limit maximum power density. However, the maximum
power density limits concern mainly applications that require high-energy
pulses, such as UWB radars.
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3.2 Low-power UWB IR systems

UWB IR systems have been demonstrated for multiple applications includ-
ing short-range high-data-rate wireless links [70]–[72], high-speed neural
recording [73], radars [74] and human vital sign monitoring [75]. However,
UWB IRs are also a prominent solution for ultra-low power wireless links
[13], [76] due to their inherent support for aggressive duty cycling. As
discussed above, UWB IR transceivers deploy a nanosecond-long pulse-like
signal waveform instead of using a continuous carrier signal like conven-
tional radio transceivers. An example unmodulated pulse train is shown
in Fig. 3.5. The pulses have a carrier frequency fc of about 3.9 GHz and
they are transmitted at a pulse repetition rate (PRR) of 105 MHz. The
duty cycle of an impulse radio transmitter DCIR can be estimated based on
its PRR and the duration of its pulse waveform by using

DCIR ≈ tpulse ·PRR , (3.1)

where tpulse is the duration of a pulse. Assuming BPSK modulation (one
data bit per pulse) and a 3-ns pulse length as in Fig. 3.5, the duty cycle
of a 100 kbit/s transmitter becomes only 0.03 %. This coarse estimation
assumes that the transmitter can be turned on and off infinitely fast, i.e.
that the transmitter is active only during the generation of a pulse. A UWB
IR receiver can achieve this duty cycle presuming a perfect synchronization
with the transmitter, i.e that the receiver knows exactly when to expect
an incoming pulse. Any uncertainity in the timing of an incoming pulse
translates to longer reception periods.

In addition to a radio transceiver front-end, a UWB IR transceiver also
requires a set of back-end circuitry such as a data modulator, a data
demodulator and clock generators. Both the transceiver front-end and
back-end consume both static power Ps and some amount of energy Epp

per generated (or received) pulse. Consequently, the system-level power
consumption of a UWB IR transceiver at a given PRR can be estimated
from

Pavg = Ps +Epp ·PRR

= Ps +
Ep

η
·PRR , (3.2)

where Ep is pulse energy and η is the energy efficiency of pulse generation,
defined as

η = Ep

Epp
. (3.3)

Figs. 3.6 and 3.7 use (3.2) to illustrate the average power consumption
and efficiency of two hypotethical UWB IR transmitters, Tx0 and Tx1.
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Figure 3.6. Power consumption of two hypothetical UWB IR transmitters, Tx0 and Tx1.
Tx0 consumes a small amount of active energy per generated pulse but is
suffers from a high static power consumption level. Tx1 benefits from a much
lower static power consumption level but it suffers from a low pulse generation
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Figure 3.7. Efficiencies of the hypothetical UWB IR transmitters in Fig. 3.6.

Both the transmitters generate 2-pJ output pulses. Tx0 consumes only
7 pJ per pulse but it suffers from a high static power consumption level of
20 μW. Due to this high static power consumption level, Tx0 begins to lose
its efficiency already at data rates below 10 Mbit/s, assuming BPSK. In
contrast, Tx1 consumes as much as 150 pJ per pulse but leaks only 700 nW
of power. Tx1 can, therefore, retain its maximum efficiency down to a data
rate of about 10 kbit/s but it actually never achieves a very high efficiency
due to the large active power consumption. In summary, Eq. (3.2) shows
that a UWB IR system has to retain both a low static power consumption
level and high efficiency to maintain a low power consumption level over a
wide range of PRRs.

While high efficiency and low static power consumption are both desirable
features for a low-power UWB IR transceiver, they are also mutually
contradicting design targets. For instance, the use of low-threshold CMOS
transistors allows the design of a fast DL and digital power amplifier (PA)
switches with low equivalent series resistance (ESR), but low-threshold
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Figure 3.8. Popular modulation types for low-power UWB IR radio systems.

CMOS transistors also leak considerably more current than high-threshold
transistors. DLs can also be accelerated by using current-mode logic
[77], [78] instead of conventional digital CMOS logic but current-mode
logic requires current biasing. The contradiction could be circumvented
by duty-cycling a UWB IR system at data packet level instead of pulse
level. A UWB IR transmitter duty cycled at packet level would transmit
data in short high-data-rate bursts in between relatively long idle periods.
The long idle periods can allow powering the transmitter down in between
the data bursts, lowering average leakage current levels. However, this
technique stipulates an improved spectral quality from the transmitter.
For instance, a transmitter whose spurious tones break a regional spectral
mask nominally at a PRR of 1 MHz would have to reduce the relative
level of the tones by 10 dB to allow increasing the maximum PRR to
10 MHz. If the spectral quality of the transmitter is not improved, the
packet-level duty-cycling becomes only possible by dropping the average
data rate correspondingly. This might not be an issue in applications that
necessitate only a low data rate but limit the overall applicability of the
UWB transmitter.

3.3 Data modulation in low-power UWB IR systems

UWB IR transceivers can utilize demanding data modulation types similar
to the modulations deployed by conventional narrow-band radio systems.
However, recently published UWB IR transceivers favor simple modulation
techniques such as OOK, BPSK or PPM [79]–[81]. The selection of a data
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BPSK DB-BPSK 
Figure 3.9. Principle of BPSK and DB-BPSK data modulations in UWB IR systems.

modulation type depends on an intricate set of requirements such as
detection reliability, spectral peaking, the complexity of implementation,
and network type. For instance, an unsymmetrical start network based on
a number of low-power UWB IR transceivers connected to a common high-
power central gateway transceiver may benefit from separated modulation
types for uplink and downlink communications that shift power-hungry
tasks to the gateway. At the same time, a symmetrical mesh network
where low-power transceivers communicate directly with each other may
benefit from a common data modulation type that is equally demanding to
transmit and receive.

The basic operation principle of OOK, BPSK and PPM is depicted in
Fig. 3.8. In BPSK, data is encoded into relative pulse phase changes of 0 ◦

and 180 ◦. Instead of inverting the phase of a pulse in a truly differential
manner, the phase can also be inverted virtually by delaying the pulse
in time by 0.5/ fc, corresponding to a phase change of 180 ◦, as shown in
Fig. 3.9. This method is known as delay-based binary phase-shift keying
(DB-BPSK). In OOK, the binary bits are encoded into relative amplitude
changes of 100 % (on) and 0 % (off). In PPM, data is modulated to the
time-domain position of the pulses rather than their phase or amplitude.
The position of the pulses can checked against a global time reference as in
PPM or against the position of a reference pulse as in DPPM. The 8-DPPM
modulation scheme, shown in Fig. 3.8, encodes log2(8)= 3 bits per DPPM
symbol composed of two pulses. A DPPM symbol ends immediately at the
data pulse that simultaneously acts as the reference pulse for the following
symbol [3]. In theory, DPPM allows encoding an arbitrary number of bits
to the time difference of just two pulses. However, the possible number of
bits per symbol is in practice limited by factors such as noise, interference
and clock jitter.

The energy efficiency of DPPM and OOK are compared from transmission
perspective in Fig. 3.10 [IV]. The presented comparison presumes the TFE
from [III]. The consumed energy per bit of the UWB IR transmitter is
computed taking into account the contributions of the pulse generator, a
clock source based on a ring oscillator (RO), and a DPPM modulator. The
contribution of the pulse generator includes both active energy and leakage.
The comparison demonstrates that a microwatt UWB IR TFE encoding 5–7
bits per DPPM symbol may achieve considerable improvements in energy
efficiency compared to OOK due to requiring a smaller number of generated
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Figure 3.10. Per-bit energy consumption (EPB) of a UWB IR transmitter utilizing OOK
and DPPM encoding B bits per symbol. The shown analysis takes into
account the contributions of the pulse generator (PG), ring oscillator (RO),
and DPPM data modulator (MOD). The pulse generator also leaks power
(L,PG). From [IV]: ©2016 IEEE.
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Figure 3.11. UWB IR receiver models. (a) Non-coherent energy-detecting receiver. (b)
Coherent stored-reference receiver.

pulses per transmitted bit. However, this efficiency improvement does not
apply to UWB DPPM receivers that have to inspect all candidate “on” and
“off” time slots.

We study briefly the noise performance of OOK, BPSK and PPM demod-
ulators by using the two simplified receiver topologies shown in Fig. 3.11.
We perform the simulation in MATLAB by MathWorks. A non-coherent
energy-detecting receiver is depicted in Fig. 3.11(a). An incoming pulse is
amplified by a low-noise amplifier (LNA) and band-pass filtered at RF, after
which the pulse is squared and integrated over a 6-ns detection window
tdet. The RF filter uses a −6-dB bandwidth of 500 MHz. The wide detection
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window allows for a fair nanosecond-range clock jitter. When receiving
OOK-modulated data, the receiver compares the integrated energy level to
a threshold level that is slighly above the energy level generated by noise.
When receiving PPM data, the energy of a time slot is compared against
the energy of other potential pulse locations. The time slot with the highest
energy level during a PPM symbol is interpreted as a received pulse. A
correlating BPSK receiver is depicted in Fig. 3.11(b). A received pulse is
correlated to a stored template using, for instance, a multiplying mixer. An
optimal stored template would be identical to the received pulse waveform,
making the correlator effectively a matched filter. However, approxima-
tions are also deployed, such as a windowed sinusoidal LO signal in analog
correlating receivers [82]. The sign of the net energy at the correlator
output is highly dependent on the relative phase of the received signal
and the template. This receiver type is coherent since it requires accurate
synchronization with the transmitter. In our simulation, we correlate the
received pulse with a 0◦ and 180◦ template and substract the integrated
correlation outputs. The phase of the received pulse is interpreted from
the sign of the subtracted result.

The simulated noise performances of the OOK, BPSK and PPM are com-
pared in Fig. 3.12(a). Figs. 3.12(b)–(d) show the normalized received energy
distributions of transmitted ones and zeros for the three modulations at
the bit error ratio (BER) of approximately 10−3. The detection threshold
of OOK is set to a fixed level that gives a small relative amount (< 10−5)
of false positives. The used 32-PPM modulation scheme encodes 5 bits
per PPM symbol. The simulations assume an additive white Gaussian
noise channel and use a root mean square (RMS) clock jitter of 5 ps at
both the transmitter and receiver. The immediate carrier-to-noise ratios
(CNRs) are reported at the demodulator inputs of the receivers as shown in
Fig. 3.11, where the effective carrier power Pp of a pulse is extracted from
the pulse energy and detection window length according to Pp = Ep

tdet
. CNR

can be viewed as the signal-to-noise ratio of a modulated signal before
demodulation [83, p. 93], [84]. The immediate CNR can be considered as a
measure of the maximum communication link range.

OOK suffers from poor noise performance because it has to use a con-
servative threshold level to prevent the generation of false ones. The
performance of OOK could be slightly improved by using an adjustable
threshold, i.e. by setting an optimum threshold for each BER target sepa-
rately [85, p. 291]. In PPM, the received energy inside a time slot is not
compared to the general noise level but rather against the other candidate
“on” time slots of the same symbol. This kind of soft decision effectively
results in a more effective adaptive threshold that is automatically ad-
justed separately for each symbol [3]. DPPM can also utilize soft decision
at either symbol or packet level [3]. In our simulation, the soft decision
scheme gives a performance boost of about 1 dB compared to OOK. BPSK
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Figure 3.12. BER of OOK, BPSK and 32-PPM as functions of CNR. The distributions of
detected energy levels for the different modulations are shown at a BER of
about 10−3. (a) BER simulation. (b) Energy distribution of OOK. (c) Energy
distribution of 32-PPM. (d) Energy distribution of BPSK.

has fair noise performance due to its coherence. The coherence allows the
use of the matched filters at the demodulator that remove noise much more
efficiently than the RF filter at the receiver front-end. Indeed, the omission
of the RF filter from the idealized receiver of Fig. 3.11(b) has little effect
on the simulated performance of the receiver. In reality, the removal of
the RF filter would make the receiver vulnerable to off-band interference
and prone to desensitization. Rather than deciphering the existence of an
incoming pulse, the coherent BPSK receiver compares the hypothesis of a
non-inverted-phase pulse to that of an inverted-phase pulse, which moves
the reference distribution to the negative side of the normalized energy
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Figure 3.13. BER of OOK, BPSK and 32-PPM as functions of CNR per bit.

Table 3.1. Low-power oscillators.

Design (et al.) Method Power Frequency RMS jitter
Ruffieux, JSSC 2014 [86] XO 400 nW 131 kHz 700 ps�

Faisal, S3S 2015 [87] ADPLL† 570 nW 500 kHz 4.7 ns
Ruffieux, JSSC 2010 [88] MEMS osc. 3.2 μW 965 kHz 3 ns

Liu, JSSC 2019 [89] Relax. osc. 69 μW 1.05 MHz 160 ps
Ruffieux, JSSC 2010 [88] RO 30 μW 1.1 MHz 330 ps

Jee, JSSC 2015 [90] MPLL† 480 nW 3.2 MHz 8 ns
Chen, TCAS-I 2016 [91] Relax. osc. 56 μW 13 MHz 79 ps
Iguchi, JSSC 2017 [92] XO 19 μW 39.25 MHz 114 ps
Chen, JSSC 2012 [93] PLL‡ 440 μW 433 MHz 5.5 ps

� Integrated over the reported phase noise from 10 Hz to 130 kHz in [86, Fig. 13]
‡ From a 1.8-MHz reference
† From a 32-kHz reference

plane in Fig. 3.12(d).
Fig. 3.13 shows the noise performance of the modulations as a function

of the CNR per bit instead of the immediate CNR: 32-PPM requires only
one pulse per five data bits, decreasing its per-bit carrier power by about
7 dB compared to BPSK. OOK requires one pulse per two data bits, giving
a corresponding improvement of about 3 dB, assuming a balanced bit
stream. Fig. 3.13 demonstrates that 32-PPM outperforms the two other
modulations from the perspective of transmission energy efficiency, and
the performance of OOK also improves with relation to BPSK.

While the above idealized analysis gives a coarse picture of the relative
performance of OOK, BPSK and PPM, it does not take into account many
important factors such as the non-linearity of the receiver, the interference
tolerance of the demodulators, the complexity of implementation or timing
requirements. For instance, despite its fair noise performance, the coher-
ent operation of BPSK presumes a highly accurate system clock. The pulse
waveform of an 8-GHz UWB IR transmitter, for instance, has a cycle time
of 125 ps. The reliable detection of a 180 ◦ phase change would therefore
require a time resolution considerably better than 125 ps / 2 = 62.5 ps
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(peak-to-peak). However, recently published low-power oscillators report
either an RMS jitter level of at least hundreds of picoseconds or a power con-
sumption level of at least tens of of microwatts, as shown in Table 3.1. The
table lists a diverse set of different oscillator types: XOs, an analog PLL,
an all-digital PLL (ADPLL), a multiplying PLL (MPLL), a free-running
ring oscillator, a microelectromechanical systems (MEMS) oscillator and a
relaxation oscillator. Unlike BPSK, OOK and PPM subsist on a ns-jitter
clock source as long as it does not significantly increase the length of the
detection window tdet. Another benefit of OOK and PPM is that they make
do with a simpler receiver architecture.

Even non-coherent UWB IR systems can utilize PSK by deploying a tech-
nique named transmitted reference [94] where a transmitted data pulse is
correlated with a transmitted preceding reference pulse. This correlation
process, however, requires an ultra-wide band ns-range delay element [95]
that is difficult to implement [94]. Consequently, few realizations [96] of a
transmitted-reference receiver have been demonstrated in literature.

The spectral effects of BPSK, DB-BPSK, OOK and DPPM are studied
through simulations in Figs. 3.14–3.18. The simulations use random data;
a sampling rate of 100 Gsps, an averaging time (simulation length) of
100 μs, a baseband clock RMS jitter of 5 ps, and a baseband clock frequency
fbb of 10 MHz. The used pulse waveform is Gaussian with a pulse energy of
1.7 pJ and bandwidth of about 500 MHz. The pulse waveform also includes
some second harmonics with a relative level of about −45 dB. The shown
spectra are extracted from time-domain data by applying the discrete
Fourier transform (DFT). The frequency-domain data is scaled further to a
virtual resolution bandwidth (RBW) of 1 MHz by applying a 1-MHz-wide
moving average window. The resulting power density is compared to the
European spectral mask regulated by the European Comission (EC). The
simulations are executed in MATLAB.

A non-modulated pulse train with a PRR of 10 MHz and carrier frequency
fc of 7.5 GHz is presented in Fig. 3.14. The systematic repetition of a pulse
waveform at a 10-MHz rate generates considerable spectral peaks with a
spacing of 10 MHz. These peaks might break a regional spectral mask for
an otherwise compliant transmission.

As shown in Fig. 3.15 and, for instance, in [79], spectral peaks are
also strongly present in an OOK-modulated pulse train even though the
magnitude of the peaks is reduced compared to a non-modulated signal.
The peaks are generated due to the pulses still occuring at a systematic rate
but OOK-modulation adds some randomness. Consequently, some peak
energy is whitened and transfered to an increase in the general signal level.

BPSK-modulated pulse trains do not suffer from spectral peaks because
the random-looking phase shifts generated by the modulation also effec-
tively whiten out the baseband signal, as shown in Fig. 3.16. This desirable
feature of BPSK has been acknowledged in [97]. In [98], the same feature
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Figure 3.14. Unmodulated pulse train with a 10-MHz PRR. (a) Time domain. (b) Spec-
trum. (c) Zoomed spectrum.
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Figure 3.15. OOK-modulated pulse train with a 10-MHz PRR. (a) Time domain. (b)
Spectrum. (c) Zoomed spectrum.
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Figure 3.16. BPSK-modulated pulse train with a 10-MHz PRR. (a) Time domain. (b)
Spectrum. (c) Zoomed spectrum.
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Figure 3.17. DB-BPSK-modulated pulse train with a 10-MHz PRR. (a) Time domain. (b)
Spectrum. (c) Zoomed spectrum.

was shown to apply to OOK-modulated pulse trains that are scrambled
pseudo-randomly with DB-BPSK. However, the use of DB-BPSK comes
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Figure 3.18. 32-PPM-modulated pulse train with a 70-MHz baseband clock and 5 bits
encoded per symbol. (a) Time domain. (b) Spectrum. (c) Zoomed spectrum.

with the disadvantage that the whitening does not apply to the second
harmonic of the transmission signal, as demonstrated in Fig. 3.17. The
random phase shift of a signal has to be close to 180 ◦ to provide peak
whitening, and in the delay-based modulation scenario this does not apply
to the second harmonic of the transmission signal.

The spectrum of a PPM-modulated pulse train is shown in Fig. 3.18.
The used 32-PPM modulation scheme encodes 5 bits per PPM symbol.
PPM consumes less transmitted energy per bit than OOK for an otherwise
identical system but it comes with a decreased data rate. The shown
simulation uses a baseband clock frequency fbb of 70 MHz to achieve a
comparable data rate to the simulations in Figs. 3.14–3.17. The modulated
spectrum shows major spectral peaks with a spacing of fbb due to pulses
occuring systematically with a spacing of tbb = 1/ fbb.

Three alternative methods for the peak whitening of OOK- or PPM-
modulated pulse trains are demonstrated in Fig. 3.19, with zoomed views
provided in Fig. 3.20. As discussed above and shown in Figs. 3.19(a) and
3.20(a), the spectral peaks can be removed with pseudo-random true phase
scrambling assuming that the scrambled 180-degree phase shift applies to
the harmonic tones of the transmission signal. The power density level of
the carrier signal is attenuated by 3 dB compared to Fig. 3.16(c) because
balanced OOK-modulated data requires only 0.5 pulses/bit whereas BPSK-
modulated data requires 1 pulses/bit. However, rather conveniently for
low-power devices, the spectral peaks can also be whitened by the effective
random action of a high-jitter (low-power) baseband clock [3], as shown in
Figs. 3.19(b) and 3.20(b). As a further advantage, the jitter of a baseband
clock also shows as random for any harmonic tone of a signal. Random
time-hopping sequences have been shown to have a similar effect in [97].
The third method of peak whitening, shown in Figs. 3.19(c) and 3.20(c),
applies in particular to low-data-rate UWB IR radio systems that can use
a low-frequency baseband clock. The use of a low-frequency baseband clock
reduces the corresponding spacing of the spectral peaks in frequency as
demonstrated by Figs. 3.14 and 3.15. The peaks get eventually averaged
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Figure 3.19. Power spectra of OOK-modulated pulse trains with different peak whitening
methods applied. (a) Phase-based scrambling. (b) Jitter-based scrambling.
(c) Use of a sub-RBW fbb.
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Figure 3.20. Zoomed spectra from Fig. 3.19.

out when the spacing drops below the RBW of a measurement system.
The peaks are not whitened in reality but they do not show due to the
measurement setup. This effect takes place, for instance, in the spectral
compliance measurements of low-data-rate UWB IR systems for the EC
mask that dictates the use of a 1-MHz RBW for average power density
measurements [99].

The spectral effects of a non-ideal pulse waveform are inspected in
Fig. 3.21. The ideal pulse waveform used in the above analysis is replaced
with the non-ideal pulse in Fig. 3.21 whose envelope has been quantized
down to 16 (4-bit) discrete levels. In addition, the originally Gaussian pulse
has been compressed by scaling the envelope with the Gauss error function
(soft clipping) and by limiting the peak magnitude of the envelope to 75 %
of the original value (hard clipping). The final peak-to-peak amplitude of
the pulse is always scaled to 0.7 V. The spectral effect of the quantization
in a scrambled OOK-modulated pulse train is shown in Fig. 3.21(b) and the
spectral effect of the clipping is shown in Fig. 3.21(c). The quantization re-
sults in deterministic spectral peaks whose magnitude are a function of the
quantization depth. The peaks generated by 4-bit quantization are strong
enough to break the EC mask at low and high frequencies. The clipping
makes the pulse envelope look more rectangular which causes strong sinc-
like spectral side-bands that can break the EC mask near the carrier. The
combined effect of quantization and compression is shown in Fig. 3.22(a).
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Figure 3.21. Spectral effects of a non-ideal pulse waveform. (a) 7.5-GHz pulse waveform
with a 4-bit quantized envelope and both soft and hard clipping. (b) Effect of
4-bit envelope quantization. (c) Effect of envelope clipping.
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Figure 3.22. Spectra of non-ideal OOK-modulated pulse trains. (a) Spectrum of the pulse
wavefrom in Fig. 3.21(a). (b) Corresponding frequency-hopping spectrum
with non-ideal pulses centered at 6.5, 7.0, 7.5 and 8.0 GHz.

The spectral effects of a non-ideal pulse waveform are hard to remove since
they are caused by deterministic processes. However, the maximum PRR
of a spectrally-limited transmission can be boosted slightly by applying
frequency hopping between multiple carrier frequencies that allows dis-
tributing the data and distortion signals over a wider band. For instance,
hopping between 4 carrier frequencies, as in Fig. 3.22(b), decreases the
spectral densities of the carrier signal, sidelobes and harmonics by 6 dB,
allowing a higher PRR. However, frequency hopping does not decrease
the level of any signal that is common to all pulses despite the carrier
frequency, such as a possible supply ripple coupled to the transmitter
output.

3.4 LO-based and DL-based UWB IR transmitters

The carrier signal of a UWB IR transmitter can be synthesized by an LO
or a DL. In an LO-based transmitter, the carrier signal is generated by
an oscillator like an RO or LC oscillator (LCO), as depicted in Fig. 3.23(a).
In a DL-based transmitter, the carrier signal is generated by a DL whose
intrinsic rising and falling edges are combined into an effective carrier sig-
nal, as depicted in Fig. 3.23(b). A DL-based transmitter is also known as a
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Figure 3.23. Generix UWB impulse radio transmitter architectures. (a) LO-based trans-
mitter. (b) DL-based transmitter. Derived from [I] / the waveform generator
added to sub-figure (a): used under CC BY 4.0.

finite-impulse-response transmitter [100], because its structure resembles
that of a finite-impulse-response filter, or an edge-combining transmitter
[73], [79],[I], because the final carrier signal is generated by combining
the rising and falling signal edges of the DL. However, also LO-based
transmitters deploy edge-combining techniques [98], [101].

An LO-based UWB IR transmitter benefits from its conventional means
for carrier generation; both ROs and LCOs have been studied exessively in
the past decades and they both can achieve a wide range combined with a
good tuning resolution. The accuracy of the LO should be around ±25 MHz
(±3300 ppm at 7.5 GHz), corresponding to a 10-% carrier frequency error
for a 500-MHz UWB system. In low-power applications, it would be de-
sirable to operate the LO without a PLL since even power-pinching PLLs
consume hundreds of microwatts of power [93]. Additionally, PLLs bring
about a considerable settling time, which makes the duty-cycling of the
transmitter less efficient. The LO should instead operate in a free-running
open-loop fashion in regular use. This kind of free-running operation is
supported by LCOs in particular due to the decent quality factor of an
integrated LC tank. A free-running LO applying specific fast start-up
techniques can achieve a fairly short start-up time, such as around 1 ns
for the LCOs in [13], [102], [103] and several nanoseconds for the RO in
[104]. A free-running digitally-controlled LCO can be designed to drift
by just several ppm/h [105] and LCOs can achieve a low supply sensitiv-
ity of just 100 ppm/V [106], [107]. Gigahertz open-loop LCOs have been
reported with temperature sensitivities in the order of ±100 ppm/◦C [105]–
[107], which corresponds to a rather high total offset of about ±6000 ppm
from −40 to 85 ◦C. However, the deployment of temperature compensa-
tion techniques allows pushing the effect of temperature below ±100 ppm
[107], [108]. The temperature calibration of an LCO can be performed in
production or in the field by using a digital PLL, in which case the PLL
could be opened after performing the calibration. Altogether, the use of an
open-loop LCO in a low-power UWB radio system seems like a plausible
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option despite some challenges.
ROs suffer from a high sensitivity to process, voltage and temperature

(PVT) variations compared to LCOs, making them a more laborious option
to deploy: some omit the calibration of the RO altogether [101], [109],
some use a PLL [74], [110]–[112], some use injection locking to a reference
clock [113] or to a received radio-frequncy signal [114], and some use
a low-frequency counter [98], [115]. While these calibration techniques
succesfully allow the use of an RO in a UWB IR transmitter, they also
considerably impair the efficiency of the transmitter in highly duty-cycled
operation.

The serial output of an LO demands a serial pulse envelope shaper and
shaping waveform generator, as depicted in Fig. 3.23(a). Many designs use
a rectangular pulse envelope that is easy to implement but, as a drawback,
generates considerable side lobes [98], [116] that may violate the regional
spectral emission mask. These side lobes may be acceptable in some cases,
such as when using a low PRR. A Gaussian envelope can be deployed
instead to reduce the level of the side lobes but it requires a more complex
waveform generator. Both the generator and shaper may be analog, in
which case the signal quality suffers from PVT variations. For example,
simple analog waveform generators can be based on low-drive inverters
timed with a high-speed clock [13], [14] or a delay line [29], [79], [117]. An
analog shaper can be implemented with cascaded transistors at the PA [13],
[14], [79], [117]. The waveform generator can be also realized digitally, in
which case the transmitter has to perform the digital-to-analog conversion
of the envelope. The required sample rate of the conversion is dictated by
the used pulse envelope, with a 500-MHz (real-valued) envelope calling for
a minimum sample rate of 1 Gsps based on the Nyquist criterion and even
higher in practice for sufficient image spacing. Some designs generate
the envelope at the baseband with digital-to-analog converters [118], [119]
but high-speed digital-to-analog converters have poor support for low-
power applications. Promising shaping results have been demonstrated
with programmble PAs using Gaussian envelopes sampled at about the
carrier frequency or above [76], [104]. The PAs have nominal pulse shaping
accuracies of 5 and 4 bits, respectively, but their effective accuracies are
not measured. The spectra of the transmitters reveal that the generation
of a high-quality pulse shape remains a challenge for LO-based UWB IR
transmitters.

The DL-based transmitter topology of Fig. 3.23(b) benefits from the
inherent parallelism of the carrier signal generated by the DL. The carrier
frequency fc of a DL-based transmitter is given by

fc = 1
tΔ

, (3.4)

where tΔ is the propagation delay of the DL’s delay units. Each sub-impulse
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of the combined pulse can be weighted by a sub-shaper configured prior
to the generation of the pulse. The combined parallel shaper composed of
the sub-samplers has an effective sampling rate of fc set by the DL. For
instance, the sample rate of an 8-GHz pulse’s envelope is set inherently
to 8 Gsps. However, the sample rate of each parallel shaper is defined by
PRR instead that ranges from just several kHz to several tens of MHz
for a low-power transmitter. The low required sampling speed of the sub-
samplers makes the sampler design for a DL-based transmitter relaxed
compared to an LO-based transmitter. As a drawback, the parallel signals
from the sub-samplers have to be searialized by a combiner that consumes
additional power and causes distortion. Nevertheless, previously reported
DL-based transmitters have demonstrated good shaping accuracy and high
efficiency [120], [121]. In addition, the frequency content of a pulse can be
spread over a wide bandwidth, like in chirp-UWB, by making each delay
unit of the DL separately programmable [120]. Pulses containing a varying
carrier frequency are called compressed.

A major downside of a DL-based transmitter is that its DL suffers from
a high sensitivity to PVT variations, similarly to the RO of an LO-based
transmitter. This similarity is quite understandable since an RO can be
seen as a closed-loop DL. A DL operates in a one-shot fashion while an
RO operates in a continous pseudo-steady-state fashion. The frequency
of an RO can be calibrated using a frequency-locked loop and the delay
of the DL can be calibrated by using a delay-locked loop (DLL) [77], [122].
However, as noted before, the frequency synthesizer of a low-power duty-
cycled UWB IR transmitter should operate, generally speaking, with any
power-hungry calibration loops disabled. A DL also consumes a significant
amount of area compared to a simple RO because a DL does not re-use
its delay units, which makes the design of a DL’s delay unit very area-
restricted. While the one-shot operation of a DL means that it has no
start-up time, it also makes the tuning of a DL less straightforward than
the tuning of an RO. Some possible methods for tuning the DL of a UWB
IR transmitter include current starving [73], [122], [123], switchable DL
driver transistors [120], [121],[III], voltage-controlled DL drive transistors
[16], switchable DL load capacitors [71], and voltage-controlled DL load
varactors [77]. However, these methods suffer from limited resolution and
linearity [71], [120], [121], static power consumption [77], [122] and analog
tuning from an off-chip source [16]. The PVT variations of a DL are often
handeled by using a continuous DLL [77], [122]. Many reported DL-based
transmitters also just omit the calibration of their DL despite its high PVT
sensitivity [73], [120], [121], [123]–[125],[III].

In summary, an LO-based UWB IR transmitter benefits from a straight-
forward and high-quality carrier generation but suffers from challenging
pulse shaping. In contrast, a DL-based UWB IR transmitter benefits from
relaxed pulse shaper design but suffers from demanding carrier gener-
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combiners (C), a power amplifier and a matching network (MN). Adapted
from [I] / labels enlarged: used under CC BY 4.0.

ation. In the following section, we present a DL-based programmable
pulse-shaping impulse radio TFE design that deals with the carrier gen-
eration problem by deploying a high-resolution DL that can be operated
in an open-loop fashion. The TFE is an upgraded adaptation of the more
simple DL-based design in [III]. The measurement results of the TFE are
presented in Section 3.6.

3.5 A microwatt UWB IR transmitter front-end for
energy-harvesting devices

The structure of the TFE is depicted in Fig. 3.24. The DL of the TFE has
32 delay units (Δ), the construct of which is presented in Fig. 3.25(a). The
operation of the units is detailed in [III] and its 9-phase timing diagram is
presented in Fig. 3.25(b). A rising edge at the input propagates through the
unit during phases 1–5 like in a series of inverters, triggering the following
unit after a propagation delay tΔ. The progagation delay sets the carrier
frequency of the TFE according to (3.4). By utilizing feedback, each delay
unit generates an impulse waveform at its node outr that is propagated
to a router (R). The feedback also allows the delay unit to be refreshed
in just three phases 7–9. The routers act as sub-shapers as presented
in Fig. 3.23(b). The construct of the routers is depticted in Fig. 3.25(c).
The routers propagate an incoming impulse to up to 4 parallel outputs
simply by controlling the transparency of 4 parallel inverters through
switch transistors Ms. The different router outputs have a different bi-
nary weight at the PA. In other words, the digital amplitude control of
a transmitted pulse’s each sub-impulse is allowed by the different pos-
sible impulse combinations at the output of the corresponding routers.
The impulse combinations are controlled by the router-wise tuning word
en<3:0>. The output impulses of the routers are serialized by combiners
(C), the construct of which is presented in Fig. 3.25(d). One combiner has 4
parallel inputs and 1 serial output. The combiners have to be laid out as
consistently as possible for minimal pulse distortion, including the routing
of sequential combiners. For this reason, the combiners use an imbricated
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Figure 3.25. Sub-blocks of the TFE. (a) Delay unit. (b) Timing diagram of the delay unit.
(c) Router. (d) Combiner. (e) Layout of the combiner. (f) PA. Sub-figures
(a),(c),(d),(f) from [I]: used under CC BY 4.0.

layout as presented in Fig. 3.25(e). The imbricated layout ensures that all
corresponding signal lines have an identical total length and, consequently,
see a similar parasitic capacitive load. Two sequential combiners have
a total conversion ratio of 16:1, i.e. the 32 parallel signals from the DL
are combined into two parallel signal lines α and β for the PA, as shown
in Fig. 3.24. Every other impulse from the delay chain is propagated to
the signal line α and every other to β to relax the timing contraints of the
combiners. The final serialization with a ratio of 2:1 is performed at the
output of the PA, the construct of which is presented in Fig. 3.25(f). The
PA is followed by an integrated matching network (MN) that provides a
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Figure 3.26. Carrier frequency versus the supply voltage of the DL. (a) Effect of process
variations. (b) Effect of temperature.
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DC bias to the drain of the PA, a suitable load impedance ZL for the PA
output and acts simultanously as a band-pass filter. The TFE targets a
compatibility with the EC spectral mask with four 500-MHz sub-bands
using carrier frequencies of 6.5, 7.0, 7.5 and 8.0 GHz.

The DL of the TFE is highly sensitive to PVT variations, as discussed in
Section 3.4. However, the sensitivity of the DL to its supply voltage level
VddΔ not only causes a compensation problem but also offers a means for
tuning the DL: the dependency between VddΔ and the corresponding TFE
carrier frequency fc turns out to be rather linear, as shown in Fig. 3.26.
The linearity of this dependency has been reported previously in [126], for
instance. The strong supply sensitivity also translates to a wide tuning
range, which allows for covering the target carrier frequency range of 6.5–
8.0 GHz also with process and temperature effects taken into account [II].

We use a charge-sharing capacitor bank to make VddΔ programmable,
as depicted in Fig 3.27. The operation of the bank is detailed in [I]. The
capacitor bank includes a 5-bit coarse tuning bank with large unit capac-
itors Cc and a 4-bit fine-tuning bank with small unit capacitors Cf . The
capacitors of the bank charge from either a 1.2-V (Vdd) or 0.6-V (Vdd2)
supply according to coarse and fine frequency tuning words Dc and D f .
The capacitors are isolated from the supplies and connected in parallel
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just before the generation of a pulse. The consequent level of VddΔ results
from charge-sharing between the parallel capacitors in the isolated bank
according to [I]

VddΔ = Qbank

Cbank
= Q0 + Qc

∑M−1
i=0 2iDc,i + Q f

∑N−1
j=0 2 jD f , j

C0 + (2M −1)Cc + (2N −1)Cf
, (3.5)

where Qbank is the total charge in the isolated bank; Cbank is the total
parallel capacitance in the isolated bank; Q0, Qc and Q f are constants
(Qc >Q f ); M is the number of coarse tuning bits; N is the number of fine
tuning bits; and Dc,i,D f , j ∈ {0,1} are the single tuning bits of the frequency
tuning words Dc and D f . Because the capacitor bank provides a linear
means for tuning VddΔ, as shown by (3.5), it also provides a linear means
for tuning fc due to the linear dependency of VddΔ and fc. The capacitor
banks do not have any start-up time and they only drain static current due
to leakage, making them fitting for duty-cycled low-power UWB IRs.

Low-power LDO regulators suffer from poor load regulation performance
and they may be powered by poor power sources in energy-harvesting
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devices. The power supplies of the TFE are, consequently, prone to experi-
encing a strong transient during pulse generation when the TFE suddenly
drains milliamperes of current. Nevertheless, another advantage of the
charge-sharing capacitor bank is that it isolates the DL from the rest of
the TFE specifically during pulse generation. The tolerance of the DL to
the self-inflicted transients of the TFE is therefore significantly improved.
The supply rejection of a unisolated DL is compared to an isolated DL and
separately isolated delay units in Fig. 3.28 through post-layout simulations.
The supply voltage source in the simulations is given a 10-Ohm ESR that
models the resistivity of a supercapacitor [7] or that of a low-power LDO
regulator. The shape of the supply transient follows the TFE’s current
consumption profile during the generation of a Gaussian pulse. When
generating the pulse, the TFE drains a peak current of about 5 mA that
causes a peak supply drop of about 50 mV over the 10-Ohm ESR of the
power source. The delay of an unisolated DL is modulated directly by the
supply transient. An isolated delay chain is not modulated strongly by
the supply transient but rather by the gradual drop of the shared isolated
supply caused by the current consumption of the DL. When all delay units
are isolated separately, the DL achieves a constant propagation delay over
the whole pulse. Consequently, the TFE uses isolated delay units with
separate capacitor banks. The transient of a delay unit’s isolated supply is
simulated post-layout (PL) in Fig. 3.29. The transient includes the charge-
sharing phase, a standby isolation phase with the level of VddΔ set, the
triggering of the delay unit and, finally, the recharge of the capacitor bank.
The slight drop of the on-chip supply during pulse generation is shown in
the control signal of switches φ.

TFE presumes the deployment of relatively accurate LDOs with reason-
able line regulation performance that take care of supply voltage changes.
Additionally, the tuning range of the DL has been designed to cover process
variations [II]. Nevertheless, the propagation delay of the DL still has to
be compensated over temperature. The temperature compensation of the
DL can be performed with a DLL, as discussed in Section 3.4. To save
power and support aggressive duty-cycling, however, we use an open-loop
compensation method relying on a temperature sensor and a digital DL
model. In this thesis, we refer to a DL compensated in an open-loop fashion
as a temperature-compensated DL (TCDL). The DL model also inherently
includes the redundant temperature dependence of supply voltage levels
caused by the finite temperature tolerance of LDO regulators. The TCDL
models the dependency of fc on Dc, D f and T using quadratic interpolators
deploying Newton’s divided difference polynomial method [127, p. 335].
The interpolators are implemented through a finite state machine that
reuses its 24-bit floating-point arithmetic unit. The operation of the DL
model is detailed in [I]. The model was simulated to measure 210 × 210
um2 after place-and-route, and to consume 100 nW of leakage power and
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Figure 3.30. Design and characteristics of the matching network. From [I]: used under
CC BY 4.0.

370 nW of active power at a 250-Hz refresh rate from a 1.2-V supply.
A 100-Hz-level refresh rate should suffice for microwatt devices whose
temperature is expected to change primarily due to ambient effects. The
simulated and measured error of the model is presented in Section 3.6. Ac-
curate nanowatt integrated temperature sensors with a single calibration
point have been presented, for instance, in [128], [129].

The schematic of the MN is presented in Fig. 3.30(a). Inductor L1 and
capacitor C1 create a parallel band-pass resonant circuit. Inductor L1 also
provides a DC bias for the drain of the PA. Capacitor C2 acts as a DC de-
coupler and high-pass filter. The MN is completed with an elliptic low-pass
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section marked with the dashed rectangle. The impedance of the network
is converted down to about 30 Ω by Norton transformation of capacitor C3.
In the transformation, a part of capacitor C3 is moved to the PA side of ca-
pacitor C2, which down-converts the impedance on the PA side of C2 while
retaining the matching properties of the network [130, p. 467]. A similar
design approach has been previously adopted in [131]. PL simulations
suggested that 30 Ω provides a reasonable trade-off between maximum
pulse energy and envelope tuning linearity. The simulated insertion loss
and input impedance of the matching network are presented in Fig. 3.30(c)–
(d). The electromagnetic simulations were performed in Momentum by
Keysight. The simulations include the layouts of the inductors and signal
traces but the capacitors were included using their S-parameter files due
to their complex, computationally laborous layout.

The MN design presumes an ideal 50-Ω load over the whole frequency
band of interest since the radiation efficiency of electrically small antennas
benefit from relatively high resistivity of about 50 Ω [132]. However, the
input impedance of a real antenna varies considerably over frequency,
commonly approaching 50 Ω only over the intended radiation bandwidth.
Ideally, a PA would be co-optimized with a specific antenna to maximize
power transfer over the efficient radiation bandwidth and to minimize
power transfer otherwise. This kind of co-integration of an antenna and
a PA offers additional degrees of freedom, allowing better overall perfor-
mance. The common 50-Ω interface may even be abandoned altogether
in finding an optimal trade-off between PA load impedance and antenna
radiation efficiency, potentially removing the need for a separate MN
altogether [132]. However, high integration comes with restrictions in
universality, e.g. limiting the set of antennas that can be effectively paired
with the PA. Consequently, this dissertation generally presumes a stan-
dard 50-Ω transmitter load. Some antennas can achieve a reasonably good
match to 50 Ω over ultra-wide bandwidths such as 2–11 GHz in [133] or
3–12 GHz in [134], but the radion pattern and efficiency of such antennas
still change over frequency. A 50-Ω transmitter load is also assumed due to
convenience: RF measurement instruments commonly deploy broadband
50-Ω ports.

The presented TFE design does not include data modulators but it sup-
ports OOK, DPPM and PPM by default since their implementation only
requires a latch with a controllable transparency. As discussed in Sec-
tion 3.3, these are very popular modulation types for low-power UWB IR
systems due to their support for simple system-level hardware.
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Figure 3.31. Assmebly of the TFE chip. (a) Die photo. (a) Wirebond assembly. (b) Flip-chip
assembly. Sub-figures (a),(b) from [I]: used under CC BY 4.0. Sub-figures (c),
(d) by Juho Haapala 2019: used with permission.

3.6 Experimental results

The TFE was fabricated in a 65-nm CMOS process. A die photograph of
the TFE is shown in Fig. 3.31(a). The TFE and its trigger logic measure
0.22 mm2. In addition, the chip includes two 1.4-nF supply decoupling
capacitors for Vdd and Vdd2 that measure 0.20 mm2 each. The temperature
compensation logic of the TFE measures 0.044 mm2 after place-and-route
but the logic was not included on chip.

The output impedance and the pulse waveform of the TFE were char-
acterized with an RF probe rated up to 40 GHz, as shown in Fig. 3.31(b).
The chip was wire bonded to its measurement printed circuit board (PCB)
similarly to Fig. 3.31(c) but with bonding wires omitted from the RF output
to allow probing. Two modules like in Fig. 3.31(c) were used initially for
the characterization of the DL but they broke down during early evalua-
tions. The DL of the TFE was eventually characterized using four mobile
flip-chipped modules like in Fig. 3.31(d) that could be placed in a temper-
ature chamber. The RF outputs of the flip-chipped dies are connected to
SubMiniature Version A (SMA) connectors rated up to 18 GHz though
coplanar RF-traces matched to 50 Ω.

The measured return loss of the probed, wire-bonded and flip-chipped
modules are presented in Figs. 3.32(a)–(c), respectively. Based on the
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Figure 3.32. Characterization of the matching network. (a)–(c) Return losses of the three
setups. (d)–(f) Pulse energy sweeps using the three setups. Sub-figures (a),(d)
adapted from [I] / frames and y-axes rescaled from original: used under
CC BY 4.0.

probed setup, the pass-band of the MN is shifted down by more than
500 MHz in comparison to the EM simulations. In addition, the pulse
energy sweep in Figs. 3.32(d) shows that the shape of the pass-band is
skewed and the transmission power is attenuated by about 3 dB in com-
parison to the corresponding sweep simulated in [II]. The simulations in
[II] are performed at about half of the maximum pulse energy while the
measurements in Figs. 3.32(d)–(f) are performed at the maximum pulse
energy. The shift in the pass-band could be explained by the parallel res-
onance frequency of L1 and C1. Indeed, as shown in Figs. 3.32(d) and (f),
the center of the pass-band is shifted back up in the flip-chip assembly
where the inductances of L1 and L2 drop slightly due to the proximity of
the PCB ground plane [135]. Consequently, the pass-band gains a shape
closer to the target. However, the MN would still require a revised design
to achieve better performance. The wire-bonded and flip-chipped modules
cause an additional resonance at around 12.5 GHz that is possibly caused
by the combined effect of the RF trace and SMA connector. The probed
TFE generates about 1.8-pJ Gaussian pulses at 7.5 GHz consuming about
69 pJ per pulse, which corresponds to an efficiency of 2.6 %. The probed
TFE achieves its best efficiency of 4.2 % at the 6.5-GHz target sub-band
where it generates 2.7-pJ pulses consuming 64 pJ per pulse.

The unmodulated power density of the TFE was measured over the
frequency range from 30 MHz to 18 GHz using a 1-MHz resolution band-
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Figure 3.33. Transmitted spectra of the TFE at a 4-MHz PRR. (a) Transmissions at the
four target sub-bands centered at 6.5, 7.0, 7.5 and 8.0 GHz. (b) Zoomed
view. (c) Low-frequency spectral peak of a 7.5-GHz pulse train with i) off-chip
supply decoupling capacitors, ii) integrated supply decoupling capacitors
only, and iii) off-chip supply decoupling capacitors and a 0.6-pF off-chip
DC-decoupling capacitor at the RF output.

width, as specified by ETSI TS 102 883 v.1.1.1 [99]. The spectra of the
TFE at the four target carrier frequencies at a 4-MHz PRR is shown in
Fig. 3.33(a) and a zoomed view is shown in Fig. 3.33(b). An unmodulated
pulse stream would normally cause significant spectral peaks, as simulated
in Fig. 3.14(c) but the TFE was trigged by a 33220A desktop clock source
from Keysight with a specified jitter of as high as 1 ns [136]. The TFE
complies with the EC mask apart from the second harmonics and a low-
frequency spectral peak. As shown in Fig. 3.33(c), the low-frequency peak
can be attenuated by removing off-chip decoupling capacitors from the
measurement PCB or by adding an extra 0.6-pF high-pass filter capacitor
to the RF output. These measures attenuate the transmitted pulse energy
by about 0.4 dB and 0.3 dB, respectively. The signal-to-harmonics ratio of
the TFE is about 30 dB, which is not quite sufficient for EC compatibility at
the 4-MHz PRR. However, the level of the harmonics can be attenuated by
6 dB by deploying frequency hopping, as shown in Figs. 3.22(b) and 3.34(a).
Frequency hopping does not attenuate the low-frequency peak because the
peak is generated by all the four carriers. However, the TFE is fully EC
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Figure 3.34. Transmitted frequency-hopping spectra of the TFE at a 4-MHz PRR. (a)
Probed TFE. (b) Flip-chipped TFE.

compliant at about 4-MHz PRR with the 0.6-pF off-chip capacitor or at
about 500-kHz PRR as fully integrated. Prior works that claim compliance
with the EC mask often neglect spectral peaks [137] or demonstrate the
compliance only over a limited frequency band [29], [72], [75], [137]. The
TFE is also compliant with the Japanese mask at around 7.7-GHz carrier
frequency. Compliance to these masks suggests a good support for other
regions as well because the European and Japanese masks are among the
strictest globally [66]. Fig. 3.34(b) shows the frequency-hopping spectrum
of one of the flip-chipped TFEs. There is a change in the side-lobe levels
that reflect the changed characteristics of the MN. The second harmonic of
the 6.5-GHz carrier is amplified probably due to the 12.5-GHz resonance
of the measurement PCB shown in Fig. 3.32(f). As discussed in Section 3.5,
the spectrum of the TFE could be improved further by careful antenna
co-design. For instance, the low-frequency spectral peak and second har-
monics could be attenuated further by an antenna with a poor out-of-band
match to the PA and MN and poor out-of-band radiation efficiency.

The performance of the DL is evaluated in Fig. 3.35. The TFE is tunable
from about 3.9 to 10.7 GHz at room temperature. The fine tuning resolution
of fc is better than 28 MHz, measured over the four flip-chipped TFEs.
The proposed tuning method functions rather linearly over the whole
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(a) (b) (c)

Figure 3.36. Temperature compensation of the DL. (a) Simulated compensation accuracy
of the 24-bit compensation logic. (b) Simulated compensation accuracy of
the 64-bit compensation logic. (c) Measured compensation accuracy using a
64-bit implementation of the compensation logic in MATLAB. Sub-figure (c)
from [I]: used under CC BY 4.0.

tuning range.
The TFE is designed in particular for an energy-harvesting device uti-

lizing hierarchical power management as depicted in Fig. 2.3. Therefore,
the TFE was tested with the power manager prototype introduced in
Section 2.2. Fig. 2.5(e) shows the temperature error of the TSYS01 tem-
perature sensor and the voltage offset of the 1.2-V (Vdd) and 0.6-V (Vdd2)
LDO regulator as a function of temperature. This kind of supply volt-
age variation has considerable effect on the carrier frequency of the TFE
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whose measured supply sensitivity is 17 and 5 MHz/mV for Vdd and Vdd2,
respectively.

The DL of the TFE was evaluated from −40 to 85 ◦C in sixteen tempera-
ture steps while the TFE was powered by the power manager prototype.
We created an accurate reference model for the DL that has an access to all
the data points of this temperature sweep. We use the reference model to
simulate the frequency offset of the proposed TCDL. The simulated offsets
of a 24-bit and a 64-bit implementation of the open-loop compensation logic
applied to the same TFE are shown in Figs. 3.36(a)–(b), respectively. Both
simulated offsets have a standard deviation of 7.9 MHz, showing that the
24-bit compensation logic functions with a similar accuracy to the 64-bit
compensation logic. The total error includes a systematic temperature-
dependent error that is caused by the non-linearity of the DL and the
LDOs, as shown in Fig. 2.5(e), superimposed with a noise-like error floor
that is caused by the finite frequency resolution of the DL. The systematic
error is close to zero at around −40, 20 and 85 ◦C where the compensation
logic is calibrated, and the error is at its maximum in about the middle of
the calibration points. The compensation logic was implemented in MAT-
LAB for convenience and its error was measured for the four flip-chipped
TFEs. The temperature of the TFEs was swept from −40 to 85 ◦C while
the TFEs were programmed to constantly hop in between the four target
bands. The measured frequency offset of the proposed TCDL is presented
in Fig. 3.35(c), and it is similar to the simulated offset. The achieved
accuracy level of ±30 MHz is close to the ±25-MHz (10-%) accuracy target
for the deployed 500-MHz ultra-wide transmission bandwidth.

The performance of the DL is compared with other DL designs of UWB
IR systems in Table 3.2. The proposed DL achieves a wide range and
a good resolution. It is the only design utilizing a low-power open-loop
temperature compensation method. However, the proposed DL presumes
the deployment of LDOs.

The tolerance of the TFE to low-quality power supplies is evaluated
with the power manager prototype in Fig. 3.37. The TFE is used without
external supply decoupling capacitors on the measurement PCB but the
LDO regulators of the power manager prototype require 1-μF decoupling
capacitors at their outputs for stability. Fig. 3.37(a) shows the transient
of the 1.2-V supply with various SMD resistors soldered on the power
manager prototype board in between the LDO regulator and the TFE. The
figure also shows the transient of the 1.2-V supply when regulated by
the TLV733 instead with no decoupling capacitors at its input or output.
The shown current peak is measured over the 10-Ω resistor. Fig. 3.37(b)
shows the virtually identical shape of the output pulse with the TFE
connected to the power manager prototype directly or through a 100-Ω
resistor. The effect of amplitude tuning word en<3:0> on the amplitude of
each sub-impulse is measured in [I, Fig. 15(a)].
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Table 3.2. Comparison of DL designs in UWB radio systems.

Design (et al.) This
work

Ebrazeh
TBCAS

2015
[121]

Na
TCAS-II
2015 [71]

Wang†

JSSC
2012
[122]

Vauché
TCAS-I

2017 [16]

Zhou††

TMTT
2011 [77]

CMOS process (nm) 65 90 65 130 130 130

Full range (GHz) 3.9–10.7 – 4.9–11.1× 1.2–8.7× 3–5 34.5–46.5

Target range (GHz) 6.5–8.0 3–5 3.1–4.8 1.4–3.3 ≈4.8 40

Resolution over
full range (MHz) 28 430 110×,� 120×,∗ – –

Tuning method
a)

digital
9-bit

b)
digital
4-bit

c)
digital
6-bit

d)
digital
7-bit

e)
analog
off-chip

f)
analog

Compensation TCDL no no DLL no DLL

Calibration in prod. no no DLL no DLL

Static power leakage
only

leakage
only

leakage
only

current
bias

leakage
only

current
bias

a) Capacitively controlled DL supply level b) Switchable DL driver transistors
c) Switchable DL load capacitors d) Current-starved DL
e) Externally-controlled DL supply level f) Voltage-controlled DL load varactors
� Estimated from [71, Fig. 2(b)] ∗ Estimated from [122, Fig. 5]
× Simulated †† DL designed for beamforming
† DL designed for delaying the pulse template of a correlating receiver

The output frequency and pulse energy of the TFE were also evaluated in
a probed setup with various SMD resistors connected in between the supply
inputs of the TFE and the desktop power sources. The distance between the
resistors and the TFE was minimized to about 3 cm, corresponding to an
electrical delay in the order of 100 ps. Broadband 100-nF supply decouping
capacitors were soldered on the power-source side of the resistors. Fig. 3.38
shows that high-ESR supply sources have a minor effect on pulse energy
and frequency provided that the supply source has enough time to recharge
the TFE in between sequential pulses. The carrier frequency of the TFE
drops by about 20 MHz when powered by a 700-Ω source rather than a 1-Ω
source with no significant effect on pulse energy.

The TFE is compared to state-of-the-art UWB IR transmitter front-ends
in Table 3.3. The compared measured works provide similar features to
the TFE and, consequently, face similar design constraints. The compared
works have a signal bandwidth of around 500 MHz, a pJ-level pulse energy
and provide a low to moderate pulse repetition rate. Compared to the
state-of-the-art DL-based designs, the TFE achieves a good frequency
tuning resolution and demonstrates a means for compensating the carrier
frequency. The TFE also features a good pulse-shaping resolution, a low
leakage power level and a decent efficiency. The TFE is the only one
demonstrated to comply with the EC mask with the second harmonics
taken into account. Due to its relative strictness [66], compliance with the
EC mask ensures compliance with most other regions as well with only a
minor impact on performance. While some works report their efficiency by
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Figure 3.37. Operation of the TFE with the power manager protype board. (a) Voltage
and current transients of LDO1 during the generation of a pulse. (b) Pulse
waveform with the LDO output connected to Vdd directly and through a
100-Ω resistor. Sub-figure (a) adapted from [I] / rescaled from original: used
under CC BY 4.0.
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Figure 3.38. Stability of the TFE output with increasing supply source ESR.

default in a continous-wave operation, the efficiencies listed in the table
are defined accoring to (3.3) that also takes the start-up behavior of the
transmitter into account. For instance, the transmitter in [29] achieves a
high continuous-wave efficiency of 7.5-% but the efficiency drops to 3.3 %
in pulsed operation.
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4. Microwatt NB-IoT modems

4.1 Low-power wide-area networks

LTE-M, NB-IoT, LoRa and Sigfox represent specific kilometer-range wire-
less network standards, commonly named as low-power wide-area net-
works (LPWANs), that target in particular low-power, low-cost user equip-
ment (UE) with low data rate requirements. LTE-M and NB-IoT were
standardized by the 3rd Generation Partnership Project (3GPP) and they
operate in licensed spectrum while proprietary LoRa and Sigfox standards
operate in unlicensed spectrum. The term LTE-M is an abbreviation for
Long-Term Evolution with the extension ‘M’ refering to machine type
communications (MTC). The term NB in NB-IoT refers to the narrow-
band operation of the standard while LoRa stands for long range. MTC,
machine-to-machine (M2M) and IoT all refer to communications networks
where smart devices communicate with other smart devices. The massive
intended size of these networks is emphasized with an ‘m’ like, for instance,
in mIoT or mMTC.

LPWANs allow low-power UEs to extend their wireless range by utilizing
ultra-narrow signal bandwidths of as low as 100 Hz, adopted by Sigfox [20].
The dependency between the bandwidth B and range of a radio system
can be inspected through the sensitivity SdBm (in dBm) of a radio receiver
according to

SdBm = 10 · log10(kBT)+10 · log10(B)+NF+CNR , (4.1)

where kB is the Boltzmann constant, T is temperature, NF is the noise
figure of the receiver front-end and CNR is the minimum carrier-to-noise
ratio of the deployed data demodulator to achieve, commonly, a BER of
1 �. The minimum CNRs for OOK, PPM and BPSK demodulators in
UWB IR systems were studied earlier in this thesis in Fig. 3.12. Eq. (4.1)
shows that decreasing signal bandwidth by a factor of 10 improves the
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sensitivity of the receiver by 10 dB, which translates into an extended
wireless range. However, the use of an ultra-narrow signal bandwidth
brings about a penalty in the maximum data rate since the data modulation
of a carrier signal spreads the resulting spectrum. For a continuous-wave
transmission deploying single-sideband modulation and ideal filtering, the
magnitude of this spreading, i.e. transmission bandwidth, can be estimated
from [138, p. 275]

B = 1
tS

, (4.2)

where tS is the time span of a single data symbol. For instance, SigFox uses
differential BPSK that encodes one bit per data symbol [20]. According to
(4.2), the 100-Hz minimum bandwidth of SigFox allows for a symbol time
of 10 ms and, consequently, a maximum data rate of only 100 bps using
differential BPSK.

In addition to the use of narrow signal bandwidths, LPWANs allow UEs
to save significant amounts of power by supporting aggressive duty-cycling.
The maximum idle period of an NB-IoT modem in an extended Discon-
tinuous Reception (eDRX) mode is about 2 h and 55 min [22]. Both LoRa
and Sigfox specify no maximum idle time [139], [140] for an end device:
UEs can intitialize an uplink to a base station freely based on particular
needs. The support for aggressive duty-cycling allows LPWAN modems to
push their average power consumption level to tens of microwatts. This
power consumption level enables a maximum operation time of about 10
years on a single coin battery, which is a common operation time target
for LPWAN UEs [6], [20], [21]. This kind of average power levels could
also be generated by energy harvesting. However, the long idle times also
mean that LPWAN UEs have to re-acquire the network in the beginning of
each data exchange. This need for frequent network re-acquisition favors
a quick acquisition speed especially when the amount of exchanged data is
small.

4.2 Acquisition of an NB-IoT network

The frequency uncertainties of an NB-IoT network are depicted in Fig. 4.1.
LTE base stations can extract a precise frequency and timing reference
through methods such as Synchronous Ethernet (SyncE), the Precision
Time Protocol (PTP), the Network Time Protocol (NTP) or from a Global
Navigation Satellite System (GNSS) signal [141]. A wide-area LTE base
station should detect these reference sources with a detection accuracy
of ±16 ppb [142] at the transport interface, which allows it to meet the
required frequency accuracy of ±50 ppb [142] at the air interface. In
contrast, NB-IoT modems are encouraged to deploy low-cost frequency
references such as uncompensated XOs that commonly feature a frequency
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Figure 4.1. Frequency uncertainty in an NB-IoT cellular network. NB-IoT modems com-
pensate for the inaccuracy of their low-cost frequency references by detecting
the frequency of a high-accuracy base station.

Figure 4.2. Current drain of an NB-IoT modem during network acquisition. From [144]:
©2018 IEEE.

accuracy in the order of ±50 ppm. Meanwhile, the air interface accuracy
specification for NB-IoT UEs is only ±100 ppb for transmission exceeding
one gigahertz [143]. NB-IoT UEs overcome this conflict by detecting and
removing their frequency and timing offset relative to a base station during
network acquisition (cell attachment). The base station transmits two
reoccuring signals dedicated for this purpose, named the Narrowband
Primary Synchronization Signal (NPSS) and the Narrowband Secondary
Synchronization Signal (NSSS). However, the duration of the frequency
detection phase is strongly dependent on the initial frequency offset of the
UE, dominated by its reference XO.

The current consumption profile of an NB-IoT modem [144] during net-
work acquisition is shown in Fig. 4.2. The modem begins the acquisition
with coarse and fine detection of the NPSS and NSSS signals. The detec-
tion is followed by multiple complementary phases such as the reception of
the Master Information Block (MIB) and two System Information Blocks
(SIB), and the establishment of the Random Access Channel (RACH) and
Radio Resource Control (RRC) procedures for an attach request (ATTACH
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RQ). The different communication procedures of NB-IoT are discussed in
[145], for instance.

The average current consumption of the NB-IoT modem in Fig. 4.2 during
network acquisition Iacq is 44 mA with an acquisition time tacq of about
2.43 s, which results in a total charge drain of Qacq = Iacqtacq = 107 mC.
Due to the lack of voltage supply information, we inspect the energy profile
of the modem through charge drain rather than power. The total charge
drain of the NB-IoT modem during network acquisition Qacq can be divided
into the contributions of frequency detection Qdet and other attachment
activities Qoth according to

Qacq = Qdet +Qoth . (4.3)

The current consumption level Idet of the modem during coarse NPSS
detection, during which it performs the frequency detection, is about
75 mA with a detection time tdet of about 160 ms, corresponding to a
total charge drain of Qdet = Idettdet = 12 mC during frequency detection.
This charge drain contributes 12 % of the total network acqusition energy.
The remaining charge drain of other cell-attach-related activities is about
95 mC based on (4.3).

While the 160-ms frequency detection of the modem of Fig. 4.2 adds up to
only 10 % of the total network acquisition energy, the mean NPSS detection
time of an NB-IoT modem can range from 20 ms to 270 ms depending on
link quality and initial XO offset [146]. A detection time of 270 ms would
increase the energy contribution cdet of frequency detection for the modem
of Fig. 4.2 to 18 % according to

cdet = Qdet

Qacq
= Qdet

Qdet +Qoth
= Idet tdet

Idet tdet +Qoth
, (4.4)

assuming that Qoth is not dependent on the frequency detection time. A
worst-case frequency detection with a high initial frequency offset may last
for more than a second [146], [147], corresponding to an energy penalty of
more than 44 %. In contrast, a 20-ms frequency detection time with an
initially accurate frequency reference would lead to an energy penalty of
only 2 %.

After the cell attachment, the current consumption of the modem in
Fig. 4.2 remains at a 70-mA level for uplink data transmission. However,
the data transmission of an NB-IoT modem with a short uplink message
size of just one kilobyte lasts for only 32 ms [148], adding to the total
charge drain of the modem by just several millicoulombs. Consequently, the
above coarse estimations for the relative energy contributors of frequency
detection also apply to NB-IoT UEs that exhange only small amounts of
data per cell attach.

In addition to network acquisition time, the energy efficiency of an NB-
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IoT modem is affected by its residual frequency offset after network acqui-
sition: a high residual frequency offset may greatly increase the number of
required uplink data transmission repetitions. An aggressively duty-cycled
NB-IoT modem with a 0.1-% duty cycle may gain 23 % in efficiency under
low network coverage by decreasing its residual frequency offset from the
specified maximum of 100 Hz (100 ppb at 1 GHz) down to 10 Hz (10 ppb at
1 GHz) [149].

Based on the above analysis, the total potential efficiency improvement
available through quick network acquisition and a low number of data
transmission repetitions sums up to more than 40 %. This boost in effi-
ciency could be acquired by using a more accurate frequency reference than
a simple uncompensated XO. However, the more accurate reference should
be achieved with minimal spare resources such as cost, power or die area.
With this target in mind, we discuss the behavior and modeling of uncom-
pensated XOs in Section 4.3 and propose a procedure for an NB-IoT modem
to calibrate its XO model in the field in Section 4.4. We compare different
methods for compensating an uncompensated XO on-chip in Section 4.5
and propose a low-cost microwatt compensation method in Section 4.6, the
performance of which is evaluated by measurements in Section 4.7. While
this thesis focuses on NB-IoT in particular, the results of this investigation
relate to a wide range of applications.

4.3 Crystal oscillators

High-quality frequency references such as oven-controlled XOs and atomic
clocks are not suitable for LPWAN UEs due to their size, cost and power
consumption. However, low-cost frequency references can be constructed
using alternative techniques, such as quartz crystal, MEMS and relaxation
oscillators. Relaxation oscillators benefit from a high integration level and
small area consumption but they suffer from a high temperature sensitivity
of at least several ppm/◦C [89] and a high phase noise [150], [151]. MEMS
oscillators are less noisy than relaxation oscillators and they feature a
smaller footprint than XOs but they still suffer from a higher general
phase noise in comparison [152]. While some low-noise MEMS oscillators
can achieve a similar phase-noise level to crystals [153], XOs remain the
current standard solution for low-noise frequency references.

The frequency offset of 32 generic 25-MHz device-under-test (DUT) XOs
is shown as a function of temperature in Fig. 4.3. The frequency offset ε of
an XO is defined as

ε(T) ≡ fXO(T)
fXO,0

−1 , (4.5)

where fXO(T) is the frequency of the XO at temperature T and fXO,0 is
the specified nominal frequency of the XO. The DUT XOs are AT cut and
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Figure 4.3. Frequency offset of the 32 DUT XOs. From [V]: used under CC BY 4.0.

they were acquired from two well-known manufacturers, half of the XOs
from manufacturer A (XOs A) and the rest from manufacturer B (XOs B).
XOs A and B have specified respective tolerances of ±25 and ±50 ppm over
the industrial temperature range from −40 to 85 ◦C. The most accurate
XOs can achieve a tolerance in the order of ±5 ppm but they come with an
increased cost. XOs B0, B9 and A12 are highlighted in Fig. 4.3 due to their
potential activity dips. Activity dips cause a decrease in frequency over a
certain temperature range due to the overlap of the fundamental and a
high-order oscillation mode, which increases the motional resistance of the
crystal [154].

The temperature dependency of an XO can be modeled with a poly-
nomial [155] or a look-up table (LUT) combined with a linear [156] or
quadratic [157] interpolator. The n-th degree polynomial model for an XO
at temperature T is given by

κ(T) =
n∑

i=0

aiTi , (4.6)

where κ is the modeled frequency offset of the XO and ai are the polynomial
coefficients. A quadratic interpolating model based on Newton’s divided
difference polynomial method [127, p. 335] is given by

κ(T) = ε0 + ε1 −ε0

T1 −T0
(T −T0) +

ε2−ε1
T2−T1

− ε1−ε0
T1−T0

T2 −T0
(T −T0)(T −T1) , (4.7)

where {ε0,T0}, {ε1,T1} and {ε2,T2} are tabled ε-T pairs in the LUT and T ∈ IT .
IT is the smallest interval containing the temperatures T0–T2. In general,
this thesis presumes an organized LUT where T0 < T1 < T2 and the spacing
ΔT of the LUT is a constant. A linear interpolator can be formed by
omitting the third term from (4.7), in which case T ∈ [T0,T1].

The error En of an nth-order polynomial interpolating XO model is de-
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fined as
En(T) = κ(T)−ε(T) . (4.8)

The maximum errors of the above interpolators can be estimated by as-
suming that ε(T) follows approximately a third-order polynomial as in (4.6)
according to

ε(T) = a3T3 +a2T2 +a1T +a0 . (4.9)

This assumption can be made because the main systematic errors of the
linear and quadratic interpolator result from the low-order non-linearities
of ε(T). The assumption is demonstrated to be valid later in Fig. 4.4(b)–(c).
Under the assumption, the maximum errors of the linear and quadratic
interpolating models, respectively, become [V]

|Emax,1(T)| = max
T0≤T≤T1

|E1(T)| ≈
∣∣∣∣ΔT2

4
(3a3T +a2)

∣∣∣∣ (4.10)

|Emax,2| = max
T1≤T≤T2

|E2| =
∣∣∣∣2



3

9
ΔT3a3

∣∣∣∣ . (4.11)

The expressions (4.10) and (4.11) are the complements of the corresponding
expressions in [V] because the definition (4.8) of En in this dissertation is
the complement of the definition of En in [V]. In [V], we follow the definition
of En given in [127, p. 329]. Eqs. (4.10) and (4.11) show that the error of
the quadratic interpolator is a function of LUT resolution ΔT whereas the
error of the linear interpolator is, additionally, a function of temperature.
A third-order polynomial fitting to the DUT XO data in Fig. 4.3 gives a3

a value of about 0.1 ppb/(◦C)3 and a2 a value of about −8 ppb/(◦C)2. The
fitting was performed in MATLAB.

We fitted a 7th-degree polynomial model based on (4.6) and a linear
and quadratic interpolating model based on (4.7) to the frequency data of
the DUT XOs in Fig. 4.3 using MATLAB. The interpolating models use
a ΔT of 5 ◦C. The fitting was performed by deploying leave-one-out cross
validation over the whole data set of a DUT XO where one of the data
points was removed, the models were constructed based on the remaining
data and, finally, the left-out point was used to validate the error level of
the constructed models. This analysis estimates the worst-case systematic
error of the models since the left-out point is always located apporimately
in between the two closest data points.

The simulated errors of the models are presented in Fig. 4.4. The distinct
local error levels at around −5 and 20 ◦C are caused by the non-linearity of
the integrated temperature sensor of the deployed temperature chamber,
which affects the local spacing of the data points. Despite its high degree,
the polynomial model in Fig. 4.4(a) has a moderate general error level.
The local strong non-linearities of XOs B0, B9 and A12, caused by their
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Figure 4.4. Errors of various XO models. (a) 7th-degree polynomial. (b) Linear interpo-
lator. (c) Quadratic interpolator. The interpolating models use a ΔT of 5 ◦C.
Sub-figures (a),(c) adapted from [V] / legends updated: used under CC BY 4.0.

activity dips, generate large modeling errors in particular. While the linear
interpolator in Fig. 4.4(b) handles the activity dips somewhat better, it
comes with the systematic error of ±100 ppb at the high and low end of the
temperature range, as described by (4.10). However, the error is rather
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Figure 4.5. Aging of the DUT XOs. The measurement was perfomed at 105 ◦C but the
time axis of this figure is scaled according to [161] to show the corresponding
aging rate at room temperature. From [V]: used under CC BY 4.0.

low at around 27 ◦C where the temperature dependance of the DUT XOs
is approximately linear, as shown in Fig. 4.3. In contrast, the quadratic
interpolator performs well over the full temperature range and also models
the activity tips better than its competitors. The quadratic interpolator
has a systematic error of just 5 ppb according to (4.11), which is the same
as the mean error in Fig. 4.3(c).

The above comparison assumes that the interpolating models can utilize
a high number of calibration points. Covering the whole temperature range
of interest with a 5-◦C resolution requires 26 calibration points whereas
the 7th-degree polynomial model only requires 8 points at minimum. This
means that the interpolating models consume more memory. However,
we argue in Section 4.4 that an NB-IoT modem can collect the required
calibration data in the field. This feature allows for a high number of cali-
bration points without an increase in manufacturing costs. It also allows
the modem to account for any changes in the frequency of its reference XO
over time. These changes are disscussed for the rest of this section.

In addition to depending on temperature, the frequency of an XO drifts
over time due to various reasons such as changes in the quartz, its mount-
ing structure, packaging, or driving circuitry. These change can progress
slowly such as in crystal aging [158] or the change can occur suddenly as in,
for instance, micro-jumps [159]. XO frequency drift is also caused by differ-
ent environmental factors, such as acceleration, strain or radiation [154].
Additionally, exposing an XO to thermal stress causes so-called thermal
hysteresis where the frequency of the XO changes permanently [160].

An accelerated aging measurement of the DUT XOs is shown in Fig. 4.5.
The measurement was performed over a time span of two weeks at 105 ◦C,
corresponding to an aging time of approximately 2 years at room tem-
perature [161]. In crystal aging, some XOs experience a slight initial
rise in their frequency, after which the frequency of all the XOs start to
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Figure 4.6. Thermal hysteresis of the DUT XOs. (a) Measurement transient. (b) Reverse
hysteresis.

droop slowly [158]. The initial rise is associated with a stress relief in
the mounting structure while the droop is associated with contamination
transfer in the crystal [162]. The DUT XOs experienced an aging rate of
up to 1 ppm/year while uncompensated XOs are commonly specified with
a maximum aging rate of about 5 ppm/year.

The thermal hysteresis of the DUT XOs is measured in Fig. 4.6 at a tem-
perature transient from 85 down to −45 ◦C and back during a time span of
about 2 days. The frequencies of all the DUT XOs is measured during XO
trials at 13 temperature points. The measurement transient is presented
in Fig. 4.6(a) and the corresponding thermal hysteresis in Fig. 4.6(b) where
the frequency of a DUT XO during the up ramp after 30 h is compared to
the frequency of the same DUT XO during the preceding down ramp. In
this thesis, we refer to this kind of hysteresis as reverse hysteresis Δ frev

where the frequency of an XO is compared to the previous frequency of the
XO during an opposite ramp direction. In forward hysteresis Δ f f ow, the
frequency of an XO is compared to the previous frequency of the XO during
the same ramp direction. XOs A show a considerably higher hysteresis
level with a maximum frequency difference of about 500 ppb between the
two ramp directions. There is a significant residual frequency offset visible
after the full temperature cycle in particular for XOs A.
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Figure 4.7. Frequency change of the DUT XOs due to thermal stress. (a) Measurement
transient. (b) Frequency change of the DUT XOs after a 40-◦C temperature
cycle. (c) Frequency change of the DUT XOs after a 20-◦C temperature cycle.

Another thermal hysteresis measurement for the DUT XOs is presented
in Fig. 4.7 where the temperature of the DUT XOs is dropped suddenly
from 60 to 20 ◦C, the XOs are incubated at the lowered temperature
for 3 h, after which their temperature is returned back to 60 ◦C. The
measurement transient is shown in Fig. 4.7(a) and the resulting frequency
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change is shown in Fig. 4.7(b). The corresponding frequency change for
an otherwise similar measurement but with a drop from 60 to 40 ◦C
instead is shown in Fig. 4.7(c). Trials 1 and 2 allow the estimation of the
temperature sensitivity of the DUT XOs and, consequently, the removal
of the effect of the small temperature difference between the reference
trial 3 and trial 4 using linear interpolation. The comparison between
trials 3 and 4 is performed at 60 ◦C where many DUT XOs have a small
temperature sensitivity, as shown in Fig. 4.3. The results demonstrate that
an increased thermal stress results in an increased change in XO frequency.
Additionally, XO A14 experienced a sudden jump in frequency with a
magnitude of about −10 ppb during the trial 4 of the latter measurement,
potentially representing a micro-jump. Indeed, micro-jumps have a typical
magnitude of around 10 ppb but a peak magnitude of up to 300 ppb
[163]. It has been suggested that micro-jumps are affected by the surface
preparation of the crystal [164] and changes in the crystal drive level [159].

4.4 In-field calibration of a crystal oscillator model

There are several reasons why an XO model would benefit from in-field
calibration. First, the calibration points of the model have to be gath-
ered over a wide temperature range. Gathering the calibration points in
manufacturing would require time and special equipment, both of which
increase the cost of the XO. Secondly, the generated XO model would even-
tually become invalid due to frequency drift over time, as discussed above.
In-field calibration would enable the recurring update of the XO model
during the lifetime of the XO.

There are several satellite and terrestial signals that wireless UEs can
use as an accurate reference for in-field calibration, as acknowledged in
[165], for instance. NB-IoT modems have access to a particular terrestial
frequency reference, that is the NPSS signal transmitter by an NB-IoT
base station. As discussed in Section 4.1, an NB-IoT modem detects this
signal during network acquisition for frequency detection purposes, with
a common detection accuracy target of about ±50 ppb [144], [146], [147].
The frequency offset information gained during this frequency detection
process can be used to compose an accurate XO model using a suitable
calibration procedure. This way the XO gets calibrated in reference to
the transmitted frequency of the base station. Calibrating in reference
to the base station is convenient from the point of view that the allowed
frequency offset of NB-IoT UEs is defined in reference to the base station as
well [143]. However, this may cause a small additional frequency error in
mobile applications where the NB-IoT modem communicates with multiple
base stations.

An example in-field calibration procedure is presented in Fig. 4.8. The

60



Microwatt NB-IoT modems

Start Wait

Measure temperatureMeasure temperature

Nidx=1 ?

Acq. NetworkAcq. Network

T
A) Compute 

B) Acquire
network

C) Update
look-up table

Wait

 1)

Select the corresponding table index idx

At least 3 tabled points 
 [idx-5,idx+5] ?

At least 2 tabled points 
 [idx-3,idx+3] ?

At least 1 tabled point 
 [idx-1,idx+1] ?

No

No
Use quad.
interpolator

Use lin.
interpolator

Use const.
interpolator Use  = 0

idx=
Tidx=TNo

Yes

At least 3 tabled points 
 [idx-2,idx+2] ?

Yes

No

=normalize( ), T=normalize(T)

Nidx=1 ?

Sidx=1

No

idx=
Tidx=T

Yes

idx= idx+( - idx)
Tidx=T

Compute 

 2)

 3)

 4)

 5)

 6)
 7)  8)

 9)

Nidx=1 10)  11)

 12)

Yes

Yes

Yes

No

Figure 4.8. In-field calibration procedure utilizing the acquisition phase of NB-IoT net-
works. Adapted from [V] / the main phases of the procedure highlighted and
enumerated: used under CC BY 4.0.

procedure is detailed in [V] and it presumes the use of the quadratic inter-
polator in (4.7) paired with an LUT. The procedure is divided in three parts:
A) modeling the frequency offset κ of the XO at the given temperature, B)
acquiring the network, and C) using the gained frequency offset informa-
tion to update the LUT. The LUT is initially populated by raw frequency
offset data gained during successive network acquisitions. However, with
an adequate density of gathered data points, the procedure can move to a
normalization phase where new data is re-mapped to predefined tempera-
ture points. The predefined temperature points are chosen according to
constant LUT spacing ΔT. The normalization can be performed using the
same quadratic interpolator that is used to compute κ in the phase A) of
the procedure.

The proposed normalization has several advantages. It allows the con-
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struction of an evenly-spaced LUT with a predectable error level according
to (4.11). It also allows the averaging of successive calibration data points,
effectively improving the accuracy of the used frequency detector. The
averaging factor of the procedure in Fig. 4.8 is defined as ζ ∈ [0,1]. A large
ζ decreases the averaging level of the procedure, making it more reactive
to sudden changes in XO frequency caused by, for instance, micro-jumps.
A small ζ improves the accuracy of the LUT due to more averaging but
makes the procedure react slower to sudden changes in XO frequency.

4.5 Crystal oscillator compensation methods

The frequency offset of an XO can be modeled over temperature by using
the methods discussed in Section 4.3. A selected XO model can then be
deployed in the construction of a temperature-compensated XO (TCXO)
whose frequency is minimally dependent on temperature. However, this
construction also requires a temperature sensor and a means for altering
the frequency of the XO to remove its offset.

A common method to alter the frequency of an XO is to tune its resonant
load capacitance. This technique is known as frequency pulling. The load
capacitance can be tuned by, for instance, using a varactor array [156],
resulting in a voltage-controlled TCXO (VCTCXO). It is also possible to
use a capacitor array controlled by digital switches [155], resulting in a
digitally-controlled XO (DCXO). However, a consirable frequency pulling
range also requires a considerable amount of tunable capacitance. This
kind of a tunable capacitance array consumes a considerable area in an
integrated implementation, such as 0.31 mm2 in [155] or about 0.5 mm2

in [166]. A particular additional problem with VCTCXOs is that they
require a digital-to-analog converter to convert a digital XO model into the
respective control voltage for the varactor array. DCXOs then again suffer
from the resistive switches that decrase the Q value of the resonator. A
low-Q resonator requires a high-power driving circuit and suffers from an
elevated noise level.

Due to the above challenges, frequency-pulling TCXOs have to trade
tunability with power and area consumption. This problem can be circum-
vented by deploying an alternative method where frequency compensation
is implemented in a highly tunable secondary stage instead of the XO itself.
This techique is widely applied to the temperature compensation of MEMS
oscillators that commonly suffer from a considerably larger frequency off-
set than XOs. The secondary stage is often based on a PLL [167]–[169]
while some low-performance implementations may also make do with a
simple counter [88]. We refer to this method as temperature-compensated
PLL (TCPLL) since the compensation is applied to a sequential PLL rather
than the reference XO. The use of an additional PLL comes with appar-
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Figure 4.9. Phase-locked loop. From [V]: used under CC BY 4.0.

ent drawbacks in regards to power consumption and noise level, which
reduces its applicability in narrowband radio applications. However, the
frequency synthesizers of many radio transceivers readily include a PLL,
the utilization of which for the TCPLL method would consequently come
with minimal power, noise and area overhead. The utilization of the TC-
PLL method has been discussed briefly in [170], for example, but the
NB-IoT modems in [144], [171]–[173] apply the DCXO method instead to
compensate their reference XOs. In this thesis, we study the feasibility
and performance of the TCPLL method applying the existing frequency
synthesizer of an NB-IoT modem.

4.6 TCPLL for microwatt NB-IoT modems

A fractional-N PLL (FPLL) frequency synthesizer is depicted in Fig. 4.9.
The depicted PLL uses a digital phase-frequency detector (PFD), a digital
loop filter and a digitally-controlled LO but the implementation of the loop
may also be analog. The PLL converts its reference input fXO into a RF
output fPLL that is deployable by the radio transceiver. The frequency
conversion ratio of the loop is controlled by the loop divider D according to

fPLL(T) = D · fXO(T) , (4.12)

where the output of the loop is by default dependent on temperature T
because of being locked to a temperature-dependent crystal reference. The
loop divider is composed of an integer part N0 and a fractional part that
consist of a numerator K0 and a denominator F0. Since the loop divider can
only receive integer values, the fractional part of the divider is in practice
implemented through sigma-delta ΣΔ modulation.

In a TCPLL, the numerator is supplemented with an additional tempera-
ture compensation part ΔK , which makes the loop divider also a function
of temperature according to

D(T)=
(

N0 + K(T)
F0

)
=
(

N0 + K0 +ΔK(T)
F0

)
. (4.13)

The temperature compensation part ΔK is set to oppose the frequency
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Figure 4.10. Temperature-compensated phase-locked loop. Derived from [V] / XO added:
used under CC BY 4.0.

offset of the reference frequency input. A temperature-compensated value
for the loop divider can be written as

D(T)= D0

1+κ(T)
, (4.14)

where D0 is the nominal value of the loop divider and κ is a compensation
variable. By substituting (4.5) and (4.14) in (4.12), we acquire

fPLL(T)= 1+ε(T)
1+κ(T)

D0 fXO,0 . (4.15)

This expression shows that the compensation variable κ has to be set
equal to the frequency offset ε of the reference crystal to make the PLL
output independent of temperature. The values of ε and κ cannot be
set absolutely equal in practice since the accurate value of ε is usually
unknown. Consequently, we set κ instead based on a crystal model, as
discussed in Section 4.3.

With κ set based on the crystal model, we can assign ΔK accordingly by
combining (4.13) and (4.14), yielding

ΔK(T) =
(

D0

1+κ(T)
−N0

)
F0 −K0 . (4.16)

While in principle accurate, the above expression for ΔK is sensitive to
round-off errors in low-precision floating point systems because κ, with a
magnitude often in the order of several parts per million, is summed with
a significantly larger term 1. We therefore lower the precision requirement
by applying the N-th order Taylor series approximation for the term 1

1+κ in
(4.16) about the point κ= 0, resulting in [V]

ΔK(T) ≈
(

N∑
n=1

(−κ(T))n

)
D0F0

N=2= (−κ(T)+κ(T)2)D0F0 . (4.17)

A complete TCPLL is drafted in Fig. 4.10. The TCPLL consists of an
XO-based frequency reference, a temperature sensor, an XO model, a
PLL control logic and an FPLL. The temperature sensor would preferably
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Figure 4.11. Error of the proposed compensation logic. The direct deployment of (4.16)
in the control logic is denoted with D and the deployment of (4.17) based on
the second-order Taylor approximation is denoted with T2. Two of the three
visible data sets are only shown as envelopes for clarity.

sense the temperature of the XO directly as in [169], for instance. A
dual-mode XO can also act as its own temperature sensor, as explained
in [157]. An external temperature sensor may also be used but in this
case the temperature difference of the sensor and the XO may lead to
additional compensation errors due to effects such as the self-heating of
the XO [V]. The XO model uses (4.7) to convert the sensed temperature
into a prediction κ of the temperature offset of the XO. This prediction is
then converted into the corresponding FPLL compensation parameter ΔK
by the FPLL control logic deploying (4.17). The compensation parameter
counteracts the offset of the frequency reference, making the output of the
FPLL approximately independent of temperature.

The simulated error of the compensation logic is presented in Fig. 4.11.
The errors of three implementations are shown, one of them deploying a
32-bit control logic based directly on (4.16), and two of them deploying a
32-bit and a 24-bit control logic based on the second-order implementation
of (4.17). Many commercial NB-IoT modems are based on a 32-bit micro-
controller [174], [175]. All the three implementations use the quadratic
interpolator of (4.7). The implementations are given three realistic but
artificial ε-T pairs and a random temperature point inside the covered
range of the pairs, based on which they create an XO model and compute
ΔK at T. The consequent output frequency of the FPLL is compared to
the output frequency given by a 64-bit reference implementation using
(4.16). The simulation uses a 24-bit FPLL. As shown in Fig. 4.11, the
32-bit implementation deploying (4.16) suffers from round-off errors be-
cause the 32-bit floating-point format allows only for 7.2 decimal digits.
The errors of the implementations deploying (4.17) are first dominated by
the rounding of ΔK that can only receive integer values. The level of the
consequent error floor is set by the precision of the FPLL. The error of the
24-bit implementation deploying (4.17) begins to increase for frequency
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(a) (b)

Figure 4.12. Discrete TCPLL prototype. Some parts of the prototype are located (a) in
a temperature chamber and (b) some at room temperature. From [V]: used
under CC BY 4.0.

offset greater than 10 ppm due to its very limited precision whereas the
error of the 32-bit implementation deploying (4.17) begins to increase for
frequency offset greater than 1000 ppm due to the Taylor approximation.
Both the implementations can be utilized with ±50-ppm crystal references
with a maximum error level of less than ±10 ppb. The range of the 32-bit
implementation deploying (4.17) would also suffice for references based
on MEMS oscillators. The range of the 32-bit implementation could be
extended further by using a higher-order Taylor approximation.

4.7 Experimental results

We constructed a discrete TCPLL prototype based on the draft of Fig. 4.10.
The 32 DUT XOs analyzed in Section 4.3 were used as freely selectable
frequency references. We deployed the TSYS01 in Fig. 2.5(e) as a temper-
ature sensor, a DE0-Nano field-programmable gate array (FPGA) board
from Terasic for the implementation of the control logic, and an LMX2571
FPLL from Texas Instruments. The build of the prototype is presented in
Fig. 4.12. The DUT XOs and temperature sensor are placed in a tempera-
ture chamber and the FPGA and FPLL board at room temperature. The
different components of the prototype communicate through Arduino Due
boards deploying 32-bit ARM core microcontrollers.

The compensation logic is built upon a finite state machine that reuses its
24-bit floating-point summer, multiplier and divider for the implementation
of (4.7) and (4.17). The compensation logic was simulated to consume
40 nW of leakage power and 250 nW of active power from a 1.1-V supply
at a 32-kHz clock rate in a commercial 65-nm CMOS process. The size of
the compensation logic core was 170×170 μm2 after place-and-route. The
in-field calibration procedure in Fig. 4.8 was implemented in MATLAB but
the normalization computations of the algorithm were performed by using
the quadratic interpolator on the FPGA. We use the LUT spacing of 5 ◦C.
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Figure 4.13. Measurement setup. (a) Core components and their signal flow. (b) Phase
noise of the core signals. Sub-figure (a) from [V]: used under CC BY 4.0.

The measurement setup is shown in Fig. 4.13(a) and the measured phase
noises of the different signals of the setup are shown in Fig. 4.13(b). The
frequency and phase noise of a source were measured with an E5052B
signal source analyzer from Agilent Technologies (acquired by Keysight).
The output frequency of the TCPLL is mixed down because the E5052B
provides a better frequency resolution at low frequencies. The output
frequency of the PLL is about 966.3 MHz and the intermediate frequency
is about 25 MHz. The DUT XO in Fig. 4.13(b) shows a noise bump at
around 2.5 kHz. The same bump was visible for all DUT XOs indicating
that it originates from the measurement setup but the source of the bump
is unknown. The bump dissappeared in later measurements after some
changes in the measurement setup. The phase noise of the XO is translated
to the TCPLL output according to [176, p. 31]

LPLL(Δ f )≈ LXO(Δ f ) ·D , (4.18)

where LPLL is the noise density at the PLL output, LXO is the noise density
of the XO board, Δ f is the frequency offset from the carrier and D is the
value of the PLL loop divider. This approximation is valid in the passband
of the PLL where its open-loop gain is high. The deployed loop divider
value of about 38.65 boosts the noise of the XO at the PLL output by about
16 dB. In addition to the XO and loop divider value, the phase noise of the
PLL is shaped by the characteristics of its PFD, loop filter and LO. The
down-converted signal is slightly more noisy than the PLL output due to
the phase noise and spurs of the LO. However, the noise level of the setup
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is adequate for precise frequency measurements. The TCPLL prototype
has a slow refresh rate of 0.6 s due to its low integration level. The refresh
of the prototype includes taking a temperature sample, compensating the
PLL and taking a frequency reading from the signal source analyzer.

The performance of the TCPLL is measured in Fig. 4.14 when paired with
an up-to-date XO model. The measurement transient in Fig. 4.14(a) shows
the construction of the LUT just before the deployment of the TCPLL.
There is a chamber temperature transient prior to the LUT update whose
intent is to bias the XOs into forward hysteresis. The deployment of XOs A
in Fig. 4.14(b) results in a higher general 3-σ error level of 49 ppb due
to their higher level of thermal hysteresis. The TCPLL functions very
accurately with XOs B in Fig. 4.14(c) with a 3-σ compensation error of only
27 ppb with an insignificant mean, as predected by (4.11). The systematic
error peaks caused by the activity dips of XOs A12, B0 and B9 are also
clearly visible. The distributions of the data points in Figs. 4.14(b)–(c) are
shown in Figs. 4.14(d)–(e).

The performance of the TCPLL is evaluated in an emulated in-field
calibration test in Fig. 4.15. The temperature chamber is set to follow the
temperature data of the observation station in the Tapiola area of Espoo,
Finland, from 1 to 12 august 2018 [177] at a fourfold speed. The TCPLL
begins the test with empty LUTs. The TCPLL follows the calibration
procedure in Fig. 4.8 where it computes κ for a DUT XO based on available
data, receives a measured estimate for ε during the “network acquisition”
phase and updates the LUT of the XO accordingly. The estimate for ε is
given an additional random normally distributed error of 50 ppb (3σ) to
emulate the error of an NB-IoT modem’s frequency detector [144], [146],
[147]. The normalization step of the calibration procedure is performed
using the quadratic interpolator on the FPGA.

The LUT of each DUT XO is updated once in 2.4 hours (virtual time)
to emulate a microwatt NB-IoT modem with a long network connection
cycle. The calibration procedure uses an averaging factor ζ of 0.33. The
interpolator of the TCPLL moves from using only the constant part of (4.7)
first to using the linear part and, finally, the whole quadratic interpolator
in about one day (virtual time), which shows as significantly lowered
error levels. The error levels increase momentarily when the temperature
goes below or above the updated range of the LUT, forcing the quadratic
interpolator to extrapolate. The achieved compensation accuracy is not
quite as good as with a precise LUT. However, the 50-ppb (3σ) error level
achieved with the low-hysteresis XOs B remains significantly below the
100-ppb accuracy specification of NB-IoT UEs. The error level for XOs A
barely meet the target but remains sufficient to ensure robust network
acquisition.
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Figure 4.14. Performance of the TCPLL prototype with an up-to-date LUT. (a) Measure-
ment transient. (b), (c) Error of the TCPLL for XOs A and B, respectively.
(d), (e) Distributions of the errors for XOs A and B, respectively. From [V]:
used under CC BY 4.0.
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Figure 4.15. Performance of the TCPLL prototype in a virtual in-field calibration test.
(a) Measurement transient. (b), (c) Error of the TCPLL for XOs A and B,
respectively. The time spans where the quadratic interpolator is actually
extrapolating due to the lack of LUT data are highlighted in red. (d), (e) Dis-
tributions of the errors for XOs A and B, respectively. From [V]: used under
CC BY 4.0.
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5. Conclusion

Low-power smart devices can be powered by energy harvesters instead of
relying on environmentally hazardous batteries. However, mobile smart
devices would benefit from a small harvester size and some ambient envi-
ronments provide little harvestable energy. These limitations bring about
an extremely challenging power budget of just several tens of microwatts.
A similar power budget is faced by smart devices powered by coin batteries
if their operation time target is extended to more than 10 years.

The aim of this thesis was to demonstrate practical microwatt circuits
for the advancement of aggressively duty-cycled low-power radio systems.
The general power-saving principle of duty-cycling is extremely simple: an
economical circuit is only active when necessary and otherwise quiescent.

The key works of this thesis are the UWB IR TFE circuit presented in
[I] (simulation results presented in [II]) and the in-field-calibrated TCPLL
prototype presented in [V]. The UWB IR TFE in [I] is duty cycled inherently
in between pulses, whereas the TCPLL prototype in [V] aims to improve
the energy efficiency of NB-IoT modems by shortening their frequency
detection time in highly duty-cycled operation. The UWB IR TFE builds
upon the more simple preceding UWB IR TFE design presented in [III].
The energy efficiencies of DPPM and OOK data modulators in low-power
UWB IR transmitters is compared in [IV].

The UWB IR TFE in [I] was fabricated in a 65-nm CMOS process. The
TFE is based on an EC topology that consumes only leakage power in
quiescence and benefits from a zero start-up time at activation. The
quiescent power of the TFE is just 380 nW and it consumes 69 pJ per
generated 1.8-pJ pulse at a 7.5-GHz carrier frequency. Consequently, the
TFE consumes 3.8 μW at a 50-kHz pulse repetition rate, corresponding
to a 100-kbit/s data rate using OOK modulation. A 2-pJ pulse allows a
line-of-sight wireless range of more than ten meters with a low-noise UWB
IR receiver, as measured coarsly in [III]. The performance and features
of the TFE compare well to the current state of the art, as presented in
Table 3.3. The TFE complies with most regional spectral masks globally
with minor modifications or effect on its performance.
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The DL of the TFE is tunable with programmable capacitive voltage
dividers that achieve a good frequency range and resolution compared to
other UWB DL presented in recent literature, as shown in Table 3.2. The
delay units of the DL are isolated from the on-chip supply lines during
pulse generation to make the TFE tolerant to self-inflicted power supply
transients. This allows the TFE to operate also with voltage sources and
regulators of high ESR, as shown in Fig. 3.38. While an applied regulator
does not have to be able to support large current peaks, the proposed digital
temperature compensation scheme of the DL necessitates a predictable
supply voltage dependence over temperature. The performance of the
discrete microwatt power manager prototype introduced in Section 2.2 was
shown to suffice for the proper operation and temperature compensation of
the TFE.

The TCPLL prototype presented in [V] aims to speed up the network
acquistion process of an NB-IoT modem by accounting for the frequency
offset of the modem’s XO frequency reference. Our analysis in Section 4.2
indicates that an NB-IoT modem under low network coverage can save
more than 40 % of its power by truncating the frequency detection phase
of network acquisition and by using a low number of data transmission
repetitions. The short frequency detection time is particularly practical in
aggressively duty-cycled microwatt NB-IoT modems that have to re-acquire
the network time and again after long quiescence periods. Rather than
compensating the reference XO itself, the proposed TCPLL method utilizes
the existing fractional-N PLL of the NB-IoT modem. This hardware re-use
saves power and die area, as demonstrated in [V, Table II].

The compensation logic of the TCPLL prototype consists of an XO model
and an FPLL control logic. We show that a high-resolution LUT paired with
a quadratic interpolator achieves a good XO modeling accuracy compared
to popular polynomial models, as shown in Fig. 4.4, and that the control
logic can avoid round-off errors by applying Taylor series approximation
for the term 1

1+κ in (4.16), as shown in Fig. 4.11.
The performance of the compensation logic was tested with the discrete

TCPLL prototype and its integrated area and power consumption was
estimated through digital synthesis and simulation. The TCPLL prototype
was evaluated with 32 DUT XOs in total from two manufacturers. The
TCPLL prototype equipped with a custom 24-bit implementation of the pro-
posed control logic achieved a compensation accuracy of down to ±27 ppb
(3σ) with an up-to-date XO model, as shown in Fig. 4.15. The compensation
logic requires only 290 nW of power at a refesh rate of 1.4 kHz and it takes
an area of only 0.029 mm2 when fabricated in a commercial 65-nm CMOS
process. The full integration of the proposed compensation method would
additionally require an integrated temperature sensor.

The frequency offset of an XO varies over time due to effects such as
aging, thermal hysteresis and frequency jumps, as discussed in Section 4.3.
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To take this variation into account, we proposed in Section 4.4 an in-
field calibration procedure that allows an NB-IoT modem to generate and
update its XO model in the field by utilizing the frequency information
gained during sequential network acquisitions. The TCPLL prototype
achieved an accuracy of down to ±50 ppb (3σ) with an XO model generated
in the field in an emulated in-field calibration test. This is well below
the specified frequency accuracy target of ±100 ppb for NB-IoT modems.
Even with high-hysteresis reference XOs, the accuracy level demonstrated
with the TCPLL prototype suffices for high-speed frequency detection in
network acquisition.
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Errata

Publication I

The TFE consumes 69 pJ per pulse at 7.5 GHz, not 63 pJ. The efficiency of
the TFE is 2.6 %, not 2.3 %.

The carrier frequency in [11] is tuned through analog driver transistor
control, not analog supply voltage control.

Publication II

In Table I, the name of the first author of [2] should be de Streel, not de
Steel.

The carrier frequency in [8] is tuned through analog driver transistor
control, not analog supply control.

Publication IV

In Fig. 6, the high-frequency oscillations at about 10 ns and 16 ns are echoes
of the generated pulse caused by signal reflections at the oscilloscope input
and the TFE (pulse generator) output.

Publication V

The TCPLL prototype deploys two Arduino Due boards, not Aruduio Due
boards.
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Errata

In Appendix B, the value of max
T0≤T≤T1

|E1(T)| approaches 0 at around 27 ◦C,

not 10 ◦C.

Fig. 6 uses En = κ−ε whereas Appendix B uses En = ε−κ as per [127, p. 329].
Fig. 6 should also use En = ε−κ for consistency.

Eq. (11) should be max
T1≤T≤T2

|E2| =
∣∣∣−2



3

9 ΔT3α

∣∣∣, not E2 = 2



3
9 ΔT3α.
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