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1. Introduction

1.1 Motivation

Modern wireless communication systems and services require a large fre-

quency bandwidth for the transmission of information. Frequencies are

a scarce resource, which makes it important to be able to utilize them in

an efficient manner. This request for efficiency calls for techniques that

can transmit as many bits as possible in a given time and bandwidth. It

is also worth noticing that the spectrum is a location dependent resource,

which means that the spatial aspects of efficiency should also be taken

into account. Besides of that, there often exists a need to implement the

effective transmission and reception of information in a simple enough

way. Simplicity is needed because the computational and energy storage

capacities available at radio devices are limited. Multicarrier transmis-

sion methods are a way to provide an answer to the demands of efficiency

and simplicity at the same time.

Orthogonal frequency division multiplexing (OFDM) is a multicarrier

transmission technique that fulfills the condition for efficiency by trans-

mitting data on multiple subcarriers that partly overlap in the frequency-

domain without interfering with each other. Since the bandwidth of the

subcarriers is narrow enough for the frequency response of the radio chan-

nel to be frequency-flat on each of them, it is possible to simplify the

channel equalization in such a way that every subcarrier can be pro-

cessed separately. In other words, equalization can be performed with

1-tap equalizers. Multiple subcarriers make it also easy to implement

multiple access schemes by dividing the bandwidth with several concur-

rent users. Thanks to the efficient, simple and adaptable transmission,

OFDM has become a technique of choice in many of today’s communica-
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Introduction

tion and broadcast systems such as the 4G LTE (Long Term Evolution),

Wi-Fi, WiMAX, DAB (Digital Audio Broadcasting) and DVB-T/T2 (Digital

Video Broadcasting – Terrestrial).

An OFDM transceiver needs to solve a large number of different tasks in

order to successfully transmit and receive information through the propa-

gation channel. It is important to be able to design the transmitted wave-

forms in such a way that a high data-rate transmission can be achieved

with as few errors as possible. The utilization of multiple antennas at the

transmitter and the receiver is one solution to increase the capacity or

to improve the reliability of the system. Using multiple-input, multiple-

output (MIMO) transmission with OFDM is an attractive combination

due to the spatial diversity and capacity offered by multiantenna tech-

niques and the frequency diversity and simple receiver design found in

OFDM systems. Other important problems that must be solved in the

design of an OFDM transceiver include channel estimation and equal-

ization, time and frequency synchronization and peak-to-average power

(PAPR) reduction.

The utilization of existing communication and broadcast signals in radar

applications has been an active research topic in academia and industry in

recent years. Radar systems that opportunistically uses the signals emit-

ted by other systems for the illumination of the target are called passive

radars. OFDM signals are especially interesting in this context because

there are many widely used broadcast systems where OFDM has been

chosen as the transmission method. Wideband multicarrier signals also

have an advantage of providing good frequency diversity that can be a

benefit in radar applications as well. Since the transmitted waveform is

not emitted by a radar itself, there is no possibility to influence the prop-

erties or structure of the transmitted signal in the design process of the

radar system. Thus, the research of passive radar receiver algorithms is

especially important in order to provide a good detection, tracking and

target identification performance. Some broadcast systems, such as the

DVB-T2, that can be used in the passive radar illumination operate in

single-frequency networks (SFN). This introduces another design chal-

lenge unique for passive radars because identical copies of the reflected

signal originated from multiple transmit stations are received and should

be successfully processed. The problem from the radar receiver perspec-

tive is how to associate these copies with the correct transmitters.

2
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1.2 Scope of the Thesis

The focus of this thesis is on studying and developing signal process-

ing methods for multicarrier system, in particular OFDM. The systems

considered can be divided into two different groups. First, receiver algo-

rithms for OFDM-based passive radar systems are developed and their

performance is analyzed. Second, signal processing methods for OFDM

transceivers used in communication and broadcast systems are devel-

oped.

The objective of this thesis is to provide methods that help OFDM-based

systems perform in a more efficient manner even with limited resources.

In communication and broadcast systems, these resources often mean the

limited computational power and battery capacity of mobile devices. Fur-

thermore, the deployment costs of the systems can limit the freedom to

choose some of the alternatives that might otherwise be considered good

options. In radar systems, on the other hand, target detection and track-

ing without unnecessary delays is an important requirement. In this the-

sis, signal processing methods are designed with these goals in mind for

communication, broadcast and passive radar systems, while the common

feature for everything presented is the utilization of multicarrier wave-

forms and OFDM signal properties.

Most of the methods proposed in this thesis have been designed and an-

alyzed with certain specific systems in mind. The main portion of the

thesis concentrates on the algorithms related to digital television sig-

nals following DVB-T/T2 or DVB-NGH standards. DVB-T/T2 are the first

and second generation standards for terrestrial digital television broad-

casting [1, 2]. DVB-NGH considers the television transmissions for next

generation handheld devices and therefore needs to take into account

computational limitations arising from the size and energy consumption

of the receiver [3, 4]. In addition to broadcast systems, channel esti-

mation in ultra-wideband (UWB) communication systems transmitting

multiband-OFDM (MB-OFDM) signals is considered in one of the contri-

butions. The multiband-OFDM (MB-OFDM) is a transmission technique

based on the conventional OFDM signal modulation [5]. It was originally

developed for an IEEE 802.15.3a standard aiming to establish a trans-

mission method for short-range, high-data-rate wireless communication.

Some of the methods developed in this thesis can be easily extended to

other OFDM systems as well. This aspect will be discussed in more detail

3
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when each of the contributions is presented in the later chapters of the

thesis.

1.3 Contributions of the Thesis

The contributions presented in this thesis can be grouped under four dif-

ferent topics. Two of these are related to the OFDM-based passive radar

receiver algorithms. One considers MIMO-OFDM coding techniques, and

one is about the channel estimation in the MB-OFDM systems. In all

the contributions presented in this thesis, the author has derived the the-

oretical results and designed the simulators used. The simulations for

verifying the analytical results and the performance of the proposed algo-

rithms are performed by the author as well. The author has written the

first drafts of all the related publications. The supervisor of the thesis has

provided guidance of the research work and has helped in the planning

and writing processes. The main contributions can be listed as follows.

1. Detection methods for DVB-T2 passive radar systems [6, 7]: A tar-

get detection method is developed that utilizes the control symbols

of the illuminating DVB-T2 signal. A Neyman–Pearson detector is

designed and the distribution of the test statistic is derived using an-

alytical tools. Moreover, detection and false alarm probabilities are

calculated under the AWGN (additive white Gaussian noise) chan-

nel model. The established analytical results on test statistics are

verified in simulations. In addition, the ROC (receiver operating

characteristic) curves are simulated for the DVB-T2 passive radar

system and compared to the analytical results. The contributions

also include the extension of the detection method for the Swerling

channel models [8]. Test statistic distributions are derived analyt-

ically for the Swerling I and Swerling III channels. The validity of

these distributions and the performance of the method is shown with

the simulations.

2. Measurement association in SFN passive radar systems [9]: A math-

ematical formulation is presented for the association problem. As-

sociation is crucial in passive radars using SFNs since all the base

stations send the same signal simultaneously using the same fre-

quency resources. The method for the measurement association is

derived by solving a minimization problem. Jacobian matrices re-

4
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lated to the proposed method have been analytically calculated. It is

shown with the simulations that the proposed method is capable of

solving the problem in a typical DVB-T/T2 configuration with a rea-

sonable accuracy by utilizing only one measurement per transmitter.

It is verified that the performance of the system is significantly im-

proved when the number of measurements is increased. A statistical

classification of the error types has been presented for the proposed

method.

3. Block code design for MIMO-OFDM mobile digital television [10]:

A reduced complexity 4 × 2 block code is derived for the DVB-NGH

system designed for hand-held devices. It is shown that the per-

formance is degraded less than one decibel compared to the earlier

codes proposed in the literature for the similar system. Since hand-

held devices are battery operated, power consumption is a critical

issue. The proposed method reduces the computational complexity

and consequently the power consumption significantly. It is shown

that the proposed code is especially suitable for situations where

four transmit antennas are divided into two groups of two antennas

positioned in geographically separate locations.

4. Channel estimation algorithm for the MB-OFDM system [11]: A met-

hod for the MB-OFDM channel estimation utilizing the least squares

(LS) estimator with a novel iterative interpolation method is pro-

posed. It is shown with the simulations that the proposed algorithm

performs better than the other low-complexity methods suggested

earlier for the MB-OFDM system. It is also verified that the method

increases the complexity only slightly compared to the simplest al-

ternatives.

1.4 Structure of the Thesis

This thesis begins with two more general chapters introducing the tech-

nology relevant for the rest of thesis. First, a brief overview of the OFDM

multicarrier systems is provided in Chapter 2. Then, Chapter 3 discusses

the passive radar systems and research problems, for which solutions are

proposed in the later chapters. Some examples of real-life passive radars

and their performance are also presented in Chapter 3.

Contributions on the passive radar detection for the DVB-T2 system
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are presented in Chapter 4. The review of the prior art is provided in

4.1. After that, the chapter contains both the detection method applied to

the AWGN channel and its extension to the Swerling I and Swerling III

fluctuating targets. The passive radar measurement association problem

and the proposed solution are considered in Chapter 5.

Chapter 6 includes the contributions on the MIMO-OFDM coding for

hand-held digital television systems. The literature review is first given in

Section 6.2 followed by the presentation of the contributions of this thesis

to this topic in 6.3. Finally, the MB-OFDM channel estimation method is

proposed and analyzed in Chapter 7 including a review of the prior art in

7.3. A summary of the research work described in this thesis is provided

in Chapter 8. Potential future research topics stemming from this thesis

work are discussed as well.
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2. OFDM Multicarrier Systems

The purpose of this chapter is to define and describe the basic concepts of

multicarrier systems used in the rest of the thesis. The principle of OFDM

is first concisely explained. After that, the OFDM-based DVB-T2 digital

television system is described. This particular system will be used in later

chapters, for example, in passive radar applications. Information of the

OFDM systems in general and the DVB-T2 standard can be found, for

example, in [2, 12]. Transceiver signal processing of multiantenna multi-

carrier systems is also studied in [13].

OFDM systems use the principle of dividing the available frequency re-

gion in multiple parallel subchannels. Furthermore, this division is done

in a manner that utilizes the spectrum efficiently in a sense that differ-

ent subcarrier signals can overlap in frequency and still be orthogonal to

each other. The orthogonality of the subcarriers makes it possible to re-

ceive the transmitted information without interference among subcarriers

(inter-carrier interference, ICI). The advantage of dividing a larger fre-

quency region into smaller parts can be seen when the channel response

is observed in frequency domain. Each of the subcarriers corresponds to a

narrow-band channel with an approximately flat frequency response. On

the other hand, all these narrow-band channels combined form a broad-

band frequency-selective channel that calls for a more complex receiver

structure if not handled cleverly. A typical OFDM receiver employs a

simple 1-tap equalizer for each subcarrier. This kind of arrangement is

possible because of the frequency-flat subcarrier channels.

Research of beyond-LTE communication systems, also known as 5G net-

works, is currently in progress. In addition to faster data speeds, these

systems need to support a huge number of connections to enable Internet-

of-things (IoT) functionalities [14]. Moreover, transmissions with very

short latency are desirable, in particular for device-to-device communi-
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cation. Propositions for technologies usable in this context include some

generalizations of OFDM waveforms [15]. These technologies include non-

orthogonal and asynchronous transmission methods. Different filtered

multi-carrier systems that have been mentioned are filtered OFDM, filter

bank multi-carrier (FBMC) and universal filtered multi-carrier (UFMC),

which utilize the filtering over the entire band, on a subcarrrier level

or per subband consisting of multiple subcarriers [16, 17]. Sparse sig-

nal processing techniques can be utilized together with these generalized

OFDM waveforms to achieve an efficient and modifiable transmission sys-

tem [18]. An important property of this kind of system emerges in the

context of multiuser scenarios. When different subcarriers, which are not

necessarily neighboring ones, are allocated to different users, synchro-

nization will be a more demanding task in conventional OFDM systems.

Inherently asynchronous systems naturally do not suffer from the same

problems. Despite the differences to the conventional OFDM techniques,

these novel multicarrier approaches will also benefit from the advances

in orthogonal multicarrier systems and from the knowledge about their

performance.

2.1 OFDM Signal Model

The OFDM systems utilize several mutually orthogonal carrier wave-

forms in data transmission. Usually, these subcarriers are sinusoidal

signals with the intercarrier spacing of 1
NTi

, where N is the number of

subcarriers and Ti is the symbol duration in input data. The spacing of

the subcarriers is selected in such a way that the orthogonality of the sub-

carriers is ensured. An OFDM symbol can be expressed mathematically

as

s0(n) =
1√
N

N−1∑
k=0

Xke
j2π kn

N , n = 0, 1, . . . , N − 1, (2.1)

where Xk is the information symbol transmitted on the k-th subcarrier

and n is the time index. A cyclic prefix (CP) is then added to the OFDM

symbol given by Equation (2.1). The cyclic prefix is copied from the end

and attached in the front of the information carrying portion of the sig-

nal. The transmitted signal containing the CP is denoted by s(n). CP is

sometimes also called a guard interval (GI). The purpose of the CP is, on

the one hand, to prevent ISI by eliminating the transient of the previous

symbol in time-domain and, on the other hand, to simplify the channel
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equalization by making the effective channel circulant.

After the propagation through the channel, the received waveform can

be expressed as a convolution

r(n) = ht(n) ∗ s(n) + w(n), (2.2)

where ht(n) is the time-domain channel impulse response (CIR) and w(n)

is AWGN. The receiver removes the CP from the signal and obtains the

received symbols in the frequency-domain as

Yk =
1√
N

N−1∑
n=0

r(n)e−j2π kn

N . (2.3)

Equations (2.1) and (2.3) can be implemented by using an inverse fast

Fourier transform (IFFT) and fast Fourier transform (FFT), respectively.

Figure 2.1 presents a block diagram of a simplified OFDM system. The

upper row of the figure corresponds to the transmitter functions of the

system and the lower row represents the receiver operation. The sys-

tem depicted utilizes 32 subcarriers, of which all but the DC (direct cur-

rent) frequency are carrying data symbols. Modulation used is 64-QAM

(quadrature amplitude modulation). The figure also shows the real part

of the signal waveform for two consecutive symbols either in time or fre-

quency domain. Each waveform corresponds to signal after the system

block depicted next to it. The channel part of the figure includes both the

multipath propagation effects and the AWGN noise. It should be noticed

that the diagram illustrates only the core working principles of an OFDM

system and omits many functions that are necessary in practice. In a real

radio communication system based on OFDM, interleaving, error correc-

tion coding, PAPR reduction and carrier frequency offset estimation and

frequency synchronization should be added, for example.

Removing the CP at the receiver ensures that no ISI is present in the

received signal presuming that the CP is at least as long as the CIR. The

system should be designed in such a way that this condition is fulfilled by

the selected CP length. Moreover, the CP makes the channel circulant,

which means that after the FFT operation the received symbols in the

frequency-domain can be written in the matrix form as

y = Sh+w, (2.4)

where y is a vector containing the received frequency-domain symbols for

9
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Figure 2.1. A block diagram of a generic OFDM system with 32 subcarriers and 64-QAM
data modulation. The real parts of the signal waveforms after the functional
blocks and the amplitude of the channel in the frequency domain are shown
for two consecutive symbols. Red vertical lines in signal waveforms show the
bounds of the parts of the signal that are copied in the cyclic prefix.
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Figure 2.2. Orthogonality of OFDM subcarriers. Circles represent the frequency domain
samples when a perfect synchronization is obtained. Triangles illustrate
how the interference from other subcarriers affects the sampling result when
there exists a non-zero frequency offset at the OFDM receiver.

all the subcarriers as defined by Eq. (2.3). Transmitted symbols are given

in a diagonal matrix S = diag([X0, . . . ,XN−1]), where diag(x) is a diagonal

matrix whose diagonal elements are given by vector x. Vector h contains

the frequency-domain channel response calculated from the CIR vector

ht as h = FFT{ht}, where operator FFT{·} performs an FFT. Vector w

represents the additive white Gaussian noise. The noise remains AWGN

because the distribution does not change in a unitary transform.

The utilization of OFDM transmission requires an accurate frequency

synchronization. Since the length of an OFDM symbol is finite, a sub-

carrier in the OFDM system is not represented by a delta function in the

frequency domain. Instead, a subcarrier is a sinc-shaped pulse modulated

by the data symbol. The spacing between these sinc-pulses is such that

the zeroes of all the other subcarriers coincide with the peak amplitude of

any one of the subcarriers. The frequency spacing that fulfills this condi-

tion is the inverse of time domain symbol length excluding the CP. This

arrangement is illustrated in Figure 2.2. The red circles represent the

samples obtained from all of the subcarriers at the exact center frequency

of one of the subcarriers. As can be seen, the subcarriers are orthogonal

when a proper synchronization is obtained and the sampling occurs at the

correct frequencies. However, if the sampling instance deviates from the

center of each subcarrier, the orthogonality property is destroyed. The

red triangles in Figure 2.2 illustrate how this affects the symbol values

obtained at the receiver for each subcarrier. Now, there are contributions

from all the other subcarriers which means that they are not seen as or-

thogonal anymore.

Another challenge of OFDM systems is a high peak-to-average power

ratio (PAPR) caused by the constructive and destructive summation of
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subcarrier signals. The PAPR of signal s(n) can be defined as

PAPR =
max

(|s(n)|2)
E [|s(n)|2] . (2.5)

Several different approximations have been derived for the statistical dis-

tribution of PAPR. In [19], for example, an approximate cumulative dis-

tribution function is proposed for large values of q =
√

PAPR. This ap-

proximative function is given by

F (q) ≈ exp

(
−
√

π

3
Nqe−r2

)
. (2.6)

Another bound that is good for higher PAPR values and large enough

number of subcarriers (> 64) is proposed in [20]. An illustration of this

bound is given in 2.3. A high PAPR either reduces the efficiency of utiliza-

tion of a power amplifier or causes unintended modulations. If clipping

of the peak amplitudes should be totally avoided, the amplifier must be

operated far from its extremes most of the time as high peaks are rare

in the OFDM signal. Figure 2.4 demonstrates the possibility of high peak

power for OFDM signals with different number of subcarriers. The OFDM

symbols shown are formed by modulating the subcarriers with an alter-

nating BPSK (binary phase shift keying) sequence of −1 and 1. It can

be noticed that the peak amplitude can reach
√
N when all the subcar-

riers add coherently, while the average power is 1 in all of the cases. It

is easy to see that for wideband OFDM systems with a high number of

subcarriers, peak amplitudes can be significantly large compared to the

average signal power. This means that the design of the OFDM systems

may need to utilize specific techniques for reducing the high PAPR of the

signal waveform.

There exists a large number of different alternatives for PAPR reduction

in OFDM systems [21]. In addition to the obvious solution of driving the

amplifier with limited power levels to prevent the clipping, these methods

may be classified into signal scrambling and signal distortion techniques.

As the name implies, signal distortion methods reduce the PAPR with the

cost of causing some in-band and out-of-band interference due to distor-

tion of original signal waveform. The intentional clipping of the signal is a

very simple distortion technique, for example. The proportion of in-band

and out-of-band interference can be affected by using a window function

to smooth the clipped peaks. Another option is to use a higher modulation

order at some of the carriers to represent a lower order modulation data
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Figure 2.3. An approximation of the complementary cumulative distribution function for
the PAPR in an OFDM system with different number of subcarriers.
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Figure 2.4. OFDM symbols with the highest possible absolute value for different number
of subcarriers. The average power of the signal is normalized to one in all of
the cases. The higher the number of subcarriers is, the larger the PAPR is
obtained for the OFDM system.
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and select the transmitted symbol in such a way that the PAPR is reduced.

Different signal scrambling methods avoid the harmful interference but

generally need more computational power or memory to achieve compar-

ative results. In addition, some of these methods require additional side

information to be transmitted or otherwise reduce the data rate of trans-

mission.

A method used, for example, in DVB-T2 terrestrial digital television

system is called Tone Reservation (TR). The idea of this PAPR reduction

technique is to allocate some of the subcarriers to be used specifically for

the minimization of the PAPR. The content of these reserved subcarriers

can then be optimized at the transmitter to reduce the PAPR and simply

omitted at the receiver which knows the positions of the TR symbols. An

advantage of this method is that there is no need for transmission of any

side information. On the other hand, the data rate is still somewhat re-

duced because some of the subcarriers are used for PAPR reduction and

not for carrying data.

2.2 DVB-T2 System Properties

DVB-T2 is the second generation digital television standard capable of

transmitting high-definition video over terrestrial television networks [2].

It has already been deployed and widely adopted in several European

countries. DVB-T2 uses OFDM transmission and offers an option for 6

different FFT sizes, 32k mode that utilizes 32768 subcarriers being the

largest one. Transmitted symbols are QAM modulated so that 256-QAM

is the largest available constellation and QPSK is the smallest one. The

guard interval length can be chosen from 7 options between 1/4 and 1/128,

although the longest one cannot be used in the 32k mode.

DVB-T2 contains two kinds of pilot symbols that can be used for channel

estimation, for example. Continual pilots occupy certain predefined sub-

carriers in every OFDM symbol whereas scattered pilots are distributed

across time and frequency domains and their positions do change from

symbol to symbol. There are eight different scattered pilot patterns that

determine the spacing of pilot subcarriers in both dimensions. The em-

ployed pattern may depend on the assumed time and frequency selectiv-

ity of the channel. For example, a pilot pattern can determine that every

12-th subcarrier in a single OFDM symbol carries the pilot information

and the positions of pilot subcarriers jump three steps forward after ev-
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Figure 2.5. Pilot pattern where every 12-th subcarrier of a certain OFDM symbol is a
pilot subcarrier. Locations of pilot subcarriers move three steps forward after
every OFDM symbol (Dx = 3 and Dy = 4).

ery OFDM symbol. In that case the pattern repeats in every fourth OFDM

symbol. An example of this type of pattern is shown in Figure 2.5. Pilot

patterns can be described by defining parameters Dx and Dy that describe

the spacing between pilot subcarriers and the length of the pattern in the

time-domain, respectively. In the example described above, the values of

these parameters would be Dx = 3 and Dy = 4. Pilot patterns are denoted

from PP1 to PP8. The pilot pattern is selected based on the other sig-

nal parameters and assumed properties of the propagation channel. The

exact definitions of patterns can be found in [2].

The DVB-T2 standard includes an option for the multiple-input single-

output (MISO) multiantenna transmission using a coding scheme pro-

posed by Alamouti [22]. This option has not been widely used in practical

implementations, however. There exists also a possibility to use rotated

constellations to provide modulation diversity in fading channels. Some

effects of rotated constellations in DVB systems are described in [23].
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3. Passive Radar Systems

The radar (Radio Detection and Ranging) systems utilize energy radiated

on radio frequencies in order to determine the location, speed and pos-

sibly other parameters of an object reflecting these radio waves. Lately,

radar systems that use the illumination offered by transmitters from an-

other broadcast or communication system in an opportunistic manner

have gained remarkable interest. Radar systems without dedicated radar

transmitters are called passive radars.

The first experiments with passive radar concept can be dated back to

1935 when a military airplane was successfully detected in Daventry Ex-

periment [24]. Only recently, however, modern progress in data and signal

processing technology has really made it possible to take the advantage of

the potential of passive localization and tracking. A wide variety of differ-

ent illuminating transmitters can be used in passive radar systems. The

utilization of television and radio transmission on VHF (very high fre-

quency, 30–300 MHz) and UHF (ultra high frequency, 0.3–3 GHz) bands

is considered in [25] and [26], for example. Television based systems have

also been proposed in [27], [28] and [29]. In addition to the digital televi-

sion and radio systems like DAB, DVB-T and DVB-T2, also conventional

analog FM radio signals have been utilized in passive radar systems [30].

Illumination by communication signals such as GSM (Global System

for Mobile Communications) and UMTS (Universal Mobile Telecommu-

nications System) mobile phone systems have been proposed and tested

as well [31]. Some theoretical results are presented for the GSM system

in [32] and for the UMTS in [33]. Recently, passive radars have been de-

signed utilizing the IEEE 802.22 wireless regional area networks (WRAN)

that operate in the white spaces of the VHF/UHF television bands [34].

In addition, to the detection and tracking, passive radar systems can also

be used in target classification as is demonstrated, for example, in [35].
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This chapter gives a brief overview of the principles of radar systems in

general and the most important properties of passive radar systems.

3.1 Conventional Radar Systems

To understand and appreciate the challenges in the design of passive

radars, characteristics and the performance of conventional active radar

systems are first discussed. Here, we start our investigation with mono-

static systems comprised of transmitter and receiver located at the same

geographical position. Two main types of radar systems can be identified

as pulse radars and continuous-wave radars.

Pulse radars operate by transmitting a train of short pulses at a carrier

frequency. The length of pulse and the pulse repetition frequency deter-

mine the minimum and maximum distances for target observations. A

typical technique used in pulse radars to improve the range resolution

and signal-to-noise ratio (SNR) performance is called pulse compression.

Pulse compression involves the modulation of transmitted pulse wave-

forms and correlating the received echoes in a process of matched filter-

ing.

Let us denote the transmitted radar waveform by s(t) and the received

echo signal by r(t). This return signal is fed through a filter to produce

a signal z(t). A very well-known method of matched filtering is described

with the following equation

z(τ) =

∫ ∞

−∞
s∗(τ − t)r(t) dt. (3.1)

This equation also shows the significance of the autocorrelation function

of radar waveform for the operation of the radar system.

Equation (3.1) describes a one-dimensional situation, where only the

delay τ of echoed signal is taken into account. More generally, it should

be noticed that the radial motion of the target can give rise to the non-

zero Doppler effect affecting the received signal. Therefore, in addition

to the delay τ , it is also necessary to process the signal with respect to

the Doppler shift ν. Doppler shift is related to the speed v of the target’s

radial motion with respect to the receiver by ν = 2fcv/c, where fc is the

carrier frequency. Calculating the correlation function with a Doppler-

shifted signal produces an important characteristic of the radar waveform
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called radar ambiguity function χ(τ, ν) defined by

χ(τ, ν) =

∫ ∞

−∞
x(t)x∗(t+ τ) exp(j2πνt) dt. (3.2)

Regarding to the importance of the estimation of the Doppler frequency

caused by the target, it is also good to notice that the target velocity is one

of the key parameters of interest in radar systems.

3.2 Bistatic and Multistatic Passive Radars

A bistatic radar differs from a monostatic one by spatially separating

its transmitter and receiver to different geographical locations. Further-

more, MIMO radars using multiple transmitters and receivers as well as

many waveforms have been deployed. In such systems, the antennas may

be co-located or distributed. Passive radar, on the other hand, shares the

geometry of the multistatic radar with an important difference that the

signal used for the illumination of the target is actually transmitted by

some broadcast or communication system and opportunistically utilized

in the radar system. Typically, the detection of the target is based on

the hypothesis testing after the matched filtering. Some of the detection

methods in multistatic passive systems are described, for example, in [36].

An extensive review and comparison of these methods will be presented

later in this thesis. A simple passive radar system of three transmitters

and one receiver is illustrated in Figure 3.1.

In order to understand the performance potential of passive radar sys-

tems, it is logical to begin with the bistatic radar equation [37]

Pr

Pn
=

PtGtGrσbλ
2

(4π)3kTnBFLr20r
2
1

, (3.3)

which expresses the received SNR Pr/Pn as a function of transmitted

power Pt. Other variables in Equation (3.3) include Gt and Gr denoting

the transmitter and receiver antenna gains, respectively, and distances r0

and r1 from the receiver to the target and from the transmitter to the tar-

get. Bistatic radar cross section (RCS) of the target is denoted by σb and

the wavelength of the transmitted signal by λ. The effective bandwidth of

the receiver is B, and the effective receiver noise factor is F . Constant k

is Boltzmann’s constant, Tn is the noise temperature, and L ≥ 1 denotes

any unspecified system losses.
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Figure 3.1. A general structure of a passive radar system with several illuminators and
one receiver. Direct signal from the transmitters to the receiver and the tar-
get reflections are illustrated by dotted and dashed lines, respectively. De-
pending on the illuminating systems, transmitters may either operate on the
same frequency band (SFN) or use separate frequencies.

3.2.1 Radar Cross-Section

Let us next consider a few of the variables of Equation (3.3) in a more

detailed way. The bistatic RCS of the target is the only target property

involved in this equation. The RCS in general corresponds to the effec-

tive area that reflects the incoming radar power back to the receiver. It

can be considered as an equivalent area of a perfectly reflecting sphere

that causes same proportion of the transmitted power to reflect back to

the radar. The size, shape and material of the target affect the RCS. In

military targets, there is a often a strong incentive to plan those factors

in such a way that the RCS is as small as possible. Escpecially for these

stealth targets, the bistatic RCS can differ significantly from the mono-

static RCS. However, for the common non-stealth targets the values of

monostatic and bistatic RCSs can be comparable [38]. For example, [39]

presents a mathematical derivation beginning from the electromagnetic

definition of monostatic radar cross-section

σm = 4πr20 lim
r0→∞

‖hr‖2
‖hi‖2

, (3.4)

where r0 is the distance between the radar and the target, hr is the mag-

netic vector of the reflected wave and hi is the magnetic vector of the

incident wave. According to the derivation in [39], the monostatic RCS
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is approximately equivalent to the bistatic RCS for small enough bistatic

angles. Some further results on bistatic RCS and clutter properties have

been presented in [38], [40] and [41].

An interesting aspect of bistatic systems is the possibility for the for-

ward scatter phenomenon [42]. This happens when the bistatic angle in-

creases to 180◦. The forward scatter from a perfectly absorbing target

is the same as the scatter from the same-shaped aperture in a perfectly

conducting sheet with a 180◦ phase shift. Therefore, if the target has a

cross-sectional area of A the bistatic radar cross-section for the forward

scatter region would be [43]

σb =
4πA2

λ2
. (3.5)

This can be a significant improvement from the radar point-of-view. How-

ever, it should be noted that situations where forward scatter does really

happen, at least in its perfect form, may be quite rare. This is especially

true for aerial targets in passive radar systems where the vertical dif-

ference in locations of the target and the parts of the radar system can

be enough to keep it away from the forward scatter region. There are

however some special cases where forward scatter has actually been used

even in passive radars. It has been used experimentally with the illu-

mination from GPS satellites, for example [44]. In practical real-world

passive radar systems, it has not been utilized so far. The angular width

of the forward-scattered signal increases with the decreasing frequency of

the transmitted radio wave. Therefore, the systems that intend to benefit

from this phenomenon should favor the illumination from low-frequency

sources.

3.2.2 Swerling Target Models

The attenuation of the received signal envelope in the radar system is

typically varying as a function of time. This is due to the fluctuation of the

(bistatic) RCS of the target. Widely used Swerling target models describe

the statistical properties of the RCS of targets [8]. Four or five different

Swerling models can be distinguished depending whether the constant

RCS is counted as a separate Swerling model or not. The constant RCS

model is usually called either Swerling 0 or Swerling V. The rest of the

models can be described in the following way.

1. A Swerling I target has a relatively slowly changing RCS varying
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scan-to-scan. In this context, relatively slowly means that the RCS

stays constant during a radar scan but the realizations between

two different scans are independent. The RCS is exponentially dis-

tributed with probability density function:

f(σ) =
1

σave
exp

(
− σ

σave

)
, (3.6)

where σave is the average value of the RCS. The physical interpre-

tation of this kind of an RCS distribution is that the target can be

considered to consist of multiple independent scatterers of approxi-

mately equal size.

2. A Swerling II target has a similar RCS distribution as a Swerling I

target. The difference is that a Swerling II target’s RCS varies faster

and stays constant only during a single radar pulse. The realizations

between two pulses are independent. For passive radar systems,

the definition of a pulse is somewhat inaccurate since transmitted

waveforms are almost always continuous. Modulation schemes used

can be digital and some kind of definition for a pulse may be based

on that but it would be rather arbitrary, nevertheless.

Basically, a target can be considered to be a Swerling II target in

the passive radar system, if the RCS fluctuates within the integra-

tion time. In this sense, similarities can be seen to the definitions of

channel coherence time and bandwidth. The channel coherence time

is the time interval, during which the channel impulse response is

highly correlated. Similarly, the channel coherence bandwidth is the

bandwidth, within which the channel is not frequency selective. In

reality, it can be said that the coherence time is inversely propor-

tional to the maximum Doppler frequency and the coherence band-

width is inversely proportional to the channel delay spread but there

exist different definitions and formulas. In the same way, the divi-

sion between Swerling I and Swerling II models based on the rela-

tion of fluctuation time to the integration time cannot be seen as an

exact classification.

3. A Swerling III target is again a slowly fluctuating one in a similar

way as a Swerling I target. The RCS of a Swerling III target is

chi-squared distributed with 4 degrees of freedom. The probability
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density function is

p(σ) =
4σ

σ2
ave

exp

(
− 2σ

σave

)
. (3.7)

Physically this kind of distribution means that the target contains

one larger scatterer and multiple smaller ones.

4. A Swerling IV target has the same distribution as a Swerling III

target but it stays constant just the duration of one pulse. The real-

izations between the pulses are again independent.

Swerling models I and II usually apply to smaller targets such as a fighter

aircraft, for example. Swerling III and IV are more typical for larger

objects such as ships or large passenger jets. Although the basic Swer-

ling models are widely used, some modifications have also been proposed.

Two physically motivated expansions of Swerling models are introduced

in [45], for instance.

There are also some other channel effects that have been specifically

considered in the literature in the context of passive radar systems. For

example, the rapid growth of wind farms has raised the issue of their ef-

fect in radar performance. This type of interference has been recently

analyzed also in passive radar receivers [46]. The RCS of typical wind

turbines vary between 20 and 40 dBsm (decibels relative to one square

meter). As the turbines are rotating, they cannot be directly suppressed

as can be done for stationary interfering objects. Typical Doppler spread

values caused by turbines can be around 300 Hz. Rotating blades intro-

duce also a micro-Doppler that is periodic. The observed effect depends

on the number of blades and the direction of rotation with regard to the

radar set.

For conventional active radars with narrow antenna beams, the problem

caused by wind farms can usually be more easily isolated. In passive

radars, windmills can be masked in range-Doppler plane to reduce their

effect to target detection. Furthermore, if integration time is not too long

compared to the rotation frequency of the blades, masking can be applied

only in those frames where interference is present. It is worth noticing

how this might also affect some passive radars using illuminating systems

with long symbols, such as DVB-T2. If the minimum unit that is processed

at a time is one symbol and if the symbol length is long enough with

respect to the rotation frequency, these systems may have more serious

issues with this kind of interference.
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3.2.3 Direct Signal Component

As can be seen from Equation (3.3), the effective receiver noise figure F is

one of the factors affecting the passive radar performance. It is important

to note that this figure is called effective to distinguish it from the basic

receiver noise figure that usually describes the effect of radio frequency

components of the receiver to the SNR of the received signal. This com-

mon noise figure is also contained in the effective noise figure but it is

not the dominant component. The conventional receiver noise figure will

deteriorate the SNR by a few decibels in general [47].

The dominant factor of the effective receiver noise figure F is the effect

of direct signal component. The direct signal means the part of the trans-

mitted signal that reaches the receiver directly without echoing from the

target first. In [37], the results of measurements that have some relevance

for DVB-T and DVB-T2 passive radar systems are described, although the

frequencies used were somewhat lower than the ones used by these dig-

ital television systems. The measurements done in central London on

VHF band showed that the noise level in between the broadcast signals

was 40 dB above the thermal noise level and the direct signal power was

still another 45 dB above the noise. Although the authors themselves ad-

mit that the example may be clearly worse than the typical case especially

outside the dense urban areas, their measurements show the severity of

the direct signal interference and the need for the suppression of the di-

rect signal power at the receiver. It is suggested in [37] that the amount

of cancellation should be determined by the magnitude of the ratio of the

powers of the indirect received echo and the direct signal given by

Pr

Pds
=

r2dσb

4πr20r
2
1

, (3.8)

where rd is the distance between the passive radar transmitter and re-

ceiver. Cancellation should be such that the direct signal level after can-

cellation and integration stays below the noise floor [37]. Based on this

observation, a necessary suppression level of approximately 120 dB can

be calculated from the VHF band measurements in urban areas.

It is important to notice that the integration at the receiver does not help

to mitigate the direct signal problem. Integration over a longer segment

of the received signal more efficiently averages out the thermal noise at

the receiver and in that way improves the SNR. However, the direct signal

component shares the same waveform with the reference signal and will
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add up in the integration in the same way as the target echo does. Several

techniques can be combined to provide a necessary level of direct signal

suppression. Some of the more physical alternatives include the use of

physical shielding against the radio waves approaching from the direc-

tion of the illuminating transmitters and directional antennas. Taking

the multipath propagation into account, these are not always easily real-

izable if targets can exist at the same elevation azimuth directions as the

transmitters. For flying targets, however, they are usually very viable op-

tions. Natural obstacles such as hills and mountains can provide a cheap

and easy shielding for cleverly located receivers. In [48], several differ-

ent direct path interference mitigation techniques are presented. These

methods have been applied in practice in DAB based passive radar system

in the UK. The radar discussed in [48] utilizes the opportunities offered

by the location, i.e., natural obstacles, and antenna patterns. In addition,

the polarizations of the direct and echo signals are used to suppress the

interference. The transmitted radio wave is vertically polarized but there

is also significant horizontally polarized component in the reflected echo

signal. The presented passive radar system has been successfully used in

the detection of passenger jets. The radar cross-sections of military tar-

gets is usually much smaller, hence it may be necessary to use some more

advanced techniques in military applications.

Signal processing techniques, such as adaptive filters, spatial process-

ing and subspace methods, can be used to provide further suppression in

addition to the physical means [49]. A feedback system for estimating and

tracking variations in direct signal power level and delay in digital televi-

sion based passive radars is described in [50]. A delay-locked loop struc-

ture is used to track the possible changes in direct signal delay. Therefore,

the method allows the movement of the receiver antenna or the changes

in multipath environment, for example. Authors show direct signal power

level suppressions of 40-55 dB in simulations depending on the other pa-

rameters of the system. A subspace processing method to cancel the direct

signal interference with a circular antenna array at the passive radar

receiver is proposed in [51]. The performance of this method has been

studied in simulation using eight antenna elements when there are two

transmitters and one multipath arrival that needs to be cancelled. Based

on the simulation results, the direct signal suppression method is able to

cancel the interference enough to make the target detectable when the

target echo is 10 dB below the noise level, the multipath arrival is 30 dB
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above the noise level and both the direct signals are 60 dB above the noise

level. Besides the suppression of the direct signal component, signal pro-

cessing techniques may also be needed, for example, when dealing with

a somewhat related problem of masking effect caused by a stronger echo

from a nearby target. Cancellation methods for strong masking echoes

have been proposed in [24].

Noticing that the direct signal component is typically transmitted from

and received by non-moving stations gives yet another method for the

direct signal suppression. If it is possible to estimate the zero-Doppler

component of the received signal, the cancellation is achieved simply by

removing that component. For example, in [52], the zero-Doppler compo-

nent is estimated jointly when estimating other delays and Doppler fre-

quencies. Therefore, also the direct signal suppression is achieved auto-

matically in their method. In their simulations, the direct signal that is

50 dB stronger than the echoes is handled successfully without further

cancellation. However, as is noted in [37], a significantly strong direct

signal leakage can also reduce the gain of Fourier processing. Since in re-

alistic situations the power difference between the direct signal and tar-

get echo can be greater than the values used in those simulations, other

suppression methods may be needed in practice before the removal of re-

flections from stationary objects.

In addition to the conventional receiver noise figure and direct signal

components, the effective receiver noise figure F is affected by multipath

returns, interference from other radio systems and spurious components

of other electronical devices. The multipath returns can usually be can-

celled with similar techniques that were described for direct signal inter-

ference. This is possible because these returns are essentially the same

waveforms arriving with a different delay and potentially different direc-

tion of arrival. There may be non-zero Doppler components in multipath

returns, however, which reduces the possibilities to use those methods

that filter out echoes from non-moving targets. A geometry-based model

for passive radar multipath channel is presented and tested in [53]. Be-

cause the licensed use of the frequencies, external interference sources

should usually be quite negligible in comparison to main components of

effective noise figure. For example, terrestrial television transmissions oc-

cur at licensed frequency bands. Thus, in typical situations there should

not be any co-channel interference from other systems at the same geo-

graphical regions.
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3.2.4 Integration Gain

Equation (3.3) gives the received SNR before the signal is processed in

the receiver. Integration gain is an important factor when considering

the performance limits of a passive radar system. The matched filtering

type of correlation processing can be seen as coherent integration. Let

us denote the SNR before the integration by SNR0 = Pr/Pn. Now, the

signal-to-noise ratio after the coherent integration is given by

SNRi = Gp · SNR0 = BTint · SNR0, (3.9)

where processing gain Gp is given by the time-bandwidth product BTint,

when integration time is denoted by Tint. The gain of the coherent inte-

gration in Eq. (3.9) is defined assuming that the bistatic velocity of the

target stays constant, target is not fluctuating and the echo signal enve-

lope is not stretched due to the Doppler effect. The change in the integra-

tion gain when the underlying assumptions are violated is studied in [54].

Some of the investigated effects can easily be seen to be non-negligible in

passive radar systems.

Regarding the assumption of constant bistatic velocity, a common rule-

of-thumb is that the phase difference caused by mismatch of actual and

assumed target motion models should not exceed π/2 on the integration

interval. This leads to the following limit for the maximum integration

time

Tint,max =

√
2λ

a
, (3.10)

where a and λ denote the target bistatic acceleration and the wavelength

of the illuminating signal, respectively. Especially in passive radar sys-

tems, where the power of the target echo can be very low compared to the

noise level, it would be advantageous to be able to use longer integration

times without this kind of limitation. A solution to this problem is to con-

sider a different target motion model when calculating the correlations.

A constant acceleration of the target causes a linear frequency modula-

tion to the reflected signal. In practice, the modified model corresponds

to the replacement of the exponential term in matched filter equations to

produce the following correlation function

χe(τ, v, a) =

∫ Tint/2

−Tint/2
x(t)x∗r(t− τ) exp

[
−j

2π

λ

(
vt+

at2

2

)]
, (3.11)
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where v is the speed of the target [54]. In the simulation using an FM-

radio signal in illuminating transmitters, it was noticed that for targets

accelerating 10 m/s2, benefits in the integration gain could be achieved

with the more detailed motion model when the integration time exceeded

0.77 s [54].

Similarly it is possible to estimate the time interval over which the tar-

get fluctuation caused by multipath effects and the change in the observa-

tion angle produces the phase difference exceeding π/2. Since the target

fluctuation cannot be simply described mathematically as in the case of

acceleration effects, simulations are an easiest way to consider the limita-

tions to the integration time. It turns out that the maximum integration

time is lower for the targets with a small bistatic distance. For targets

that are tens of kilometers away, the integration time can be several sec-

onds. Since nearby targets usually produce higher SNR returns, the effect

of fluctuation to the integration gain was not considered to be severe for

the FM radio based passive radar system in [54].

Envelope stretch caused by the Doppler effect should also be considered

when designing the suitable integration time for the passive radar sys-

tem. Envelope stretch means the change in the time scale of the received

signal. In general, it can be neglected in radars when target motion dur-

ing the integration time is small compared to the resolution cell size. If

the passive radar system necessitates the use of longer integration time in

order to bring the SNR to the high enough level, also envelope stretch can

be an effect that needs to be taken in to account. For example, in DVB-

T2 transmissions large FFT sizes and therefore also long symbols may be

used. Longer integration times may be needed, because it is usually best

to not handle smaller units than one OFDM symbol at a time due to the

advantages gained from the OFDM processing. The envelope stretch can

be mitigated by elaborating the motion model in correlation calculations.

For the FM based passive radar, target velocites must exceed the speed of

sound until significant envelope stretch effects can be seen in simulations.

However, it is stated in [54] that the effect will be much more significant

in DAB and DVB-T systems. Further discussion on conventional motion

compensation techniques and effects of range migration caused by long

integration times can be found in [55]. It is important to consider these

aspects also in passive radars and choose suitable compensation methods

depending on the integration time needed in the passive radar system.
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3.2.5 Passive Radar Detection Range

The knowledge about the performance limits of the passive radar systems

and the results achieved in the current state-of-the-art implementations

is important when novel algorithms are designed and evaluated. In Sec-

tions 3.2.5 and 3.2.6, the performance figures presented in the literature

considering the detection range of passive radar systems are discussed.

In [37], some predictions have been derived on how the performance of

different passive radar systems is limited by physical constraints, channel

properties and known restrictions in receiver technology, for instance. Es-

timates of the attainable range are calculated for a target with the bistatic

RCS of 1 m2. The effective receiver noise figure used is 25 dB, other losses

are cumulatively 5 dB and integration time of 0.1 s is used. With these

figures, a detection range of about 30 km is estimated for the FM radio

based passive radar with a 250 kW transmitter. As authors themselves

note, this is quite a pessimistic prediction, since the effective noise fig-

ure used is pretty high. Assuming a better direct signal suppression, for

example, would bring the estimated detection range up significantly. In

addition, as is suggested in [54], the integration time for a typical FM ra-

dio illuminated passive radar systems could be well over 0.5 s without the

need of any modifications for standard radar processing.

If similar parameters as used for the FM radio transmitter are used for

a DAB digital radio illuminating system operating with much lower trans-

mission power of 10 kW, the same calculations predict a detection range of

about 10 km. These results show the importance of the design of efficient

algorithms that can help increase the detection range by making the de-

tection possible on low-SNR regime and, on the other hand, by canceling

the excess interference in a smart manner, thus decreasing the effective

noise figure. Digital television transmitters typically have larger band-

width than the DAB system used in the example, while the transmission

power can be of the same order.

Figure 3.2 presents a maximum range calculation for a typical DVB-T

passive radar system based on the bistatic radar equation given in Eq.

(3.3). The transmitter power is assumed to be 100 kW. Antenna gains

at the transmitter and the receiver are 1.7 and 10, respectively. Center

frequency of transmitted signal is 714 MHz and its bandwidth is 8 MHz.

The bistatic RCS of the target is 1 m2. The maximum range is given in the

figure is the geometrical mean of the distances between the transmitter
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Figure 3.2. Maximum range of DVB-T based passive radar system for different values
of the unspecified system losses. The range is given as a geometrical mean
of the transmitter-to-target and receiver-to-target distances. It can be no-
ticed that rather long integration times are needed to reach a detection range
of 50 km or more. This may mean that more sophisticated signal process-
ing methods are needed to overcome the challenges discussed in Subsection.
3.2.4.

and target and the receiver and target. The different curves in the figure

correspond to the different values of the unspecified system losses that

are denoted by symbol L in Eq. (3.3).

Figure 3.3 illustrates the effect of the bistatic acceleration and the enve-

lope stretch on the maximum range of a DVB-T based passive radar sys-

tem. The maximum range has been calculated assuming that the acceler-

ation limits the integration time as given in Eq. (3.10). Furthermore, the

limiting effect of the envelope stretch has been taken into account. The

acceleration in this figure is given using the unit g, which corresponds to

the standard acceleration due to gravity at the Earth’s surface. For exam-

ple, if it can be assumed that the target speed is lower than 1000 km/h

and its acceleration is less than 46 m/s2, then the integration time can be

selected in such a way that the maximum range of about 64 km can be at-

tained. It should be noticed that if any methods are used to overcome the

limitations described in Section 3.2.4, the maximum ranges presented in

Figure 3.3 are not valid anymore. This figure illustrates the demand for

the utilization of these signal processing techniques based on the known

limits for the target motion, however.
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Figure 3.3. Maximum range of a DVB-T based passive radar system as a function of the
target speed and acceleration. It is assumed that the simple motion model is
used and the integration time is limited by the bistatic acceleration and the
envelope stretch. It can be seen that for the DVB-T illumination the effects
described in Sec. 3.2.4 should be taken into account when longer detection
ranges are needed. This is especially true in military radar systems that
must be able to operate with high-speed maneuvering targets.

3.2.6 Measurement-Based Detection Ranges

The performance of several experimental passive radar systems has been

reported in the literature. Table 3.1 collects the maximum operational dis-

tances and resolutions achieved in different demonstrations. Systems are

classified based on the type of the illuminating signal. It should be noticed

that several other factors such as the method of direct signal suppression

and the transmit power of the illuminators have a significant effect on

the results. Therefore, the figures given in the table indicate just typical

values of distance and resolution. They should not be taken as any kind

of limits for the maximum attainable performance. Nevertheless, they

may give a somewhat more realistic view on the current state-of-the-art

than merely the theoretical simplified calculations described earlier. The

rest of this section discusses the essential points that can be learned from

existing experimental designs of passive radar systems.

In a recent experiment, a combination of multiple illuminating systems

was used to implement a multi-band multi-static passive radar in Ger-

many [59]. Their system consisted of eight FM transmitters, one DAB

SFN with six transmitters and one DVB-T SFN with three transmitters in
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Table 3.1. Maximum passive radar operational distance and resolution demonstrated in
experimental systems.

Illuminator Targets Max. range Resolution References
FM Airborne 100–350 km 1–2 km [56], [57], [58]
DAB/DVB-T Airborne 50–100 km < 100 m [59], [60], [61]
GSM/UMTS Car traffic < 500 m N/A [31], [62], [63]
WiMAX Marine 1–2 km N/A [64]

an urban area close to Berlin’s Tegel airport. Typical transmitter powers

in this combined passive radar system were 10–100 kW for FM, 1–10 kW

for DAB and 1–100 kW for DVB-T signals. The receiver was installed in

a van and could be moved and deployed in a time less than 30 minutes.

For commercial airliner targets up to 100 km from the receiver, authors

report better than 500 m location accuracy which is mainly achieved with

FM signals. If targets are less than 50 km away, the larger bandwidth

of OFDM based systems is of greater help and a location accuracy well

below 100 m was reached. It is also noted that varying transmitter po-

larizations among different illuminating systems provide polarization di-

versity for this kind of combined passive radar system. Another hybrid

passive radar experiment similarly combining FM, DAB and DVB-T sig-

nals is described in [60]. In addition to the waveform diversity achieved

in these systems, the frequency diversity is also utilized because different

illuminating signal use different frequency bands.

The importance of direct signal suppression in a DVB-T based passive

radar can be seen from the experimental results provided in [65]. Mea-

surements performed in Hungary allowed a detection range of less than

one kilometer for targets at low altitude when there was no specific ef-

fort to cancel the direct signal interference. Using a directional antenna

with a 15 dB front-to-back ratio, the maximum detection range was in-

creased but was still only slightly over four kilometers. Compared to the

results in [59] where more efficient adaptive Doppler filtering was used,

the difference is significant. In [61], experimental DVB-T based passive

radar system with a directional antenna array successfully detected civil

aircrafts with bistatic ranges up to 80 km. The transmitter of the system

established in the Netherlands was located approximately 50 km from the

receiver. Another OFDM-based experimental passive radar system is pre-

sented in [64]. By using a WiMAX signal as an illuminator, moving ships

and buses were detected and tracked in Singapore. In this demonstra-

tion, least squares (LS) based method was used to determine the weights

of an adaptive noise cancellation filter in order to suppress the interfering
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direct signal. Although exact resolution or range limits are not numeri-

cally specified, the results demonstrate capability to detect four separate

ships within approximately one kilometer from the receiver. No results

for longer distances are provided. Of the other OFDM based systems, it

can be mentioned that an experimental passive radar system using Wi-Fi

signals for car traffic detection is described in [66].

Communication systems can be viable sources of illumination for some

specific applications. Due to the quite limited transmit power, they are

typically not applicable for air traffic detection. However, the coverage of

the networks is usually really good at the ground level. In [62], UMTS

signals are used as illuminators of opportunity for car traffic monitoring

in Pisa, Italy. A detection range of a few hundred meters from the receiver

was achieved when the baseline length between the transmitter and re-

ceiver was slightly over 100 meters. The speed of observed vehicles was

about 60 km/h. Similar results for car traffic detection are provided with

GSM illumination in [31] and [63].

FM radio signals have been used in quite many experimental passive

radar setups. In [56], an FM-based passive radar system in London demon-

strated bistatic ranges of over 90 km when baseline length was about

12 km. The disadvantage of FM signals compared to the wideband signals

used in digital television systems is that the range resolution is typically

much worse. In this experiment, for example, the resolution observed was

between one and two kilometers. In [57], experiments in Poland are re-

ported where large passenger planes with RCS of the order of 10–20 dBsm

could be detected from about 350 km distance from the passive radar re-

ceiver. A demonstration with similar kinds of results is reported in [30].

Despite the lack of good resolution, maximum ranges this high may make

FM signals an good choice for the illumination when large radar cover-

age is required. One of the most promising approaches is based on the

frequency diversity. By combining FM illuminators with other wideband

signals as was done in [59] both a large maximum range and a good range

resolution for targets closer to the receiver may be achieved.

The first demonstration of successful airliner detection by a passive

radar system with an airborne receiver was documented in [58]. Although

the system utilized only a single illuminating transmitter and the authors

did not have the ground truth information available, they report a good

correlation between the estimated locations of the targets and the known

flight paths near London’s Heathrow and Gatwick airports. An interest-
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ing performance result provided by this experiment is that the detection

was achieved after a direct signal suppression of approximately 25 dB.

This suppression was implemented by applying an adaptive filter to can-

cel the signal in the zero-Doppler bin. The level of suppression is sig-

nificantly smaller than the figures reported to be necessary for ground

receivers, for example, in [37]. However, the false alarm and detection

probabilities of the system are not specified in [58]. Therefore, this should

be taken more as a proof-of-concept than a practical passive radar system.

3.3 Passive Radar Ambiguity Functions

In conventional radar systems, it is possible to design the transmitted

waveform in such a way that the ambiguity function has favorable prop-

erties for identification of correct delay and Doppler frequencies of targets.

In passive radar systems, on the other hand, the transmitted waveform

cannot be controlled or designed by the radar designer or operator. There-

fore, there are no ways to select the ambiguity function either. Still, it

is necessary to know the properties of the ambiguity function in ques-

tion to be able to deal with the possible disadvantages that the particular

transmitted signal waveforms generate. Since it is not possible to say

much about passive radar ambiguity functions in general, it is useful to

concentrate on types of signals that are often used in passive radar appli-

cations. There exist a few studies about the properties of OFDM signals

used in passive radar context, for example [67]. Based on that, two spe-

cific systems, namely DVB-T and DVB-T2 are considered in more detail

in this Section. Similar principles can be applied to other OFDM systems

as well. For example, different types of pilot symbol assignments have a

different effect on the ambiguity function as is shown in the comparison

of DVB-T and DVB-T2 pilot specifications.

3.3.1 Analysis of DVB-T/T2 Ambiguity Function

In literature, a mathematical analysis has been presented about the am-

biguities in the DVB-T signal [68]. In this section, the main causes of

sidelobes appearing in the ambiguity function are considered. The differ-

ences between the DVB-T and DVB-T2 signal are discussed considering

the applicability of these waveforms for passive radar use. For the pur-

pose of the mathematical treatment, the DVB-T/T2 transmitted signal is
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given by

x(t) =

∞∑
m=0

K−1∑
k=0

N−1∑
n=0

smknψmkn(t), (3.12)

where function ψmkn(t) is defined by

ψmkn(t) = exp

(
j2π

n

T0
(t− TC − (mK + k)T )

)
wmk(t). (3.13)

Here, N denotes the number of subcarriers and K is the number of OFDM

symbols in one frame. The length of an OFDM symbol without the cyclic

prefix is T0 and the total length with the cyclic prefix is T . OFDM frames,

symbols and carriers are numbered by m, k and n, respectively. There-

fore, smln is a complex symbol transmitted on the n-th subcarrier of the

k-th symbol in the m-th frame. Windowing function wmk(t) is a rectan-

gular function that has the value of one during the k-th symbol of the

m-th frame and zero elsewhere. Using this signal model, the ambiguity

function is given by

χ(τ, ν) =
∑

mkn,m′k′n′

smkns
∗
m′k′n′ exp

(
−j

2π

T0

(
n− n′

)
TC

)

· exp
(
−j

2π

T0
n′T

(
k − k′ +

(
m−m′

)
K
))

· exp (−j2πνT (k +mK)) exp

(
j
2π

T0
n′τ

)
· χw

(
τ − (

k − k′
)
T − (

m−m′
)
KT, ν − n− n′

T0

)
, (3.14)

where χw(τ, ν) is calculated from the windowing function as

χw(τ, ν) =

∫ ∞

−∞
w(t)w∗(t− τ)e−j2πνt dt. (3.15)

The positions of the largest ambiguity peaks are derived in [68]. They

occur at delays and Doppler frequencies given by

τ = T0

( r1
12

+
r2
3

)
+ 4r3T and ν =

1

T

(r1
4

+ r4

)
, (3.16)

where r1 ∈ {0, 1, 2, 3} and r2, r3, r4 ∈ Z. The amplitude of the ambiguity

peak depends on the number of symbols that contribute to the sum in

Eq. (3.14). The more contributing symbols there are, the larger the effect

on the ambiguity function. Figure 3.4 illustrates the effect of scattered

pilots in the DVB-T ambiguity function at zero Doppler (r1 = r4 = 0). As

can be expected based on Eq. (3.16), ambiguity peaks are visible with a
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Figure 3.4. A zero-Doppler cut of the DVB-T ambiguity function including only the con-
tribution of the scattered pilots. The spacing of the ambiguity peaks is T0/3
as predicted by Eq. (3.16). The pattern is repeated at delays of multiples
of 4T . The delay is given as multiples of the time-domain symbol length T
including the cyclic prefix. The basic correlation properties of the DVB-T2
signal are similar but with weaker amplitudes due to the subcarrier-level
and frame-level pseudo-random sequences.

spacing of T0/3. Moreover, this pattern is repeated at delays of multiples

of 4T . It is worth noticing that the delay of 4T corresponds to a distance of

approximately 700 km. An exact value of the distance depends on the CP

length. However, this distance is usually much more than the detection

range of a DVB-T illuminated passive radar system for all the possible CP

lengths defined in the standard. Therefore, repetitions of the ambiguity

peak pattern should not be significant for the radar performance.

The essential difference of the DVB-T2 signal to the DVB-T signal is

that the pilot symbol transmitted on a certain pilot subcarrier is not inde-

pendent on the symbol. In addition to the pseudo-random sequence that

specifies the pilot symbol value based on the subcarrier index, there is also

another frame-level binary sequence that can either invert or not invert

all of the pilot symbols within a symbol. In other words, pilot symbols

are defined by multiplying two binary sequences. One of the sequences

is pseudo-random in the subcarrier-level and another one in the frame-

level. This randomness means that the pilot subcarriers in the neighbor-

ing symbols are not as strongly correlated in the DVB-T2 as they are in

the DVB-T. Considering the ambiguity functions, this could be expected

to be an advantage for the DVB-T2 signal in the passive radar use. Time-
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domain correlation of the consecutive symbols is a significant factor in the

ambiguity peaks, and in the DVB-T2 this effect is practically eliminated

due to the added randomness. The DVB-T2 standard also defines multi-

ple pilot patterns, which makes it possible to utilize the knowledge about

the propagation environment in the selection of the pilot sequence used in

the transmission. The effect of different pilot sequences to the ambiguity

function can be deduced based on the similar principles than discussed

above.

3.3.2 Methods for Mitigating Effects of OFDM Ambiguities

In the literature, some methods have been proposed for mitigating the

harmful effects that pilot subcarriers and the CP of OFDM signals cause

for the passive radar ambiguity function [69]. A method used in [68] is

based on the mismatched filtering given by

χf(τ, ν) =

∫ ∞

−∞
x(t)x∗f (t+ τ) exp(j2πfDt) dt, (3.17)

where xf (t) is a filtered version of the reference signal. Filtering is in-

tended to be done in such a way that the ambiguity function χf(τ, ν) has

more favorable properties than the original χ(τ, ν) has. The results ob-

tained in [68] for DVB-T signal show that a significant reduction of ambi-

guities of about 36 dB can be achieved by filtering out the effect of boosted

pilot subcarriers. This comes at the cost of about 1 dB decrease in zero-

delay zero-Doppler peak. Since the pilot arrangement of DVB-T2 signals

differs from the DVB-T only by the time and frequency domain spacing,

the same methods can be applied to DVB-T2 systems after a redesign of

the filters used to generate a mismatched reference signal. Some exper-

imental results for ambiguity function sidelobes mitigation are provided

in [70]. The results are obtained using real data from a DVB-T system.

They demonstrate a gain of approximately 30 dB from ambiguity miti-

gation. Mismatched filtering has also been used in [71] in sidelobe level

reduction in MIMO radar ambiguity functions.

3.3.3 Bistatic Ambiguity Function

Although the ambiguity function described above can reveal lots of im-

portant information about the properties of the signal in passive radar

use, it does not say much about the effect of transmitter, receiver and

target geometry on the ambiguity function behavior. Studying the am-
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biguity function when the geometry of the system varies is an important

aspect especially in passive radar systems. Understanding how ambiguity

function behaves makes it easier to choose the best positions for receivers

as the transmitter locations are usually fixed. It is possible to define a

bistatic version of the ambiguity function which can provide this neces-

sary information.

Let us write the bistatic ambiguity function as follows

χb(rr,h, rr,a, vh, va, θr, rd) =

∫ ∞

−∞
x(t− τa(rr,a, θr, rd))x

∗(t− τh(rr,h, θr, rd))

· exp [j2π(νh(rr,h, vh, θr, rd)− νa(rr,a, va, θr, rd))t
]
dt, (3.18)

where rr,h and rr,a are the hypothesized and actual distance of the target

from the receiver, respectively [72]. Similarly, vh and va are the hypothe-

sized and actual radial velocities with respect to the receiver. Functions

τh(·), τa(·), νh(·) and νa(·) return the hypothesized and actual delays and

Doppler frequencies. Angle θr describes the direction of the target with

respect to the receiver and rd is the distance between the transmitter and

receiver. Positive values of angle θr are measured clockwise from the ver-

tical axis of the coordinate system, where receiver is located at the origin

and the baseline connecting the transmitter and the receiver lies on the

horizontal axis. As can be noticed, when specifying a bistatic ambiguity

function, it is necessary to also determine a reference point with respect to

which the function is considered. In this case, the location of the receiver

is chosen as the reference point.

By using the bistatic version of the ambiguity function given by Equa-

tion (3.18), it is possible to study the ambiguity behavior when the tar-

get is at different locations with respect to the transmitter-receiver base-

line. Comparing to situations, for example, where target is either situ-

ated on the extension of the baseline or is at an angle of 90◦ with respect

to it, shows that the range and Doppler resolutions are worse in the lat-

ter case [73]. Furthermore, locating the target between the transmitter

and receiver on the baseline causes the resolution to collapse quite totally.

The explicit formulation of the geometric layout in the bistatic ambiguity

function makes it easier to search for the situations that may produce un-

acceptable detection results in passive radar systems. In addition to the

effect of the bistatic geometry on the ambiguity function, also other mea-

surements of radar performance must be considered separately for the

bistatic configuration. In [74], Cramér–Rao lower bounds (CRLB) for the
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estimation of the range and velocity of the target in a bistatic scenario are

calculated. These bistatic CRLBs can be used, for example, when choos-

ing an optimum set of bistatic channels for target tracking in multistatic

scenarios.

3.4 Sparse Representations in Passive Radar Systems

Experience has shown that many common signals in every-day environ-

ment are sparse by their nature. By sparse we mean that they can be con-

structed using a very small subset of some basis. This has led to the emer-

gence of compressive sensing techniques that can efficiently reconstruct

sparse representations of signals from different measurements. Compres-

sive sensing has been applied to radar signals in general, for example, in

pulse compression tasks. Applications also exist for MIMO and passive

radars. Especially, OFDM based illuminating systems are suitable to a

sparse representation that allows the utilization of compressive sensing

methods.

In the end of the next Chapter, we will review and discuss the passive

multistatic detection methods based on both the conventional matched

filtering approach described earlier and sparse representations of the il-

luminating signal. One method to derive the necessary sparse represen-

tation is presented in [52]. In this representation, a long vector containing

coefficients for possible sampled delays and Doppler frequencies is used. A

reflected signal has components only for few of these combinations, which

makes the vector sparse. To be able to utilize this sparseness in a passive

radar detection algorithm, it is necessary to know at least some of the

transmitted symbols at the receiver. These known symbols can be, for ex-

ample, pilot symbols or data symbols obtained after decoding the received

direct signal.
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4. Target Detection Based on Control
Symbols

This chapter describes the passive radar detection method proposed in

this thesis. A novel Neyman-Pearson detector utilizing the structure of

the DVB-T2 signal is presented in the thesis. The false-alarm rate and

the detection probabilities are analytically derived. Performance of the

method has also been simulated for both the AWGN channel and Swer-

ling modeled fluctuating targets. Furthermore, a comparison to the other

detection techniques found from the literature is given here. The compar-

isons are done with regard to the complexity, performance and sensitivity

to direct signal strength. Chapter ends with a discussion about the us-

ability of the different methods in a realistic passive radar system.

4.1 Review of Detection Methods

In this section, the state-of-the-art of the passive radar detection meth-

ods is reviewed. A performance of the proposed method in comparison to

the ones presented in the literature is discussed later in Section 4.4. A

presentation about the standard detection and target tracking methods

in monostatic radars can be found from [75]. A performance evaluation

and design guidelines of some basic optimum and suboptimum receiver

structures for conventional multistatic radars are presented in [76].

We start our review with two generalized likelihood ratio tests (GLRT)

RS-GLRT (Reference – Surveillance GLRT) and SS-GLRT (Surveillance –

Surveillance GLRT). These two methods are detection techniques that in-

tend to utilize the correlations between multiple received signals either in

the case where reference signals are known (RS-GLRT) or not known (SS-

GLRT) [77]. RS-GLRT takes certain unknown parameters of the channel

as nuisance parameters. In the SS-GLRT also the transmitted data are

not known at the receiver and must be handled as nuisance parameters
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in the GLRT derivation. The derived test statistic essentially involves

calculating the largest eigenvalue of the Gram matrix. A similar kind

of approach with slightly more specific assumptions about the channel

environment has been earlier proposed in [78]. Despite of the small dif-

ferences between them, they share many common properties relevant for

their performance and complexity.

The test statistic based on the largest eigenvalue of the Gram matrix

can be straightforwardly extended to SFN systems as is shown in [79].

In the case of the SFN illuminating system, the Gram matrix should be

extended to contain each combination of transmitters and receivers. The

signals used in the construction of the matrix are the received signals

corrected with respect to the delay and the frequency shift corresponding

to the hypothesized location of the target. The operation of the algorithm

has been simulated in [79] using a DVB-T SFN system with two transmit-

ters and one receiver. The results provide only a proof-of-concept showing

the capability to detection with a high SNR of 10 dB. No analysis or simu-

lations on the probability of detection with respect to the false alarm rate

is given. Considering the similarities to the methods described in [77], it

is reasonable to refer to the extensive performance analysis given there.

A description about the other pre-processing steps needed before the de-

tection in a DVB-T SFN illumination based passive radar system can be

found from [80]. Furthermore, the effect of quantization in the analog-to-

digital converters (ADC) to the detection performance in a DVB-T illumi-

nated passive radar system has been considered in [81].

Depending whether or not the detection methods utilize the correla-

tion with a received direct reference channel, they may be sensitive for

the direct signal-to-noise power ratio (DNR). Simulation results for the

RS-GLRT algorithm reveal that there are asymptotic limits for the SNR

needed to obtain a certain probability of detection level when DNR is ei-

ther very high or very low. For example, when 1000 measurements per

transmitter are used, the number of transmitters is two and the num-

ber of receivers is three, the SNR difference between the high-DNR and

low-DNR regions at the 0.9 probability of detection level is 11.60 dB. Al-

gorithms that do not utilize the information gained from the reference

channel, such as the proposed control symbol based method, do not show

this kind of sensitivity for the DNR. On the other hand, they lose in per-

formance when a strong direct signal would be available.

Another GLRT detection method, that can be used when both the trans-
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mitted signal and the noise power are unknown, is presented in [82]. The

decision statistics takes the form of the ratio of the maximum eigenvalue

of the Gram matrix to the sum of all the eigenvalues. In that sense, the

method seems to have strong connections to the earlier published SS-

GLRT, which also utilizes the maximum eigenvalue in the decision statis-

tics. The differences are in the modeling of the channel and the utilization

of antenna arrays at the receivers. It does not seem implausible that given

similar assumption both of the methods could be shown to be variations

of the same GLRT detection algorithm. The simulation results in [82] are

provided for one transmitter and two or more receivers. Using 30 samples

at the SNR level of −5 dB and the probability of false alarm being 0.01,

the number of receivers needed to exceed the detection probability of 0.9

is six. With seven receivers, the detection probability is already close to

0.99.

The performance of a simple cross-correlation based passive radar de-

tector is analyzed in [83]. Especially, the effects of the direct-path inter-

ference in the surveillance channel and the noise in the reference channel

are examined. There are two interesting things worth of noticing when

comparing the behavior of the cross-correlation detector to the optimal

matched filter based detection. For example, let us assume that the SNR

of the received target echo is −15 dB for the matched filter detector and

the probability of false alarm is 10−5. To achieve the same probability of

detection, the cross-correlation detector needs a larger target SNR that

depends on the SNR level in the reference channel and the interference

level in the surveillance channel. The interference refers here mainly to

the direct-path signal that is left after the filtering. Now, there exist a

lower floor for the reference SNR, below which there is a lower limit for

the target SNR loss no matter how low the interference-to-noise level is.

In this particular case, if the reference SNR is lower than 0.2863 dB, the

SNR loss is always greater than 3 dB. In addition, there exists a simi-

lar ceiling for the interference-to-noise level, above which there is a lower

limit for the target SNR loss independent on the reference SNR. Again,

in the specified scenario, if the interference-to-noise level is larger than

−0.0206 dB, the SNR loss exceeds 3 dB although the reference channel

would be practically noiseless.

A special case of detecting targets with a cross-correlation based detec-

tor when the reference signal SNR is low has been considered in [84]. In a

scenario with two DVB-T illuminators and two receivers, the SNR at the
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output of the cross-ambiguity function calculation unit was determined as

a function of the SNR of the reference and surveillance channels. When

the surveillance channel SNR was about −24 dB, the reference channel

SNR of 5 dB was enough to produce the output SNR of approximately

35 dB. Authors note that the reference channel SNRs of less than 0 dB

are still enough for a successful detection in this particular case. Based

on this finding, they also propose a concept of using only a single channel

receiving both reference and surveillance signals. Simulations suggest

that the detection with this kind of passive radar receivers should be pos-

sible even when the reference signal SNR is close to 0 dB.

The performance of the cross-correlation detection when a decoded DVB-

T reference signal is available is analyzed in [85]. It is noted that the

performance is sensitive to the bit error rate (BER) of the decoder. Even

a moderate BER of 2048 ppm decreases the target SNR in the detector

by 12 dB when the bistatic distance is on the order of 10 km. For the

perfectly decoded reference, the SNR was found to be approximately be-

tween 20 and 24 dB when the Doppler frequency varied from 0 to 400 Hz.

Regarding the range resolution of this kind cross-correlation detector, the

measurement results are given that determine the capability to resolve

two targets within a range cell of 37.5 m. In about 78 % of the cases,

a detector using a decoded reference was able to distinguish two small

aircrafts with this resolution.

Still another DVB-T passive radar correlation detector has been pro-

posed in [86] utilizing a modified version of the amplitude and phase es-

timation (APES) suitable for noise-like signals such as DVB-T transmis-

sion. The method has been demonstrated with real data using a helicopter

as a target of the detection. Performance measures that could be used in

comparison to other algorithms presented here are not available for this

detector. It is clear that the performance of the detectors in passive radar

systems is also affected by the location of the receivers with respect to the

geometry of the transmitter network. Since the receiver sites can usually

be chosen when designing a passive radar system, the dependence of the

performance of the cross-correlation based detection on the receiver loca-

tions in DVB-T passive radars has been studied in [87]. Different criteria

for the selection of receiver position can include the maximization of the

detector output SNR or minimization of the probability of missed detec-

tion [88]. By using a greedy algorithm to select receiver locations one at

a time in such a way that the mean output SNR of the detector is max-
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imized, the SNR stays approximately within 70 % of the maximum in a

30 × 30 km region for a Swerling I modeled target and a DVB-T passive

radar system with 2 transmitters and 2 receivers.

An empirical study of the cross-correlation based detection of the DVB-

T illuminating signal has been presented in [89]. The comparison of the-

oretical and numerical approaches for the estimation of the probability

of detection and the probability of false alarm showed slightly too posi-

tive theoretical estimates for the probability of detection for smaller false

alarm rates. Empirical measurements were performed with one trans-

mitter and one receiver separated by a distance of 32 km. The target

was located 15 km away from the receiver site. In general, theoretical

and numerical results seem to agree reasonably well. It should be no-

ticed that the results can be dependent on the particular channel envi-

ronment. In [90], the range resolution of the cross-correlation detection

in a DVB-T passive radar system was experimentally studied. The sys-

tem consisted of one transmitter and one receiver that was located 14 km

from the transmitter site. The bistatic range resolution of the detector

was found to be about 57 m when one DVB-T channel was utilized to de-

tect an aircraft from the distance of 1.7 km flying approximately with a

speed of 450 km/h. When the signals from three adjacent DVB-T channels

were used, the range resolution improved to approximately 18 m.

The passive radar detection problem is formulated as a multiple compos-

ite hypothesis testing in [91]. A successful reception of a noisy reference

signal is assumed and the unknown channel coefficients are replaced by

their ML (maximum likelihood) estimates to produce a GLRT algorithm

for target detection. The whole hypothesis testing proceeds by utilizing

a binary decision tree. First, the hypotheses H0 and H1 corresponding to

the situations where no target or one target is present, respectively, are

tested. Depending on the result, one of them is rejected and the remain-

ing one is tested against the hypothesis H2 corresponding to the situation

where two targets are present. This process is continued until the spec-

ified maximum number of targets is reached. When a target is detected,

its effect is subtracted from the target channel signal before proceeding

in the next step of the algorithm. It has been shown in simulations that

this method, combined with a clutter removal and direct path interference

suppression proposed in [91], works better than a cell-averaging constant

fall alarm rate detection especially when there are a larger number of tar-

gets with varying SNRs. For example, a smaller number of false alarms
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are produced with this GLRT detection when three targets with SNRs of

0, −1 and −23.1 dB are present with two of them located in the same range

bin. The illuminators used in the simulated results are FM radio trans-

mitters. It should be noticed that a reference signal of a very good quality

was used to obtain these results. The DNR in the reference channel was

83 dB and it is noted that reducing the power of the reference signal the

number of false alarms is increased.

In [92], a singular value decomposition based detection method utilizing

noisy reference signals is presented. This algorithm also assumes a pulse-

to-pulse fluctuation of the target and is therefore more general in that

respect than some other methods mentioned earlier. The test statistic is

given by

TSVD =
∣∣∣S2

sv
H
s vr

∣∣∣2 , (4.1)

where Ss is the leading singular value computed from the measurement

matrix of the surveillance channel, vs is the corresponding left singular

vector and vr is the dominant left singular vector computed from the

measurement matrix of the reference channel. Originally, the detection

method was proposed for rank 1 signals. It has then been extended to

rank K signals in [93]. The more general test statistic can be written as

TSVD-K =

K∑
k=1

K∑
j=1

∣∣∣S2
skv

H
skvrj

∣∣∣2 , (4.2)

where Ssk and vsk denote the k-th dominant singular value and left sin-

gular vector, respectively, computed from the measurement matrix of the

surveillance channel. Similarly, vrk is the k-th dominant left singular

vector computed from the measurement matrix of the reference channel.

Both methods have been shown to outperform the cross-correlation detec-

tion by a margin of several dB.

A Bayesian detection algorithm for a passive radar system with multiple

transmitters and one receiver is proposed in [94]. This method assumes

that the receiver has multiple directional antennas that are used in re-

ception of reference signals and target echoes. It is also assumed that

a rank K matrix can be formed from the K transmitted signals. Sim-

ple priors have been introduced for the nuisance parameters found in the

likelihood ratio and integrations are calculated to marginalize out these

parameters. The simulation results compare the Bayesian algorithm to

the GLRT detection method with two transmit stations and five antennas
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at the receiver when the target path SNR is 4.8 dB and the direct path

SNR is 20 dB. The ROC curves show that, at least with this rather high

SNR, the Bayesian method loses very little for the GLRT detector. In this

respect, the results are similar for both known and unknown noise power.

The Bayesian method gains a small advantage over the GLRT detector

when the direct path SNR is increased to 30 dB.

Compressive Sensing (CS) methods such as Orthogonal Matching Pur-

suit (OMP-CS) and Basis Pursuit (BP-CS) can be utilized in passive radar

detection as well. These techniques offer the possibility to use a varying

amount of information about the transmitted waveform. For example,

they can be utilized with known pilot symbols or alternatively with a full

information about the transmitted data. What it comes to the perfor-

mance, the CS based methods are typically behind the best GLRT algo-

rithms described earlier [52]. However, their benefit is that they can filter

the direct signal jointly without a significant increase in complexity as-

suming that the direct path power is not large enough to saturate the

system. It is quite safe to presume that some direct signal attenuation is

needed in practice before the detection phase also in the CS based passive

radar systems but the utilization of these methods can reduce the demand

for strong suppression and therefore decrease the system complexity.

4.2 System Model

A passive radar system typically consists of multiple illuminators of op-

portunity and one or more receivers. A typical setup of this kind of sys-

tem is illustrated in Figure 4.1. The illuminating system considered here

is the DVB-T2 [2] that has been deployed in several European countries.

DVB-T2 transmits OFDM signals as described in earlier chapters and

also has the capability to utilize SFNs and a 2× 1 MISO spatial diversity

transmission scheme.

In OFDM transmission frequency-domain symbols are first converted in

time-domain with inverse fast Fourier transform (IFFT). A general form

of an OFDM symbol after the IFFT is given by

s0(n) =
1√
N

N−1∑
k=0

Xke
j2π kn

N , (4.3)

where N is the total number of subcarriers and Xk is the symbol transmit-

ted on the k-th subcarrier. After the IFFT a cyclic prefix (CP) containing
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TX1
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Figure 4.1. A multistatic radar system utilizing several illuminators and one receiver.
The distance between the n-th transmitter and the target is denoted by rn,
and the distance between the receiver and the target is denoted by r0.

a copy of samples from the end of the symbol is added in the front of the

symbol to form the signal s(n). The continuous transmitted signal is de-

noted by s(t).

In this thesis, the focus is on the detection of the target echo after the

preprocessing of the received signal has been performed. That said, it

is important to notice that the preprocessing involves a crucial step of

filtering out the strong direct signal copy coming from the illuminating

transmitter. The knowledge of the locations of transmitters can be utilized

in filtering combined with directional antennas or spatial processing with

antenna arrays [51].

4.2.1 P1-Symbol Structure

P1-symbols are used in the DVB-T2 system in order to inform the receiver

on some essential transmission parameters such as the FFT size and the

pilot pattern. It can also be used to acquire the initial time and frequency

synchronization. The fixed structure and low data rate make it easy to

detect and decode even in very adverse conditions.

The structure of the P1-symbol is presented in Figure 4.2. The main part

of the symbol is a 1K OFDM symbol with NA = 1024 time domain samples.

The total symbol contains two frequency-shifted partial repetitions of the

main part. The first one of these is a copy of the first NC = 542 samples of

the main part in the beginning of the symbol. The second one is inserted
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Figure 4.2. The structure of the DVB-T2 P1-symbol.

in the end of the symbol and includes the last NB = 482 samples of the

main part.

4.3 P1-Symbol Detection in AWGN Channel

Let us formulate the detection of the presence of DVB-T2 P1-symbol in

the target echo as a binary hypothesis testing problem. The null hypothe-

sis denoted by H0 corresponds to the situation where no target is present.

Respectively, the alternative hypothesis H1 is that the received signal con-

tains a copy of the transmitted DVB-T2 signal echoed from the target. In

other words, the problem may be written as

H0 : x(t) = n(t)

H1 : x(t) = s(t) + n(t),
(4.4)

where x(t) is the received signal and n(t) is additive white Gaussian noise.

When FFT size of the OFDM system is sufficiently large, the central limit

theorem can be applied in order to determine the distribution of time do-

main samples. Denoting the power of the signal and noise by σ2
s and σ2

n,

respectively, the distributions for different hypotheses are

H0 : x(t) ∼ Nc(0, σ
2
n)

H1 : x(t) ∼ Nc(0, σ
2
s + σ2

n),
(4.5)

where Nc denotes a complex Gaussian distribution.

As mentioned in Section 4.2.1, the repeated parts of the P1-symbol con-

tain a frequency-shift. Here, it is assumed that before the actual detection

this frequency-shift of the guard intervals is compensated for. Related to

this, it should be noticed that phase inaccuracies in this process may lower

the correlation coefficients and therefore somewhat deteriorate the perfor-

mance. This issue is not investigated any further in this thesis. In order

to detect the presence of target echoes, three differently delayed versions

of the received signal are utilized. By denoting the number of samples

in a P1-symbol by M and assuming the structure described in Subsection
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4.2.1, the following signal vectors are defined

z1 = [x(1), x(2), . . . , x(M)]�,

z2 = [x(NB + 1), x(NB + 2), . . . , x(NB +M)]�,

z3 = [x(NC + 1), x(NC + 2), . . . , x(NC +M)]�.

(4.6)

The real vectors used in the following derivations are formed by stacking

real and imaginary components into a column vector as follows

yn = [R{zn(1)},I{zn(1)}, . . . , R{zn(M)},I{zn(M)}]�, (4.7)

where zn(m) denotes the m-th sample of vector zn, and R{z} and I{z}
give the real and imaginary parts of a complex number z, respectively. It

is relatively easy to find the correlation coefficients related to these signal

vectors under the H1 hypotheses. This can be done straight-forwardly by

starting from the definition of the correlation coefficient and noticing how

the samples of the shifted parts match with the samples in the main part

of the symbol. In the case of additive white Gaussian noise, the coefficient

ρB presents the correlation between vectors y1 and y2 and is given by

ρB =
NB · SNR

2NA(1 + SNR)
, (4.8)

where SNR is the absolute signal-to-noise ratio and NA = NB + NC. The

correlation coefficient ρC is defined in a similar way for vectors y1 and

y3 by substituting NB with NC. By denoting the common part of these

two correlations by ρ0 = SNR/(2NA(1 + SNR)), they can be written as

ρB = NBρ0 and ρC = NCρ0.

4.3.1 Derivation of the Likelihood Ratio Test for P1-Symbols

Let us further investigate the distribution of random variables x1(k), x2(k)

and x3(k), which denote k-th components of the real received vectors y1,

y2 and y3. From this point onward, when there is no chance for confusion,

the shorthand notations x1, x2 and x3 are used, respectively. These vari-

ables are assumed to be independent and identically distributed (i.i.d.).

The joint probability density under the H0 hypothesis is given by

p(x1, x2, x3|H0) =
1

(2π)3/2σ3
0

exp

[
− 1

2σ2
0

(
x21 + x22 + x23

)]
, (4.9)
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where σ2
0 = σ2

n/2. Similarly, the joint probability density under the H1

hypothesis can be written as

p(x1, x2, x3|H1) =
1

(2π)3/2σ3
1

√
1− ρ2B − ρ2C

· exp
[
− 1

2σ2
1(1− ρ2B − ρ2C)

(
x21 + (1− ρ2C)x

2
2 + (1− ρ2B)x

2
3

−2ρBx1x2 − 2ρCx1x3 + 2ρBρCx2x3)

]
, (4.10)

where σ2
1 = (σ2

s + σ2
n)/2. It can be seen that term 1 − ρ2B − ρ2C is strictly

positive since ρ2B and ρ2C are always less than 1/2.

Based on these probability densities, the likelihood ratio can be defined

as follows under i.i.d. assumptions

Λ =
2M∏
k=1

p(x1(k), x2(k), x3(k)|H1)

p(x1(k), x2(k), x3(k)|H0)
. (4.11)

The logarithm of Eq. (4.11) contains certain sums that can be defined as

follows. The ML estimate of the signal power is given by

σ̂2
x =

1

6M

2M∑
k=1

(
x21(k) + x22(k) + x23(k)

)
. (4.12)

The inner product of y1 and y2 normalized by the signal variance is de-

noted by

ρ̂B =
1

2Mσ̂2
x

2M∑
k=1

x1(k)x2(k), (4.13)

It can be noticed that ρ̂B also equals the ML estimate of ρB. In similar

fashion, the ML estimate of ρC is denoted by ρ̂C and defined by replacing

x2(k) with x3(k) in Eq. (4.13). Finally, the term involving the delayed

vectors y2 and y3 is given by ρ̂BC = [
∑

k x2(k)x3(k)]/(2Mσ̂2
x). Using the

notations given above and assuming a low-SNR scenario (σx ≈ σ1 ≈ σ0),

the likelihood ratio given in Eq. (4.11) can be written as

log(Λ) = M log(c)

[
−3M

(
1

c
− 1

)
+

Mρ0(NB +NC)

c

+
Mρ0(NBρ̂B +NCρ̂C −NBNCρ0ρ̂BC)

c

]
, (4.14)

where a shorthand notation c = 1 − ρ2B − ρ2C has been used. It should be

noticed that the assumptions given above for σx are valid only in low-SNR

regime. The simulations given later in the thesis show the performance
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of the method also for the cases where this condition is violated.

Based on the Eq. (4.14), the decision is made for an alternative hypoth-

esis H1 when

NBρ̂B +NCρ̂C −NBNCρ0ρ̂BC > ηt. (4.15)

It is noticed that for the low-SNR scenario the third term of the sum is

much smaller than the first two terms and can therefore be omitted with-

out any larger effect on the results. The test statistic on the left hand side

of (4.15) is then denoted by ρt = NBρ̂B + NCρ̂C. It is known that for large

enough M , the distribution of the correlation coefficient ρB for symbols

coming from a real valued Gaussian distribution can be approximated

as [95]

H0 : ρ̂B ∼ N
(
0,

1

2M

)
H1 : ρ̂B ∼ N

(
ρB,

(1− ρ2B)
2

2M

)
.

(4.16)

The distribution of ρ̂C can be approximated in a similar fashion. It can be

noticed that the test statistic is a weighted sum two normally distributed

random variables. Combined together the distribution of the test statistic

ρt is given by

H0 : ρt ∼ N
(
0,

N2
B +N2

C
2M

)
H1 : ρt ∼ N

(
NBρB +NCρC,

N2
B(1− ρ2B)

2 +N2
C(1− ρ2C)

2

2M

)
,

(4.17)

Later in Section 4.4, the validity of the above mentioned distributions will

be verified against the simulated distributions.

4.3.2 Neyman–Pearson Detector for the DVB-T2 Signal

In this subsection, a Neyman–Pearson detector is derived for test statis-

tic ρt. This detector maximizes the detection probability given a desired

probability of false alarms. The false alarm probability Pfa is given by

Pfa = Pr(ρt > ηt|H0) =
1

2
erfc

(√
M

N2
B +N2

C
ηt

)
. (4.18)

From this, the threshold value ηt can be solved as

ηt =

√
N2

B +N2
C

M
erfc−1 (2Pfa) . (4.19)
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The detection probability Pd can be written as

Pd = Pr(ρt > ηt|H1) =
1

2
erfc

(√
M(ηt −NBρB −NCρC)2

N2
B(1− ρ2B)

2 +N2
C(1− ρ2C)

2

)
. (4.20)

4.3.3 Likelihood Ratio Test for Fluctuating Targets

The derivation of likelihood ratio test (LRT) for detection of fluctuating

targets based on the control symbols follows a similar approach that was

described for the AWGN channel in Section 4.3.1. Here, the modified steps

are presented for the clarity of the presentation but otherwise the focus is

on the distributions and performance in the case of fluctuating targets.

Let us denote the null hypothesis corresponding to the situation when

target is not present with H0 and alternative hypothesis with H1. The

detection problem can be formulated as

H0 : x(t) = n(t)

H1 : x(t) = hs(t) + n(t),
(4.21)

where x(t) is the received signal and n(t) is additive white Gaussian noise.

A complex random variable h models the target fluctuation. When the

FFT size of the OFDM system is sufficiently large, the central limit theo-

rem can be applied in order to determine the distribution of time domain

samples. Denoting the power of the signal and noise by σ2
s and σ2

n, respec-

tively, the distributions for different hypotheses given h are

H0 : x(t)|h ∼ Nc(0, σ
2
n)

H1 : x(t)|h ∼ Nc(0, |h|2σ2
s + σ2

n),
(4.22)

where Nc denotes a complex Gaussian distribution.

Three variables x1, x2 and x3, corresponding to the elements of vectors

y1, y2 and y3 defined in a similar way as in Section 4.3.1, are investigated.

The joint probability density under the H0 hypothesis can be written by

p(x1, x2, x3|H0) =
1

(2π)3/2σ3
0

exp

[
− 1

2σ2
0

(
x21 + x22 + x23

)]
. (4.23)
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The joint probability density under the H1 hypothesis is

p(x1, x2, x3|H1) =
1

(2π)3/2σ3
1

√
1− ρ2B − ρ2C

· exp
[
− 1

2σ2
1(1− ρ2B − ρ2C)

(
x21 + (1− ρ2C)x

2
2 + (1− ρ2B)x

2
3

−2ρBx1x2 − 2ρCx1x3 + 2ρBρCx2x3)

]
, (4.24)

where σ2
1 is the variance of signal under H1 hypothesis. It can be seen

that term 1 − ρ2B − ρ2C is strictly positive since ρ2B and ρ2C are always less

than 1/2.

For a low-SNR scenario (σ1 ≈ σ0), the logarithm of likelihood ratio can

be written as

log(Λ) = M log(c)

[
−3M

(
1

c
− 1

)
+

Mρ0(NB +NC)

c

+
Mρ0(NBρ̂B +NCρ̂C −NBNCρ0ρ̂BC)

c

]
, (4.25)

where a shorthand notation c = 1 − ρ2B − ρ2C has been used. In addition,

we have used the α̂ to denote the maximum likelihood estimate of param-

eter α. Based on the Eq. (4.25), the decision is made for an alternative

hypothesis H1 when

ρt = NBρ̂B +NCρ̂C > ηt. (4.26)

For large enough M , the distribution of the correlation coefficient ρB

conditioned on coefficient a can be approximated as [95]

H0 : ρ̂B|h ∼ N
(
0,

1

2M

)

H1 : ρ̂B|h ∼ N

⎛⎜⎜⎜⎝ NB|h|2 · SNR
2NA(1 + |h|2 · SNR)

,

(
1−

(
NB|h|

2·SNR
2NA(1+|h|2·SNR)

)2)2

2M

⎞⎟⎟⎟⎠ .

(4.27)

The distribution of ρ̂C can be approximated in a similar fashion by replac-

ing NB by NC in Eq. (4.27). Combining the normally distributed variables

ρ̂B and ρ̂C, it can be noticed that the conditional distribution of the test

statistic ρt again is a normal distribution. For hypotheses H0 and H1, the
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following distributions are obtained

H0 : ρt|h ∼ N
(
0,

N2
B +N2

C
2M

)
H1 : ρt|h ∼ N

(
(N2

B +N2
C)ρ0(h),(

N2
B +N2

C

)− 2
(
N4

B +N4
C

)
ρ20(h) +

(
N6

B +N6
C

)
ρ40(h)

2M

)
,

(4.28)

where ρ0(h) = (|h|2 · SNR)/(2NA(1 + |h|2 · SNR)).

4.3.4 Detector with Swerling Modeled Targets

In this section, the radar targets are modeled with Swerling I and Swer-

ling III target models introduced in [8] and also discussed in Section 3.2.2.

Swerling I models the target consisting of many equal-sized scatterers

which independently reflect the incoming signal. Swerling III assumes

that target also has one larger scatterer surface. The Neyman–Pearson

detector can be derived in order to maximize the detection probability Pd

under a constraint on false alarm probability. Under H0 hypothesis, the

false alarm probability is given by

Pfa = Pr(ρt > ηt|H0) =
1

2
erfc

(√
M

N2
B +N2

C
ηt

)
. (4.29)

Solving the threshold value ηt from the above equation gives

ηt =

√
N2

B +N2
C

M
erfc−1 (2Pfa) . (4.30)

Let us first investigate the Swerling I modeled fluctuation of target echo.

From Eq. (4.28), the density function fI(ρt) for ρt in the case of H1 hypoth-

esis is first calculated by integrating over the distribution of |h|2. With

Swerling I model, the probability density function of |h|2 is given by [8]

fI(|h|2) =
1

μ
exp

(
−|h|2

μ

)
, |h|2 ≥ 0, (4.31)

where μ is the mean value of |h|2.
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The density function of ρt can be written as

fI(ρt) =

∫ ∞

0

1√
2πσH1(h)2

· exp
(
−(ρt − μH1(h))

2

2σH1(h)2

)
· λ exp(−λ|h|2)d|h|2, (4.32)

where μH1(h) and σ2
H1(h) are the mean and variance as defined in Eq.

(4.28) for hypothesis H1. For Swerling III modeled echo, the probability

density function of |h|2 is given by a chi-squared distribution as follows

fIII(|h|2) =
4|h|2
μ2

exp

(−2|h|2
μ

)
, |h|2 ≥ 0 (4.33)

where μ denotes the mean value. The density function fIII(ρt) can be

obtained by replacing fI(|h|2) with fIII(|h|2) in Eq. 4.32. Finally, the prob-

ability of detection for Swerling I model is given by

Pd = Pr(ρt > ηt|H1) =

∫ ∞

ηt

fI(ρt|μH1(h), σ
2
H1(h))dρt. (4.34)

Similarly, for Swerling III model, the probability of detection is obtained

as

Pd =

∫ ∞

ηt

fIII(ρt|μH1(h), σ
2
H1(h))dρt. (4.35)

4.4 Performance Analysis

In this section, the approximations used in the derivation of test statis-

tic distribution for the AWGN channel are first verified against simulated

distributions. In addition to that, the ROC curves for the detector are pre-

sented in order to show the performance of the proposed method. Figure

4.3 compares the simulated distribution of test statistic to the theoreti-

cally derived distribution under the null hypothesis H0. The histogram

was calculated over 105 simulation rounds. The figure shows that the

approximated distribution matches well with the simulated real distri-

bution. A same kind of comparison is performed under the alternative

hypothesis H1 in Figure 4.4. Again, our approximation is shown to be suf-

ficiently accurate and the simulated and theoretical distributions match

well.

Figure 4.5 shows the detection probabilities of the proposed method for

false alarm rates of Pfa = 10−2, Pfa = 10−4 and Pfa = 10−6. An ROC curve
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Figure 4.3. A simulated distribution of test statistic compared to the theoretically de-
rived distribution under the hypothesis H0.
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Figure 4.4. A simulated distribution of test statistic compared to the theoretically de-
rived distribution under the hypothesis H1 with SNR of 0 dB.
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Figure 4.5. Detection probabilities in the AWGN channel for false alarm rates Pfa =

10
−2, Pfa = 10

−4 and Pfa = 10
−4. A good accuracy of detection is reached

clearly below the noise floor.

is presented in Figure 4.6 for SNR of −6 dB. Together, these results show

that the proposed detection scheme is capable of detecting the target echo

with low SNR levels needed in passive radar applications. Especially, if

combined with the use of other DVB-T2 specific signal properties, it offers

an attractive way to detect the echo signal without any specific knowledge

of the transmitted data or decoding of the received signal.

Next, the performance of the proposed detection method is evaluated

for both Swerling I and Swerling III modeled targets. In Figure 4.7, the

simulated and theoretical test statistic distribution under hypothesis H1

is presented for Swerling I modeled target. The theoretical distribution is

obtained by numerically integrating Eq. (4.32). Similarly, the test statis-

tic distribution for Swerling III target is presented in Figure 4.8. As can

be seen, theoretical and simulated distributions match well in both of the

cases. It can be noticed that for Swerling I model the distribution differs

more significantly from the Gaussian distribution obtained in the AWGN

case. Moreover, the probability for ρt values to lie close to zero is higher

for Swerling I. Thus, based on the test statistic distribution, the Swerling

I modeled target should be harder to detect.

Figure 4.9 and Figure 4.10 present the ROC curves for Swerling I and

Swerling III modeled targets, respectively. As could be assumed based on

the test statistic distributions shown earlier, the Swerling III is clearly
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Figure 4.6. A receiver operating characteristic in the AWGN channel for the SNR of -
6 dB. Theoretical and simulated results match well.
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Figure 4.7. Simulated and theoretical test statistic distributions for a Swerling I modeled
target under H1 hypothesis with SNR of −4 dB. The histogram is calculated
over 10

5 simulation rounds.
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Figure 4.8. Simulated and theoretical test statistic distributions for a Swerling III mod-
eled target under H1 hypothesis with SNR of −4 dB.

an easier case for the detection algorithm. This is due to the smaller

probability of deep fades for a Swerling III target. Especially for Swerling

III targets, the proposed method is capable for operating with very low

SNR values and is therefore suitable for passive radar applications. Also

for Swerling I targets, the method can operate on SNR levels around zero

decibels. Operating SNR naturally depend on the desired Pfa level. This

said, it would be advisable to integrate several consecutive symbols in

such a way that multiple independent target returns are received.

4.5 Discussion

Comparison of different passive radar detection methods is provided in

Table 4.1. The underlying assumptions on the signal model, complexity

and performance are considered. The methods reviewed in Section 4.1 and

the P1-based detection algorithms proposed in the thesis are included in

this comparison. Full correlation of the received signal with a decoded

reference provides a baseline with regard to the performance but is also

more complex and relies on the good enough reception of the reference

signal. The method called Undecoded correlation is otherwise similar but

correlates with a noisy undecoded reference. This affects the performance

but also decreases the complexity and the delay introduced by the detec-
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Figure 4.9. Simulated ROC curves for the P1-based detection of a Swerling I modeled
target with SNRs of 2 dB, 0 dB and −2 dB.
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Figure 4.10. Simulated ROC curves for the P1-based detection of a Swerling III modeled
target with SNR of −1 dB, −2 dB and −3 dB. Detection can clearly be done
with low SNR values.
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tion stage. It should be noted that there are several slightly differing

methods using same kind principles as SS-GLRT. All these methods ear-

lier discussed in Section 4.1 are classified under the name SS-GLRT in

Table 4.1.

Multiple correlation calculations needed in the case of SS/RS-GLRT and

the estimation of several channel coefficients lead to higher complexity

of these methods although the achieved performance is very good. It has

also been noted in [77] that the calculation of the ROC curves is challeng-

ing due to the high precision needed in the inversions of matrices that

often are poorly conditioned. For this reason, the results were provided

only for the cases where the number of the receivers is six or lower. In

case of three receivers, SS-GLRT is able to produce about 5 dB better

performance than the proposed P1-based method in the case of a fluctu-

ating Swerling modeled target. It should also be noted that a method

stemming from the proposed P1-based detection and improving its perfor-

mance has been recently introduced in [96]. Different number of receivers

together with a somewhat different signal model and the distribution of

random channel coefficients are used in the simulations of the SS-GLRT

performance in [77]. Therefore, a direct comparison of the performances is

difficult. Control symbol based methods should be extended for multiple

receiver systems in order to get a fair comparison.

When considering algorithms that utilize several receivers, it is nec-

essary to note that there can be a significant proportion of targets that

are detected only with one or two receivers. In [97], for example, an FM

passive radar system with 5 receivers, whose locations were optimized

to maximize the coverage, was able to detect the target with 3 or more

receivers in 45.70 % of the cases. More than 10 % of the targets were de-

tected by one receiver only. At this point, it can be said that the SS-GLRT

method is recommended when multiple receivers can be used and a strong

enough reference signal is not necessarily available.

If the complexity and the delay of the detection method are critical

design parameters, P1-based detection or compressive sensing methods

such as OMP-CS described in [52] and BP-CS are more attractive choices.

The CS methods do not necessarily need full information about the ref-

erence signal but still have a higher computational complexity than the

P1-based detection. To summarize, the selection of the appropriate de-

tection method should be based on the desired performance and allowed

maximum complexity. No method alone provides the best performance in
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all of the cases. It might be beneficial to consider if the performance and

complexity requirements together with the need for fast initialization, for

example, necessitate the utilization of several detection methods in a com-

bination where the initial phase of the detection is handled by a different

algorithm. A simple method such as the P1-based detection could then

be used in the initialization and the results could be elaborated with the

SS-GLRT or CS-based algorithms depending on the availability of the de-

coded transmitted data and the number of the receivers.
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5. Passive Radar Measurement
Association

Broadcast systems such as DVB-T2 may often operate in an SFN [2]. Dif-

ferent transmitters in different locations transmit the same signal using

the same frequency resources. A passive radar system receives several

copies of the same signal simultaneously. The signals may have reflected

from a target or propagate through a direct path from the transmitter. To

be able to deduce the position and velocity of a target, these reflections

must be associated with correct transmitters. In a conventional multi-

static system, where each transmitter transmits a different signal, this is

not a problem because the transmitted waveforms can be designed such

that they can be separated in frequency or based on the orthogonality

of the used waveforms and the identification of the transmitter is possi-

ble. Passive radars that do not use an SFN illuminating system avoid

this problem as well because the center frequencies of the signals can be

utilized to identify the transmitters.

In order to construct an effective detector for an SFN illuminated sys-

tem, such as DVB-T2, a technique for correctly associating different sig-

nal copies with the employed transmitters is needed. This method should

also be effective enough even if a very limited number of measurements

are available. The association together with target tracking can be done,

for example, by using Kalman filters or other sequential Bayesian tech-

niques. A presentation about the basics of Bayesian and Kalman filtering

in single and multiple target tracking can be found from [98]. A track-

ing method requiring a high quality initialization is presented in [99], for

example. To author’s best knowledge there is no earlier work in open liter-

ature that would solve the association problem in an SFN-based passive

radar system with a very low number of measurements. A related topic of

ghost rejection in SFN multistatic radars is considered in [100].

This chapter presents a contribution on the problem of associating pas-
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sive radar transmitters operating in an SFN with the correct target echoes

arriving at the receiver site. It will be shown that the proposed method

can perfectly associate the signals with more than 90 % accuracy in a

typical usage scenario with a minimal delay caused by target measure-

ments. It will also be verified through simulations that the accuracy is

increased when the measurements over a longer time interval become

available. This kind of contribution makes it possible to quickly initiate

target tracking algorithms with a reasonable accuracy.

5.1 Association Problem in Passive Radar Systems

In this section, the passive radar measurement-to-transmitter association

problem is formalized as an optimization task. The contributions of the

thesis include both modeling the problem and providing a method to ef-

ficiently solve it. The problem definition is provided first in Section 5.1

and the proposed solution utilizing the Gauss-Newton method to mini-

mize the objective function is presented in Section 5.2. The geometry of

the target association problem is similar to the typical multistatic radar

and is therefore well known. Let us start by formally describing this geo-

metric configuration.

Without loss of generality, let us assume that the receiver is located at

the origin of our coordinate system. Furthermore, let us denote the un-

known target position by a three-dimensional vector x0 whose components

represent the x-, y- and z-coordinates of the target. Similarly, NT known

transmitter positions are denoted by x1, . . . ,xNT . For the n-th transmitter,

three orthonormal vectors p
(n)
1 , p(n)

2 and p
(n)
3 corresponding to the direc-

tions of the semi-axis of the ellipsoids defined by the bistatic ranges are

given by

p
(n)
1 =

xn

‖xn‖ ,

q
(n)
2 =

[
−p

(n)
12 , p

(n)
11 , 0

]�
, p

(n)
2 =

q
(n)
2∥∥∥q(n)
2

∥∥∥ ,
q
(n)
3 =

[
p
(n)
11 p

(n)
13 , p

(n)
12 p

(n)
13 , −

(
p
(n)
11

2
+ p

(n)
11

2
)]�

, p
(n)
3 =

q
(n)
3∥∥∥q(n)
3

∥∥∥ ,
(5.1)

where p
(n)
ij denotes the j-th component of vector p

(n)
i . The situation is

illustrated in Figure 5.1. From these column vectors, the following NT
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matrices are formed

Pn =
[
p
(n)
1 p

(n)
2 p

(n)
3

]
. (5.2)

Now, a 3NT × 3NT block diagonal matrix P is given by

P =

⎡⎢⎢⎢⎣
P1

. . .

PNT

⎤⎥⎥⎥⎦ . (5.3)

Matrix P can be calculated based on a priori known information on

transmitter locations. It is a reasonable assumption that these locations

are known because the transmitters of typical illuminating systems, such

as television networks, are situated in fixed, well-known positions. The

exact coordinates can be measured with a positioning system (e.g. GPS)

or provided by an operator of the broadcasting system when the passive

radar is configured. In addition, measurement based information is ob-

tained from each transmitter site. Let us denote the target-to-receiver

distance by r0 and the transmitter-to-target distance for the n-th trans-

mitter by rn. An illustration of this geometry for a four-transmitter pas-

sive radar system is given in Figure 5.1. Let Π be a set of all permutations

of the index set {1, . . . , NT}. From the radar measurements, NT bistatic

distances are obtained as

rm,n = r0 + rπ(n), π ∈ Π, (5.4)

where the permutation π is unknown at the receiver site. In other words,

the measurement rm,n corresponds to the π(n)-th transmit station, where

π(n) denotes the n-th element of π. For example, if π = (2, 1, 3, 5, 4) then

the measurement rm,1 corresponds to the transmitter number 2, measure-

ment rm,2 corresponds the transmitter number 1, and so on.

The lengths of the semi-axis of the ellipsoids that define the possible

locations of the target can be calculated from these distances as follows:

a(n)σ =
rm,σ(n)

2
and b(n)σ =

r2m,σ(n) − ‖xn‖2
4

, (5.5)

where σ ∈ Π is the association of the bistatic distances with the transmit-

ters. The correct association would therefore be the inverse of permuta-

tion π denoted by σ = π−1, which gives

a
(n)
π−1 =

rm,π−1(n)

2
=

r0 + rπ(π−1(n))

2
=

r0 + rn
2

. (5.6)
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Figure 5.1. A four-transmitter passive radar system illustrating the notations used in
the description of the association problem.

p1

p2

p3

r0

rn

an

bn
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RX
TX

Figure 5.2. The ellipsoid defined by the measured bistatic distances for the n-th trans-
mitter. The target on the surface of the ellipsoid is located at the position
of the red circle. The notations used in the derivation for the lengths of the
semi-axis and the unit length vectors can be seen from the figure.

The ellipsoid and the corresponding notations are presented in Figure 5.2

for the n-th transmitter. The measured bistatic distance would in this

case be rm,π−1(n). In the following, the task of finding this correct σ is

called the association problem.
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5.2 Association with a Single Measurement

In this section, a minimization task is first formulated based on the ge-

ometry of the association problem. Then, the solution of the inner mini-

mization is obtained with the Gauss-Newton method. Complexity issues

related to the outer minimization are discussed in the end of the section.

A situation is considered where a single measurement of the bistatic dis-

tance to the target is available for each of the transmit stations. In order

to define the ellipsoids for each transmitter-receiver pairing, parameters

a
(n)
σ and b

(n)
σ are collected in diagonal 3× 3 matrices D

(n)
σ given by

D(n)
σ =

⎡⎢⎢⎢⎢⎣
(
a
(n)
σ

)−2 (
b
(n)
σ

)−2 (
b
(n)
σ

)−2

⎤⎥⎥⎥⎥⎦ . (5.7)

Furthermore, comprised of above diagonal matrices D
(n)
σ , a 3NT × 3NT

diagonal matrix is formed:

Dσ =

⎡⎢⎢⎢⎣
D

(1)
σ

. . .

D
(NT)
σ

⎤⎥⎥⎥⎦ . (5.8)

In the following, the transmitter locations are collected in a NT ×NT ma-

trix XT = [x1 · · · xNT ]. Given a coordinate vector x, let us define the

matrix Xc as follows

Xc =

(
1NT ⊗

(
X̃− 1

2
XT

))
� (INT ⊗ 13) , (5.9)

where 1n is an all-ones column vector of length n and In is an n× n iden-

tity matrix. Matrix X̃ = 1�
NT

⊗x repeats vector x NT times as its columns.

Hadamard and Kronecker products are denoted by � and ⊗, respectively.

Now, the correct target position x = x0 together with the correct associa-

tion σ = π−1 is found from the solution of the equation:

F (x, σ) = X�
c PDσP

�Xc − INT = 0. (5.10)

Since matrix X�
c PDσP

�Xc in Eq. (5.10) is always diagonal, it can be

equivalently given by

f (x, σ) = Diag (F (x, σ)) = 0, (5.11)
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where Diag(F(·)) stacks the diagonal elements of matrix F(·) into a col-

umn vector. We propose to solve the association problem and search the

correct σ by finding the minimum of

σ̂ = argmin
σ∈Π

(
min
x

f (x, σ)� f (x, σ)
)
. (5.12)

In order to solve the inner minimization in Eq. (5.12), the Jacobian

matrix J giving the first order partial derivatives of the objective function

is needed. It is given by

J =
∂f (x, σ)� f (x, σ)

∂x
= 2X�

c PDσP
� (1NT ⊗ I3) . (5.13)

Utilizing only the delay information, the minimization problem can now

be solved using the Gauss-Newton method. Then, at the iteration k + 1

the solution is updated as follows:

x(k+1) = x(k) +
(
J�J

)−1
J�f

(
x(k), σ

)
. (5.14)

In a typical DVB-T2 based passive radar system, the number of trans-

mitters is low enough to allow for the brute-force solution of the outer

minimization. Simulations shown later in the thesis illustrate the perfor-

mance in this kind of situation. It should be noticed that the method does

not theoretically guarantee the convergence to the global optimum. The

effect of this depends on the geometry of the situation. The simulation

given later consider randomly selected positions for the receivers and the

target and therefore also reflect the effects of local minimums.

Eq. (5.12) could be used as such to solve the association problem. Since

it is possible to obtain information on the bistatic Doppler frequencies in

addition to the estimated delays, it is beneficial to utilize that knowledge

in the solution as well. Let us denote the vector of Doppler frequencies

by ν. The ordering of the components is unknown in a similar way as

the ordering of delays is. After the permutation σ at the receiver, the

permuted vector is denoted by νσ and the n-th component of the permuted

vector is denoted by ν
(n)
σ . Now, if the permutation is established correctly

(σ = π−1), based on the geometry and the definition of the bistatic Doppler

frequency, the correct estimates for the position and velocity fulfill

ν(n)σ +
fc

c
v�

(
x

‖x‖ +
x− xn

‖x− xn‖
)

= 0. (5.15)
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In a vector form, this can be written as

νσ =
[
ν(σ(1)), . . . , ν(σ(NT))

]
, (5.16)

where ν(n) is a bistatic Doppler frequency corresponding to the n-th trans-

mitter.

Doppler frequencies can now be taken into account in finding the correct

association by defining another function g(·) that formulates the Doppler

frequency information of all the measurements in a vector format. Based

on the earlier defined geometry of the problem, this function is given by

g(x,v, σ) = νσ +
fc

c

(
X̃

‖x‖ +
(
X̃−XT

)
�M(X̃,XT)

)�

v, (5.17)

where v is the velocity vector of the target, fc is the center frequency of

the illuminating system and c is the speed of light. The matrix M(X̃,XT)

is given by

M(X̃,XT) = 1NT ⊗ si

((
diag

[
(X̃−XT)

�(X̃−XT)
])�

)
, (5.18)

where function si(·) takes an element-wise square root and inverse. In

other words, it can be written as

s

⎛⎜⎜⎜⎜⎜⎜⎝

⎡⎢⎢⎢⎢⎢⎢⎣
a11 a12 · · · a1n

a21 a22 · · · a2n
...

...
. . .

...

am1 am2 · · · amn

⎤⎥⎥⎥⎥⎥⎥⎦

⎞⎟⎟⎟⎟⎟⎟⎠ =

⎡⎢⎢⎢⎢⎢⎢⎣
a
−1/2
11 a

−1/2
12 · · · a

−1/2
1n

a
−1/2
21 a

−1/2
22 · · · a

−1/2
2n

...
...

. . .
...

a
−1/2
m1 a

−1/2
m2 · · · a

−1/2
mn

⎤⎥⎥⎥⎥⎥⎥⎦ . (5.19)

Therefore, the element-wise product in Eq. (5.17) simply normalizes each

column of X̃−XT.

It follows that for the correct association σ = π−1 target position and

velocity are solutions to the equation

g(x,v, σ) = 0. (5.20)

The derivative for the n-th component gn of g with respect to x is

∂gn
∂x

=
fc

c
v�

[
1

‖x‖
(
I3 − xx�

‖x‖2
)

+
1

‖x− xn‖

(
I3 − (x− xn) (x− xn)

�

‖(x− xn)‖2
)]�

. (5.21)
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In a matrix form, this can be expressed as

∂g

∂x
=

{
fc

c
V�

[
1

‖x‖INT ⊗
(
I3 − xx�

‖x‖2
)

+
(
I3NT −

(
X̄X̄�

)
� M̄2

)
� M̄

]}
(1NT ⊗ I3) , (5.22)

where X̄ is defined similarly as Xc in Eq. (5.9) with XT/2 replaced by XT.

Therefore, X̄X̄� is a block diagonal matrix and M̄ is a matrix normalizing

these blocks in the same way as M(X̃,XT) defined in Eq. (5.18) normal-

izes the columns. Matrix V is formed by repeating velocity vector v as

V = INT ⊗ v. The Gauss-Newton method is then used to minimize the ob-

jective function similar to Eq. (5.12) with f replaced by e = [f�,g�]� and

inner minimization taken over x and ν. Thus, the estimated association

is given by

σ̂ = argmin
σ∈Π

(
min
x,ν

e�e

)
. (5.23)

To solve this optimization task, the derivative of g with respect to v needs

to be calculated as well. The solution can be seen directly by noticing that

Eq. (5.15) is linear in v.

5.3 Association with a Pair of Measurements

When more than one delay and Doppler measurements are available for

each of the transmitters, they can be used to improve the probability of a

correct association. To demonstrate the potential of this gain in an intu-

itive manner, a simple case of a linear motion with a constant velocity is

considered here. Although the motion of real targets is not linear in gen-

eral, this kind of model still offers a good approximation when the time

intervals between the measurements are short enough with respect to the

acceleration of the target.

The same method that was described earlier in Section 5.2 is used for

vectors f and g augmented with the second measurement taken Tm sec-

onds after the first one. The target location for the second measurement

is given by x + Tmv, where x is the target location at the time instance

of the first measurement and v is the target velocity as earlier. Let f1

and f2 be the vectors described by Eq. (5.11) for the first and the second
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measurement, respectively. In other words, these functions are given by

f1 = diag
(
X�

c PDσ,1P
�Xc − INT

)
and

f2 = diag
(
X�

c PDσ,2P
�Xc − INT

)
,

(5.24)

where Dσ,1 and Dσ,2 are formed from the first and the second measure-

ments in the same way as in Eq. (5.8). Similarly, two functions g1 and

g2 based on the measured Doppler frequencies can be calculated by uti-

lizing Eq. (5.17) separately for the first and the second measurements.

Therefore, these functions are given by

g1 (x,v, σ) = g (x,v, σ)

g2 (x,v, σ) = g (x+ Tmv,v, σ) ,
(5.25)

where g is defined by Eq. (5.17).

The augmented vectors fa and ga are now given by fa = [f�1 , f�2 ]� and

ga = [g�
1 ,g

�
2 ]

�. Derivatives of these vectors follow quite straight-forwardly

from the derivatives calculated earlier for the single-measurement case.

Using these augmented vectors and their derivatives, the solution can be

found as was described in Section 5.2. In other words, Eq. (5.23) is used

with e replaced by ea = [f�a ,g�
a ]

�. For longer time scales or larger accel-

erations, the model should be further augmented to take the acceleration

into account.

5.4 Simulations

The performance of the proposed solution to the passive radar association

problem was simulated with four, five and six transmitter stations. In the

simulation, modeling a typical broadcast network, transmitters are ran-

domly located within a 50 km distance from the receiver. The height of

the transmitter is limited with a maximum of 500 meters. The limitation

of the maximum number of transmitters to six stations is enough to cover

the realistic scenarios occurring, for example, when DVB-T2 illumination

is utilized. A further discussion about the complexity issues and the ap-

plicability to other networks is given in the end of this chapter. The target

position is random as well with a maximum altitude of 10 km. The target

moves in a randomly selected direction with the speed of 200 m/s.

Figure 5.3 shows the probability of the perfect association when there

are 4 transmitter stations in the system. Here, the perfect association
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Table 5.1. Classification of the association errors among the non-perfect assignments for
a five-transmitter system.

Number of errors 2 3 4 5
Proposed algorithm 53% 8% 26% 14%
Random selection 8% 17% 38% 37%

means the situation where all of the transmitters are correctly assigned

to the corresponding measurements of the target. In addition, the proba-

bility of correctly associating a certain transmitter is plotted in the same

figure. These probabilities are given as a function of the standard devi-

ation of the error in the estimated bistatic range. Estimation errors are

modeled as zero-mean, Gaussian distributed and independent among the

transmitter stations. It can be seen that more than 90 % of the cases are

perfectly associated for the standard deviation of 100 meters. This kind

of accuracy of the bistatic distance is realistic based on the results from

DVB-T passive radar experiments, see for example [90].

Simulations also show that a large part of those assignments that are

not perfect contain only one pair of receivers with a wrong association.

Table 5.1 shows the classification of the errors made for a five-transmitter

system. The table gives the percentage of the non-perfect associations

that contain a certain number of erroneously assigned transmitters. A

non-perfect association means any association where one or more mea-

surements are associated with a wrong transmitter. The number of errors

is given for the proposed algorithm with an 80 m location error. As a com-

parison, Table 5.1 also presents the figures that would be obtained if a

permutation of receivers was randomly selected among all the wrong per-

mutations. As can be seen, more than half of the non-perfect associations

have only one pair of receivers associated incorrectly. Furthermore, only

14 % of the errors have all the five transmitters wrong although the num-

ber of that kind of permutations is 37 % of all the non-perfect associations.

The effect of the distribution of the association errors is further illus-

trated in Figure 5.4. In this figure, a comparison of the probabilities of

the correct association of a single transmitter is presented for the four-,

five- and six-transmitter passive radar systems. The difference between

the probabilities is mainly explained by the fact that in all of the cases a

significant part of the errors is due to the wrong assignment of one pair

of transmitters. This naturally means that there are proportionally more

correctly associated transmitters in the five- and six-transmitter systems.
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Figure 5.3. Performance of the proposed solution for different errors in bistatic range.
Curves are presented for the probability of the perfect association as well
as for the probability of the correct association of a certain transmitter. A
significant portion of situations are perfectly associated for reasonably large
location errors. The accuracy of more than 90% is achieved for the location
error of 100 m.

A typical digital television broadcast system, such as DVB-T2, does not

usually have six or more different transmitter signals available in any

receiver location. A four-transmitter system could therefore be regarded

as an example of a more typical usage scenario of the proposed method.

This comparison shows, however, that the proposed association method

works well also for five and six transmitters. In the systems where a sig-

nificantly larger number of transmitters could be available, the computa-

tional complexity of the brute-force part of the minimization will probably

become too high. In that kind of systems, a computationally more effi-

cient, possibly suboptimal, algorithm would be needed. The other ideas

of the proposed method can still be utilized, even if the brute-force part is

replaced by a different optimization method.

Figure 5.5 illustrates the performance of the proposed solution when

two consecutive measurement points are utilized. Simulation uses four

transmitters in the passive radar system. The positions of the transmit-

ters and the position and velocity of the target are randomly assigned as

previously explained. The measurements are taken during an interval

of three seconds and a linear motion of the target between the measure-

ment points is assumed. It can be noticed that a significant improvement

is achieved to the probability of the perfect association especially for the
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Figure 5.4. Comparison of the probabilities of the correct transmitter association for the
passive radar systems with four, five and six transmitters. A large part of
the deviations from the perfect association is due to a wrong assignment of
only one pair of transmitters. This means that the proportional number of
the erroneous associations is smaller when there are more transmitters in
the system.

location errors of the order of a few hundred meters.

5.5 Discussion

The need for the fast and reliable measurement association arises from

the initialization requirements of some passive radar tracking algorithms.

As mentioned earlier, it has been noticed that a good estimate for the asso-

ciation can speed up the tracking process. To the author’s best knowledge,

there are no earlier algorithms designed for the SFN illuminating systems

such as DVB-T2 that would achieve this goal with such a low number of

measurements. This naturally makes it difficult to do any meaningful

performance comparisons. However, one can ask the question whether

the performance shown in the simulations presented in this thesis is suf-

ficient for the algorithm to be useful in real applications.

The ability to initialize target tracking faster in more than 90 % of the

cases is naturally a significant benefit. In those cases when errors are

made, it is likely that they can be successfully corrected after more mea-

surements are acquired. Assuming that this variation can be tolerated,

the utilization of the proposed method clearly is advantageous in SFN

passive radar systems. It is worth mentioning that although the associ-
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Figure 5.5. Performance of the proposed solution when two consecutive measurements
with an approximately linear motion of the target are utilized. Figure shows
the probability of the perfect association for both cases. The potential im-
provement is significant especially for the location errors of the order of a few
hundred meters.

ation problem has not been considered in the SFN-based passive radar

context, there are other radar related problems where some kind of data

association is needed. For example in [101], a multi-hypothesis data as-

sociation algorithm is utilized to link a sequence of detected observations

across multiple scans in a MIMO radar to cope with false-alarms and

miss-detections that would otherwise be a problem in a certain target

tracking method. In addition, the association of the propagation paths

has been considered in MIMO propagation studies in [102].

It should be noticed that the knowledge of error types analyzed in Sec-

tion 5.4 may be useful for tracking algorithms. Since most of the errors

are due to the mixing of one transmitter pair, it is possible to identify po-

tential scenarios when these errors are occurring. This can happen more

easily, for example, when two transmitters are located symmetrically with

respect to the receiver and the potential target location. The symmetry

of the configuration should here be understood within margins caused

by the inaccuracy of the measurements. The simulations performed in

this thesis did not distinguish different geometrical arrangements of the

transmitters. Instead, they were averaged over the randomly selected po-

sitions with the restrictions given in the previous section in order to keep

the arrangement somewhat realistic. It would be interesting to either
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analytically derive or study through simulations the effect of transmitter

geometry on the performance of the algorithm and the distribution of the

error types.

There exist also other SFN systems besides the DVB-T2. For example,

digital television standards such as ATSC and DVB-T make it possible to

arrange the system as an SFN. However, implemented DVB-T2 networks

seem to involve more practical examples of the SFNs than earlier DVB-

T systems. In generally, the complexity of the algorithm may be a more

serious issue than it is in the context of this thesis. Complexity can be

a problem, for instance, when the number of transmitters available is

higher than it is in a typical DVB-T2 system.

A possible direction for the future studies could be to reduce the com-

plexity in cases where there are a larger number of transmitters. For

example, there are some permutations that could be omitted in the op-

timization without any further calculations. This kind of opportunity

can occur, for example, when there is no possible target location that fits

within the measured bistatic distances for certain sets of permutations.

The idea can be developed further by omitting the permutations that are

not likely enough given the measurements. A complexity reduction like

this would lead to a suboptimal algorithm, however, since there were some

cases where the correct permutation was erroneously omitted. Therefore,

a careful consideration of the conditions for when it is reasonable to per-

form the reduction should be done. In addition, sometimes there might

be a possibility to design the transmitter placement of the illuminating

network in such a way that both the broadcasting performance and the

passive radar usage are taken into account. If this kind of network design

is possible, it surely adds an interesting topic to future research direc-

tions.
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6. Design of Multicarrier STBC SFN
Systems

In wireless communication systems, space–time coded transmission uti-

lizes multiple antennas at the transmitter and receiver to increase both

the reliability of the system and the rate of transmission. A good overview

on the MIMO space–time coded systems in general can be found from

[103]. A vast number of applications already exists, for example, in the

Wi-Fi, WiMAX and 4G LTE communication systems that utilize the con-

ventional OFDM transmission. Massive MIMO systems utilizing hun-

dreds of antennas are a potential candidate for the 5G systems of the

future [104]. The benefits of these systems include improved spectral ef-

ficiency, smoothed out channel response due to large spatial diversity and

simple transceiver structures [105]. An important driver is to minimize

the latency for device-to-device communications. Filterbank multicarrier

(FBMC) systems are another potential 5G technique that can be combined

with MIMO transmission [16]. In [106], for example, a parallel processing

FBMC-MIMO implementation is proposed that can be used in channels

with very high frequency selectivity.

The goal of this chapter is to present a novel STBC structure suitable for

use in broadcast MIMO systems with transmit antennas divided between

two spatially separated transmit stations in an SFN system. This kind

of arrangements can be used, for example, in television networks. The

benefits include the macro-diversity provided by the separate antenna lo-

cations and the savings in the cost of the transmission system. In order

to achieve this target, the signal model and certain important properties

of STBCs are first presented in Section 6.1. The discussion is mainly fo-

cused on the multiantenna systems employing OFDM modulation. How-

ever, other kinds of waveforms are considered as well. Furthermore, the

properties of certain important space–time codes are introduced in order

to both understand the principles of designing such codes and to make it
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possible to compare them to the proposed novel coding scheme.

A particular system that is considered in this chapter is DVB-NGH

which is the successor of the earlier DVB-H system [4, 107]. This next

generation standard of digital television for hand-held devices is interest-

ing because it involves a possibility to utilize four transmit antennas that

can be divided into separate groups [3]. The STBC proposed in this the-

sis concentrates into this aspect of the code design. After a brief general

overview of the space–time coding in Section 6.1, the review of the 4 × 2

STBCs relevant for the studied systems is presented in Section 6.2 The

performance and complexity of the proposed STBC are studied in Section

6.3 in comparison to the current state-of-the-art STBCs presented in the

literature for the same kind of systems.

6.1 Space–Time Coding

Let S represent the points of the signal constellation. Our objective here

is to define a one-to-one mapping called a space–time block code (STBC)

fST : SNS → C
NT×NU. In other words, fST takes NS information symbols

into the space of complex NT × NU matrices, where NT and NU are the

number of transmit antennas and channel uses, respectively. Rows of the

code matrix X represent transmit antennas, and columns correspond to

channel uses. When the coding is applied across space and time dimen-

sions, one channel use means one time interval of transmission. Alterna-

tively, the coding can be applied across space and frequency dimensions.

In that case, channel uses refer to the transmission on separate subcar-

riers in a multicarrier system, for example. Furthermore, it is possible

to understand the channel uses as a combination of time and frequency

slots in the system. For example, a 4×4 code matrix could represent trans-

mission with four antennas on two subcarriers in two consecutive OFDM

symbols. Based on the number of transmitted symbols and number of

channel uses, the rate of a space–time code can be defined as NS/NU.

Let us next define the received codeword matrix after the propagation

channel as

Y = HX+N, (6.1)

where X denotes the NT×NU transmitted codeword matrix, H is a NT×NR

channel matrix and matrix N represents additive white Gaussian noise.

Therefore, Y is a NR ×NU matrix representing the signal received by NR
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antennas at NU separate time instances or subcarriers in an OFDM or

some other multicarrier system.

It is assumed here that the radio channel between the transmit and

receive antennas is quasi-static. Channels that are quasi-static stay con-

stant over the duration of one code block. In reality, the channel time and

frequency selectivity can be measured with coherence time and coherence

bandwidth. These channel properties need to be large enough compared

to the duration of the code block and its bandwidth. Alternatively, the

selectivity of the channel can be expressed with the Doppler spread and

the delay spread which are inversely proportional to coherence time and

bandwidth, respectively. All the codes presented in this chapter assume a

quasi-static channel unless otherwise stated.

6.1.1 Diversity and Multiplexing

It can be seen that in a MIMO system the increase of the SNR can be

utilized to decrease the error probability if the transmission rate is fixed.

Alternatively, the same increase of the SNR yields to a higher data rate if

the reliability measured by the error probability is fixed. Based on this, it

turns out that there exists an important trade-off between the diversity

and multiplexing in multiantenna communication systems.

The optimal trade-off curve between the diversity and multiplexing gains

is derived in [108]. Let us first assume that the block length l ≥ Nt+Nr−1,

where NT and NR are the number of transmit and receive antennas, re-

spectively. The optimal trade-off curve d∗(r) expressing the diversity gain

as a function of multiplexing gain is given by the piecewise linear function

that connects the points (k, d∗(k)) when k = 0, 1, . . . ,min(Nt, Nr), where

d∗(k) = (Nt − k)(Nr − k).

The optimal trade-off curves for certain numbers of transmit and receive

antennas are presented in Figure 6.1. Specifically, it can be noticed that

the maximum of the diversity gain is given by d∗max = NtNr, and the max-

imum of the multiplexing gain can be expressed as r∗max = min(Nt, Nr).

Intuitively, this can be interpreted in the following way. Since NtNr is

the number of independent channel realizations over which the MIMO

scheme can average, it is also the maximum diversity gain that can be

achieved. Similarly, the minimum of the transmit and receive antennas

describes the number of independent data streams that can be simultane-

ously transmitted and therefore also defines the multiplexing gain. More

generally, the maximum diversity gain d∗(r) at a rate R = r log(SNR),
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Figure 6.1. The optimal diversity–multiplexing trade-off curves for four transmit anten-
nas and two, four and eight receive antennas.

where r is the multiplexing gain, is defined by

d∗(r) = − lim
SNR→∞

log(pout(R))

log(SNR)
. (6.2)

Here, pout(R) denotes the MIMO channel outage probability at a rate R.

For certain asymmetric MIMO systems with a lower number of receive an-

tennas than transmit antennas, a criterion for the diversity–multiplexing

trade-off optimality of linear STBCs is presented in [109].

6.1.2 Non-Vanishing Determinant

Non-vanishing determinant is a property of certain STBCs, and especially

it is a necessary requirement for the STBC to be a perfect code. To pos-

sess an NVD, the code must have a non-zero lower bound for the minimum

determinant of the codeword matrix without power normalization [110].

The first STBC codes with an NVD property for 2, 3 and 4 transmit an-

tennas were presented in [111]. What is especially interesting in NVD

codes is that it has been shown that under certain conditions STBC based

on cyclic division algebras having the NVD property achieve the optimal

diversity–multiplexing trade-off [112]. The necessary condition for this is

that the number of time slots over which the coding takes place equals

the number of transmit antennas. The procedure for designing this kind
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of NVD codes for certain numbers of transmit antennas (e.g. 2k, k ∈ Z+)

is presented in [113].

6.1.3 Shaping Constraint

The shaping constraint of a STBC describes its energy efficiency. Espe-

cially, cubic shaping is a property that is often prefered when STBCs are

designed. Let us first consider layered space-time code structures that are

described in a general form in [114]. The well-known special cases were

given earlier in [115]. Then, it is enough to observe each layer separately

for the purpose of defining the cubic shaping. A code with the cubic shap-

ing property has a real generator matrix of each layer of the STBC with

orthogonal columns. In other words, when the real code generator matrix

for layer l is denoted by G̃l, the code has cubic shaping if G̃l
�
G̃l = I for all

l. In general, the shaping loss of a constellation is usually given compared

to the cubic shaping.

6.1.4 Uniform Average Energy

The third desirable property of a STBC is a uniformly divided energy

across all the antennas in all the time or frequency slots. This unifor-

mity should be understood as an average taken over the codeword real-

izations. Non-perfect codes can sometimes be more easily designed and

still achieve a good performance compared to the perfect codes. In [116],

a 4 × 4 STBC is derived by allowing a small number of codeword pairs to

have a difference matrix with a smaller rank. It is shown that this kind

of code can perform better than a perfect code of the same size.

A code with a non-vanishing determinant, cubic shaping and uniform

average energy properties is called a perfect code. There are decoding

algorithms for perfect codes that have been shown to obtain a perfor-

mance very close to the ML decoding with significantly lower complexity.

In [117], a decoding method with the complexity O(N6) for a 3× 3 perfect

STBC using N -QAM or N -HEX (hexagonal) constellations is presented.

The performance of the method is almost similar to the performance of

the ML decoding which has the complexity O(N9). The method can also

be extended to other perfect codes. Techniques for constructing perfect

STBCs for any number of transmit and receive antennas by utilizing cyclic

division algebras are presented in [118].
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6.2 Review of 4× 2 STBCs

The STBC proposed in this thesis is a 4 × 2 code that takes into account

requirements specific for a certain configuration seen in the DVB-NGH

systems, for example. The 3D MIMO code proposed in [119] and further

evaluated in [120] is designed for a similar network configuration, which

makes it possible to directly compare these two codes. The following dis-

cussion in this section also considers the complexity and performance of

other 4× 2 codes although the direct comparison cannot always be done.

The construction of the 3D MIMO code is such that the code can be ef-

ficiently used when 4 transmit antennas are divided into groups of two

which are located on different geographical locations. This kind of ar-

rangement can be useful, for example, in video and audio broadcasting

systems, such as the DVB-T2 or DVB-NGH, which are also possibly op-

erating in SFNs [2]. The first layer is constructed using the Alamouti

scheme [22]. The purpose of this layer is to provide a good performance

in those cases when the received powers from two transmit stations are

strongly unequal. The second layer uses the Golden code [121]. This layer

improves the performance in those cases when the received power are

equal.

The 3D MIMO code has been shown to perform better than the pure

Alamouti or the pure golden code in situations where the received powers

from different transmit stations are unequal [120]. When transmissions

with similar spectral efficiency are compared, the 3D MIMO has a gain

of 1.8 dB with respect to the Alamouti scheme, for example. According

to the simulated results, the maximum loss of the code due to the unbal-

anced received powers is 3 dB. Because of this property, the 3D MIMO

code is an interesting option for the systems that are operating in single-

frequency networks. Recently, a modified version of a 3D MIMO code has

been proposed in [82] that also reduces the computational complexity.

The DjABBA code proposed in [122] can be regarded as a full-rate code

for a 4 × 2 MIMO system transmitting 8 symbols during 4 channel uses.

The minimum determinant of the code with 4-QAM signaling is 0.8304.

The worst-case decoding complexity of DjABBA is improved for the same

reason as in the simpler case of the Silver code [123]. The standard SD

complexity for a 4 × 2 code is M8, whereas the complexity for this code is

2M7. It should be also noted that by puncturing antennas and properly

choosing the parameter of the code, it is possible to produce a code that is
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an equivalent presentation of a 2× 2 golden code.

A simplified decoding method for the DjABBA and some other similar

types of codes is proposed in [124] utilizing the block-orthogonal struc-

ture of the codes. A method for generating other STBCs based on ABBA

codes for any even number of transmit antennas can be found from [125].

These full-diversity quasi-orthogonal codes are delay-optimal and have a

decoding complexity of 2MN/2 for M -QAM constellation and N transmit

antennas.

Unlike the 3D MIMO coding scheme, the fast-decodable code presented

in [123] does not have a structure that would take into account the pos-

sibility of distributing the transmit antennas between two geographically

separated locations. In the code proposed in [123], 8 symbols are trans-

mitted in each codeword. Since the channel is used four times and there

are only two antennas at the receiver, this can be regarded as a full-rate

code. The quasi-orthogonal structure utilized in the code design is a rank

2 matrix. Therefore, the code does not have full-rank. Since it is not full-

rank, some codeword pairs can be found that cause the determinant to go

to zero, which clearly means that the code does not have NVD property.

For 4-QAM signaling, the STBC given in [123] has a better performance

than the DjABBA code described in [122]. For 16-QAM symbols, the

performance measured by codeword error rate is 0.4 dB worse than the

performance of DjABBA at the CER level of 10−4. Another 4 × 2 fast-

decodable STBC which slightly improves the performance of this fast-

decodable STBC and also has the NVD property for QAM-constellations

is proposed in [126]. As a comparison, the decoding complexity of a the

DjABBA is 2MN/2 for M -QAM constellation and N transmit antennas.

A fast-decodable algebraic STBC design is proposed in [127]. It has been

shown to possess the NVD property and lose only 0.2 dB in performance to

the fast-decodable STBC presented in [123] when the SNR is lower than

15 dB. Due to the increased diversity, the performance is slightly better,

however, on the higher SNR region. A low-complexity code given in [126]

performs marginally better than either of these two when the SNR is high.

A 4×2 STBC that utilizes two layers to superimpose the Alamouti struc-

ture with two Silver codes is proposed in [128]. This STBC can be decoded

by using the Minimum Mean Square Error Successive Interference Can-

cellation (MMSE-SIC) to remove the interference between the layers and

then utilizing a low-complexity SD based on the conventional Silver code

structure. A performance similar to the joint ML decoding has been shown

85



Design of Multicarrier STBC SFN Systems

for this kind of MMSE-SIC/SD decoder. Further examples of interest-

ing codes with a low decoding complexity include a fast-decodable MIDO

(Multiple Input, Double Output) codes for 4, 6, 8 and 12 transmit anten-

nas and a low-complexity algebraic construction proposed for 2 transmit

antennas that optimizes either the coding gain or the information lossless

property [129], [130].

Fast-decodable MIDO (multiple-input double-output) STBCs for 4 trans-

mit antennas have also been constructed in [131] based on crossed-product

algebras. The ML decoding complexity order of these codes is M10 for

M -QAM symbols compared to the full complexity of M16. In [132], the

fast-decodability of multiplexed orthogonal structures is analyzed and an

STBC with rate 3/4 utilizing 4 transmit antennas is presented that does

not have the cubic shaping property. However, it has been shown that

in this case giving up the cubic shaping does not compromise the perfor-

mance compared to the earlier known fast-decodable STBCs. The pro-

posed code has a minimum determinant of 1.4445 for 4-QAM symbols and

0.6710 for 16-QAM symbols. The decoding complexity of this code for the

constellation size M is M3 which is significantly less than, for example,

the complexity of M6 for the code presented in [123]. The performance of

these two codes has been shown to be comparable.

6.3 Proposed STBC with Reduced Complexity

In this section, the STBC structure is proposed for the SFN broadcast

systems such as DVB-NGH or DVB-T2. The design is motivated by the

specific property of the system which allows the division of the transmit

antennas across several geographically separate transmit stations. The

novel contribution of this thesis is to design a fast-decodable structure

that also takes into account this specific division of the transmit antennas.

It is shown with the simulations that the performance of the system is

very close to the other similar designs, while the reduced complexity is

achieved with a fast-decodable structure.

6.3.1 System and Channel Models

We will consider systems depicted in Figure 6.2 that consist of two spa-

tially displaced transmitter stations with two transmit antennas co-locat-

ed at each of the stations. The signal from these transmitter stations is
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RXTX1 TX2

Figure 6.2. A 4× 2 SFN system with two separate transmit stations and one receiver.

received by a mobile receiver that can be located at a spot with different

distances to different transmit antennas. All the transmit antennas oper-

ate in a single-frequency network. In other words, all the received signals

occupy the same frequency band.

Figure 6.3 presents a typical channel structure in an SFN with two

transmitter stations. There are two essential channel features that should

be noticed. First, there exists a delay between the signals received from

different transmit stations. Second, the average received powers from

these stations are generally not equal. In OFDM systems, the delay be-

tween the transmission sites should not be a great problem as long as the

total length of the channel response remains smaller than the cyclic pre-

fix. Synchronization between the stations ensures that the delay is not a

problem in these systems. Unequal received powers, however, have not

been considered much in the design of STBCs earlier. Therefore, the main

question in our design will be the proper handling of the power difference

shown in Figure 6.3. Basically, we should be able to receive the signals

even in the extreme cases where the other transmitter station is not re-

ceived at all. In that case, we will evidently obtain a reduced diversity

gain but the loss should be as small as possible and all the information

should be received successfully.

The general model for our MIMO-OFDM system is shown in Figure 6.4.

Mostly the system resembles the ordinary OFDM transmitter-receiver

chain. The main point worth noticing is the division into two transmitter

stations and the MIMO coding blocks within each of the stations. Other

parts of the transmitter chain being equal, these MIMO coding blocks per-

form different kinds of coding. The original data stream transmitted by

each of the stations is the same for both of them, however.
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Figure 6.3. A typical SFN channel introducing time offset and power imbalance between
the received signals.

Figure 6.4. A block diagram of an SFN MIMO-OFDM system that could be used in digital
video broadcasting, for example.

6.3.2 Fast-Decodable STBCs

The fast-decoding property of the STBCs means that certain structures

of the codes lead to the simplified form of QR decomposition of the com-

bined channel and code generation matrix. This decomposition can then

be utilized together with a sphere decoder to obtain reduced complexity

maximum likelihood decoding. In this section, the general idea behind

the codes of this type is explained. The description of the fast-decodability

in this section is based on the code structures proposed in [123].

Sphere decoding (SD) is a method for ordering the lattice points in ML

decoding in such a way that the average number of points checked is lower

than it is in the full ML decoding. This method was originally introduced

in [133] based on [134]. It should be noticed that there are SD algorithms

that can be used in iterative receivers as well. In [135], the list sphere de-

88



Design of Multicarrier STBC SFN Systems

coder is proposed that produces a certain size of list of candidate symbols

instead of merely outputting the ML estimates. The information given by

the list can then be utilized in an iterative receiver requiring soft inputs

and outputs in its processing.

The received codeword matrix after the propagation channel is given by

Y = HX+N, (6.3)

where X denotes the 4 × 4 transmitted codeword matrix, H is a 2 × 4

channel matrix and matrix N represents additive white Gaussian noise.

Therefore, Y is a 2 × 4 matrix representing the signal received by two

receive antennas at four separate time instances (or four subcarriers in

an OFDM system). Code belongs to a family of linear STBCs and can be

written as

vect(X̃) = G̃s̃, (6.4)

where G̃ is a real code generator matrix and s̃ is a real symbol vector

formed from the transmitted complex symbol vector s of length N with

s̃ = [R{s1},I{s1}, . . . ,R{sN},I{sN}]� (6.5)

and vect(X̃) is formed in a similar way from the real and imaginary parts

of vectorized code word matrix. In mathematical notation, this is given by

vect
(
X̃
)
=
[
R{[vect (X)]1}� ,I {[vect (X)]1}� ,

. . . ,R{[vect (X)]N}� ,I {[vect (X)]N}�
]� (6.6)

where [x]n is the n-th element of vector x. The real and imaginary parts

of a complex number z are denoted by R{z} and I{z}, respectively.

When the code is a complex linear STBC, we have

vect(X̃) = Gs, (6.7)

where the relation of the complex code generator matrix G to the real

generator matrix G̃ is given by

G̃ = R{G} ⊗
⎡⎣1 0

0 1

⎤⎦+ I{G} ⊗
⎡⎣0 −1

1 0

⎤⎦ . (6.8)

Here, operator ⊗ denotes the Kronecker product. From here on we use

the notations given above for complex linear STBCs. Changes needed if
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the STBC is linear but not complex are straight-forward. After the prop-

agation channel, we can write the received signal by using the combined

channel and code generator matrix F given by

F =

⎛⎝I4 ⊗
⎛⎝R{H} ⊗

⎡⎣1 0

0 1

⎤⎦+R{H} ⊗
⎡⎣0 −1

1 0

⎤⎦⎞⎠⎞⎠G, (6.9)

where In is an n× n identity matrix. Received signal is then given by

vect(Y) = Fs+ vect(N). (6.10)

By utilizing the QR decomposition, the matrix F can be given as a prod-

uct of orthonormal and upper triangular matrix:

F = QR (6.11)

We denote the n-th column of matrix F by fn and the n-th column of Q by

qn. Then, matrix R is given by

R =

⎡⎢⎢⎢⎢⎢⎣
‖d1‖ 〈f2,q1〉 · · · 〈fk,q1〉
0 ‖d2‖ · · · 〈fk,q2〉
· · · · · · · · · · · ·
0 0 · · · ‖dk‖

⎤⎥⎥⎥⎥⎥⎦ , (6.12)

where d1 = f1 and q1 = d1/ ‖d1‖. The other diagonal elements are calcu-

lated as

di = fi −
i−1∑
j=1

〈fi,qj〉
〈qj ,qj〉qj. (6.13)

The columns of matrix Q can be calculated from the diagonal elements of

as

qi =
di

‖di‖ . (6.14)

The QR decomposition given above is based on the Gram-Schmidt or-

thonormalization. More generally, when F is not a square matrix, we

can write

F =
[
Q Q′

]⎡⎣R
0

⎤⎦ . (6.15)

If the upper left part of the matrix R can be forced to be diagonal, the

sphere decoding is simplified as described below. It can be shown that the

code structure given in Section 6.3.3 always produces this kind of simpli-

fied R matrix, independently of the channel coefficients.
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After the QR decomposition, sphere decoding proceeds as follows. The

purpose is to perform the minimization

ŝ = argmin
s

‖vect(Y)− Fs‖2 . (6.16)

Let us investigate the points that lie inside the hypersphere centered on

vect(Y) with squared radius C. This condition can be stated as follows

‖vect(Y)− Fs‖2 ≤ C. (6.17)

By utilizing the QR decomposition and defining y′ = Q� vect(Y) and C ′ =

C −
∥∥∥(Q′)� vect(Y)

∥∥∥, we obtain

∥∥y′ −Rs
∥∥ ≤ C ′. (6.18)

Since the matrix R is upper triangular, it is possible to first solve the fea-

sible values for the last element of ŝ. When elements ŝN−k, . . . , ŝN are

known, the element ŝN−k−1 can be solved by substituting the known ele-

ments into Eq. (6.18). Inductively, this means that a feasible candidate

solution will be found with this procedure if there exists any. If the candi-

date solution is found, the squared radius of the hypersphere is updated

in such a way that the points farther away from the center of the sphere

are not considered anymore when new feasible element values are solved.

It is easy to see how the computational complexity is reduced if the ma-

trix R contains a diagonal part in its upper left corner. This means that

the first elements of the vector ŝ are not dependent on each other. In

other words, they can be solved in parallel and they increase the complex-

ity with a constant multiplier instead of the increased exponent. The idea

of this simplification is illustrated by showing the structure of R matrices

in Figure 6.5. More detailed description of sphere decoding in general can

be found from [136].

6.3.3 OSTBC Based MIMO Code Structure

A full-rate 4 × 2 STBC with slightly reduced decoding complexity can be

designed by combining two quasi-orthogonal structures with symbol ro-

tation. In order to reduce the complexity even more, we can base our
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General R matrix Simplified R matrix

Figure 6.5. The structure of the general and simplified R matrices from the QR decompo-
sition. The simplified matrix contains a diagonal part in its upper left corner.
This structure can be utilized to reduce the ML decoding complexity.

space-time code on the orthogonal STBC (OSTBC) given by

XO(s) =

⎡⎢⎢⎢⎢⎢⎣
s1 −s∗2 −s∗3 0

s2 s∗1 0 −s∗3

s3 0 s∗1 s∗2

0 s3 −s2 s1

⎤⎥⎥⎥⎥⎥⎦ , (6.19)

where symbol vector s is defined by s = [s1, s2, s3]
�. We define the com-

bined codeword matrix X as

X = XO(s
(1)) +TXO(Us(2)). (6.20)

In the above equation, transmitted symbols are grouped into two separate

symbol vectors s(1) = [s1, s2, s3]
� and s(2) = [s4, s5, s6]

�. In the following,

the combined symbol vector will be denoted by sc = [(s(1))�, (s(2))�]�. Ma-

trix T is defined as

T =

⎡⎢⎢⎢⎢⎢⎣
1 0 0 0

0 −1 0 0

0 0 −1 0

0 0 0 1

⎤⎥⎥⎥⎥⎥⎦ . (6.21)

The unitary matrix U is used to rotate the other vector of transmitted

symbols. This rotation affects the performance of the resulting code as will

be shown later. By choosing T matrix as given above, the cubic shaping

property is guaranteed for the designed code. In other words, this means

that GHG = I, where G represents the generator matrix as described

in previous section. It should be noticed that instead of the orthogonal

structure we could as well utilize the quasi-orthogonal code as is done

in [123]. The key difference in these approaches is that we are designing

the code for SFNs as shown in the following optimization criteria.
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6.3.4 Code Optimization

The code structure described in the previous section contains an unknown

unitary matrix U. The code matrix contains the transmitted signals for

both transmitter station locations in the SFN. This matrix can be adjusted

in order to optimize the code performance. Since this kind of combined

code transmitting six symbols in four time slots or frequency bins cannot

be full rank, a natural optimization criterion would be to maximize the

rank of the codeword distance matrix. To be more precise, some of the

codewords of this kind of code are of a lower rank than the others. It is

in our interest to minimize the number of these lowest rank codewords.

In other words, when the lowest rank is denoted by rmin, the optimization

criterion can be given by

Uopt = argmin
U

∣∣∣∣∣ {(sc, ŝc)| rank((XO(sc)−XO(ŝc))

·(XO(sc)−XO(ŝc))
H) = rmin, sc �= ŝc

} ∣∣∣∣∣,
(6.22)

where |{(s, ŝ)|A}| denotes the cardinality of the set of symbol vector pairs

fulfilling the condition A.

When considering the operation in SFNs, it might be necessary to ob-

serve the performance also in the cases where the signal is received only

from one transmit station. Then, smaller 2× 4 partial codeword matrices

Xp should be inspected. The rank of the codeword distance matrix can

be easily made to be two with a vast majority of matrices U. The opti-

mization criterion should therefore be the determinant of the codeword

distance matrix. The objective can be formulated as follows

Uopt = argmax
U

min
sc,ŝc

det((Xp(sc)−Xp(ŝc))

·(Xp(sc)−Xp(ŝc))
H).

(6.23)

The optimization can be performed as described in [123]. In other words,

an exhaustive search through three complex parameters that lie on the

unit circle is performed and the unitary matrix is formed as U = DpT,

where Dp is a diagonal matrix containing these parameters and T is a

discrete Fourier transform matrix. Alternatively, randomized search tech-

niques like genetic algorithms could be used as a search method.
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Figure 6.6. Performance of a fast-decodable OSTBC based MIMO code when the signal is
received from one or two transmit stations. Even the small amount of power
received from the second transmit station clearly improves code performance.

6.3.5 Simulation Results

The performance of the proposed code structure is studied in simulations

based on the symbol error rate (SER). Results of the performance simu-

lations are presented in the following figures. All the simulations have

been done using QPSK symbol transmission. Channel coefficients used in

the simulations are zero mean complex Gaussian with unit variance and

channel matrix is formed as described in Section 6.3.2. Additive white

Gaussian noise is added to the received symbols after the channel. All the

antennas both at the transmitters and at the receiver are assumed to be

mutually uncorrelated, i.e. further than the coherence distance apart.

Figure 6.6 shows the simulation results for orthogonal fast-decodable

STBC with different conditions for the received signal powers. This fig-

ure shows the difference between the cases where the signal is received

with similar average powers from both of the transmit stations and only

from one of the stations. Naturally, all the information can be received

although the other transmit station would be out of reach. There is also

a curve in Figure 6.6 showing how the performance changes when the av-

erage channel amplitudes from different transmit stations are unequal.

It can be seen that there exists a noticeable benefit even when the other

signal is almost 14 dB weaker. Figure 6.7 compares the performance with

optimization described in (6.22) to the performance with a poorly selected
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Figure 6.7. Significance of a unitary matrix selection. Figure illustrates the importance
of the optimization criterion for the code performance.

matrix. It can clearly be seen that the selection of a good unitary matrix

is important for the code performance.

Figure 6.8 compares the performances of the 3D code and fast-decodable

structure with different proportions of channel amplitudes (0.25, 0.55 and

0.80). These proportions tell what is the average channel amplitude of

the weaker transmit station when the amplitude of the stronger one is

1.00. For example, when the proportion of the amplitudes is 0.80, the

average channel amplitude from the other transmit station is 20% less

than from the other one. The performance of the 3D code is pretty similar

to the orthogonal fast-decodable STBC with an advantage of a fraction of

a decibel. From this, we can conclude that also other properties of the

codes should be carefully examined when selecting the best candidate for

the particular system.

A comparison of the complexities is presented in Figure 6.9. The max-

imum likelihood decoding of the fast-decodable code is significantly sim-

pler than the full ML decoding (3M4 vs. M6) for M -QAM signals. This

makes them an attractive alternative for mobile systems with limitations

in allowed computational complexity. On the other hand, 3D codes have

been shown to experience just a small performance loss with sequential

decoding algorithms. In applications where ML decoding is not necessar-

ily needed, they may be considered a conceivable solution.
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Figure 6.8. Comparison of a fast-decodable MIMO code and a 3D code with different pro-
portions of received signal amplitudes. The performance of the optimized
fast-decodable structure is within a fraction of a decibel from the 3D code.
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Figure 6.9. A comparison of complexities between the full ML decoding and reduced com-
plexity decoding schemes for M -QAM symbols. Complexity reduction is sig-
nificant already for 4-QAM symbols. Combined with Figure 6.8 this shows
the good performance-complexity trade-off obtained with the code.

6.4 Discussion

The code proposed in this thesis and the 3D MIMO code presented in [119]

are both designed for similar SFN broadcasting systems where the trans-

mit antennas can be divided between multiple geographically separated

stations. The comparison given in Subsection 6.3.5 showed that there is

96



Design of Multicarrier STBC SFN Systems

a very small performance difference for the advantage of the 3D MIMO

code.

If the computational complexity is not a serious issue in the system

where the code is applied, the performance may naturally be a decisive

factor. However, when the battery capacity of the devices is very limited,

for example, the low complexity is often so important that fast-decodable

or other reduced complexity codes should be considered. It was shown

that the complexity of the proposed code is lower than the complexity of

the 3D MIMO structure. It should be noticed, however, that it has been

recently showed that it is possible to modify the 3D MIMO in order to

reduce the complexity. This modification raises it among the potential

candidates also for systems where fast processing is necessary [82].

If the optimization for the SFN broadcast systems is not the considered

important, other 4 × 2 code designs can also compete in the performance

and complexity. For example, the algebraic codes such as the ones pre-

sented in [126], [127] and [131] are fast-decodable, and due to the known

properties of the algebraic structures, it is easy to show that these codes

possess some desirable properties like non-vanishing determinants.

Although this chapter has mainly concentrated on the ML decoding of

STBCs, there may also be codes whose performance is close enough to the

ML decoding performance for a certain application even when suboptimal

methods are used. For example, code proposed in [128] and discussed

in Section 6.2 together with the MMSE-SIC used in decoding process is

one option that has been shown to have a performance very close to ML

decoding.
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7. MB-OFDM Channel Estimation

This chapter discusses the channel estimation in ultra-wideband (UWB)

radio systems based on the MB-OFDM technology. This modulation tech-

nique can be regarded as a UWB transmission because the bandwidth

is 500 Mhz or broader [137]. The MB-OFDM is a UWB transmission

technique based on the conventional OFDM signal modulation. The MB-

OFDM was originally developed for an IEEE 802.15.3a standard aiming

to establish a transmission method for short-range, high-data-rate wire-

less communication [5]. Possible frequency bands intended for the UWB

communication systems are between 3.1 GHz and 10.6 GHz in the FCC

regulation, for example. A fast interpolation method with reduced com-

putational complexity is proposed to be used in the channel estimation.

After the efforts to achieve a standardized UWB communication system,

the development of UWB technologies has concentrated on the impulse

radio solutions that can be utilized, for example, in radar and wireless lo-

calization applications. There is less ongoing effort in developing UWB for

data transmission. However, the transmission techniques originally de-

signed for UWB communication systems are not obsolete. Currently, tech-

niques designed for very broadband multicarrier systems have a potential

to become solutions for 5G communications networks possibly utilizing

large bandwidths on higher frequency regions. Utilization of the millime-

ter wave frequencies is a possible way to allocate broader frequency bands

for communication systems, for example. A massive MIMO system that

transmits OFDM waveforms using 5 bands of 500 MHz each has been re-

cently proposed in [138]. UWB and multicarrier transmission methods

can be important enabling technologies for these systems as well. In the

following, channel estimation methods are considered for MB-OFDM sig-

nals. It should be noted that, although the channel estimation presented

in this thesis is tested with the UWB channel, it is also possible to apply
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the same techniques for other broadband OFDM signals.

7.1 Multiband-OFDM System Model

UWB radio technologies are defined as transmission methods utilizing a

signal that occupies a large bandwidth measured proportionally to center

frequency. Exact definitions vary but quite generally used one is given

by the Federal Communications Commission (FCC) and the International

Telecommunication Union (ITU). According to them, UWB signal has a

bandwidth larger than 500 MHz or 20 % of the center frequency, whichever

is less.

The MB-OFDM transmission technique closely resembles the conven-

tional OFDM transmission as described in Section 2.1. That means that

the transmitted OFDM signal s0(n) can be given as in Eq. (2.1) by

s0(n) =
1√
N

N−1∑
k=0

Xke
j2π kn

N , n = 0, 1, . . . , N − 1. (7.1)

The received signal y after the removal of the CP are given by Eq. (2.4)

which is also repeated here for the sake of completeness:

y = Sh+w. (7.2)

Vector h denotes the frequency-domain channel response, diagonal matrix

S contains the transmitted symbols and w is the additive white Gaussian

noise.

As a difference to the conventional OFDM systems, the MB-OFDM uti-

lizes frequency-hopping (FH) by changing the center frequency of the mul-

ticarrier transmission band after each OFDM symbol. A typical number

of bands used in a MB-OFDM system based on the IEEE’s 802.15.3a stan-

dard proposal is [5]. The order of transmission bands is controlled by a

time-frequency code.

The system model used in this chapter follows the IEEE’s 802.15.3a MB-

OFDM proposal [5]. This proposal uses 128 subcarriers with 4.125 MHz

subcarrier spacing. This gives the total bandwidth of 528 MHz for every

OFDM symbol. One hundred of these subcarriers are used for data trans-

mission. There are altogether 12 pilot subcarriers with ten subcarrier

spacing. The remaining subcarriers are guard and null subcarriers posi-

tioned mainly on the edges of the frequency range. The length of the CP is
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Figure 7.1. Block diagram of the MB-OFDM transmitter. Time-frequency code controls
the frequency hopping by selecting the transmission band.

32 samples corresponding to the duration of 60.6 ns. In addition, there is a

five-sample-long guard interval in between the MB-OFDM symbols to en-

sure that there is enough time for switching the transmission frequency.

The system modeled in this section uses QPSK modulation for each sub-

carrier. All the bit error rates (BER) provided in examples are raw BERs

without coding. Time-domain spreading and conjugate symmetric IFFT,

which could be used for the lower data rates, have not been utilized in the

simulations. A block diagram of the MB-OFDM transmitter is shown in

Figure 7.1.

7.2 Channel Models for UWB Signals

The IEEE 802.15.3a channel model was defined for high-data-rate short-

range UWB communications in an effort to achieve a global UWB com-

munications standard [139]. It is specifically designed for short-range

communication in indoor Wireless Personal Area Networks (WPAN) in

frequencies between 3.1 GHz and 10.6 GHz. When broadband OFDM

techniques are applied in millimeter wave frequency region or in commu-

nication systems with longer range, other models are obviously needed.

Here, the IEEE UWB channel model is considered since the proposed

methods are originally designed with this model in mind. The IEEE model

includes four different types of channels (CM1–CM4) classified according

to the transmitter-receiver separation and the existence of a line-of-sight

(LOS) component. Channel model CM1 describes an LOS channel for the

distances of 0–4 m. Other models assume a non-LOS (NLOS) environ-

ment and the transmission distance of 0–4 m for CM2 and 4–10 m for
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Table 7.1. Characteristics of the IEEE 802.15.3a channel model [140] for frequencies 3.1–
10.6 GHz. Parameters given for the channel models CM1-CM4 are mean ex-
cess delay (τ ), RMS delay spread (στ ) and a number of multipath components
within 10 dB from the peak arrival (NP10dB) or including 85 % of the received
energy (NP85%).

Channel property CM1 CM2 CM3 CM4
τ (ns) 5.0 9.9 15.9 30.1
στ (ns) 5 8 15 25
NP10dB 12.5 15.3 24.9 41.2
NP85% 20.8 33.9 64.7 123.3

CM3. The worst case situations in short-range UWB transmission are

covered by a more extreme model CM4.

Table 7.1 summarizes the properties of the UWB channel models. Char-

acteristics given in the table are mean excess delay (τ ), root-mean-square

(RMS) delay spread (στ ) and the number of multipath components which

are within 10 dB from the peak arrival (NP10dB) or include 85 % of

the received energy (NP85%). A more detailed description can be found

from [140].

The IEEE’s UWB channel model is a modified version of the Saleh–

Valenzuela model [141]. It is based on the observation that multipath

components tend to arrive in clusters. In this model, the channel is as-

sumed quasi-static meaning that it does not change significantly during

the transmission of a single MB-OFDM packet. The channel impulse re-

sponse can be written as

h(t) = Z

Lt−1∑
l=0

Kt−1∑
k=0

αk,lδ(t− Tl − τk,l), (7.3)

where l is the cluster index and k is the path index within the clus-

ter [139]. The total numbers of clusters and paths within a cluster are

Lt and Kt, respectively. According to UWB channel measurements, multi-

path gain coefficients αk,l cannot be modeled very well with the Rayleigh

distribution. Thus, in this thesis, they are assumed to be log-normally

distributed. This is a common assumption that is based on the results

of channel measurements and is widely employed in UWB channel mod-

eling [140]. The delay of the l-th cluster and the k-th multipath compo-

nent relative to the l-th cluster are denoted by Tl and τk,l, respectively.

Shadowing is modeled using a log-normally distributed random variable

Z. Distributions of the cluster and multipath component arrival times Tl

and τk,l conditional on the times of the previous arrivals denoted by Tl−1
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and τk−1,l are given by

p(Tl|Tl−1) = Λa exp[−Λa(Tl − Tl−1)], l > 0,

p(τk,l|τk−1,l) = λa exp[−λa(τk,l − τk−1,l)], k, l > 0,
(7.4)

where Λa and λa represent the cluster and ray arrival rates, respectively.

7.3 Review of MB-OFDM Channel Estimation

Channel estimation methods used in the MB-OFDM system can be di-

vided into pilot-based techniques and blind or semi-blind estimation meth-

ods. Blind methods employ statistical or structural properties of commu-

nication signals instead of the known pilot signals in the channel esti-

mation or equalization. The least squares (LS) estimation described in

more detail in Subsection 7.4.1 belongs to the class of pilot-based algo-

rithms which is also the focus of this thesis. Effect of different interpo-

lation methods to the performance of the LS estimation has been studied

in [142] and will be discussed in Section 7.5. An example of the blind MB-

OFDM channel estimation methods can be found from [143]. This method

utilizes EM-MAP (expectation maximization – maximum a posteriori) al-

gorithm where a wavelet based model is used in the MAP estimation. It

is shown that the BER performance is improved by nearly 3 dB compared

to the pilot estimation followed by a BCJR (Bahl–Cocke–Jelinek–Raviv)

decoder.

The preamble structure of the MB-OFDM signal can also be used in

the channel estimation. In [144], the LS estimation utilizing the pream-

ble structure is analyzed and the channel estimation mean squared error

(MSE) is studied for different window lengths. In addition to the channel

estimation, the channel equalization has also been considered in [144].

The difference between a one-tap equalizer and a more complex MMSE

equalization is negligible in these systems.

In [145], the coverage area of the MB-OFDM systems with either the

ideal channel knowledge or the LS estimation were compared in simu-

lations. It was shown that at the frame error rate of 10−1 the ideal in-

formation resulted in the maximum coverage of approximately 8 meters

with 200 Mbps transmission bit rate whereas the distance with the LS

estimation was roughly 7 meters when the channel model CM1 was uti-

lized. The LS estimation with the linear interpolation has been studied
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in [146] with different pilot structures. Two structures studied where a

block-type structure where pilot data are transmitted on each subcarrier

between a certain time and a comb-type structure where only some of

the subcarriers are dedicated for pilot data. It was noticed that at the

low-SNR regime and for the CM2 model the performance is better with

a comb-type structure than with a block-type one. This is due to the low

frequency selectivity of the channel and the noise reduction achieved with

the interpolation. The best performance on the typical SNR regime was

achieved when every tenth subcarrier was a pilot tone.

In [147], the Wiener-Hopf interpolation is used together with Kalman

filtering in order to track the time-varying UWB channel in frequency-

domain. Kalman filtering is applied to each of the subcarriers after the

interpolation to obtain the channel between the pilot subcarriers. It is

shown that the performance is comparable to the MMSE estimation when

the SNR is between 10 and 30 dB. Compared to the low-pass interpolated

LS estimation, the performance is better on the typical operational SNR

regime.

Pilot-based estimation with a decision directed iterative step is pro-

posed in [148]. The MMSE channel estimation derived in the paper is

tested with different Saleh-Valenzuela models and shown to approach the

Cramer-Rao bound when the number of iterations is increased. The differ-

ence to the lower bound at the 20 dB SNR level is approximately one deci-

bel with six iterations. The performance of the LS estimation and discrete

Fourier transform (DFT) based methods is compared in [149]. DFT-based

channel estimation utilizes the discrete Fourier transform in order to per-

form the estimation in the time-domain. A review of DFT-based methods

in OFDM systems is given in [150]. In the simulations presented in [149],

the DFT-based estimation had approximately 1 dB better performance in

a turbo coded MB-OFDM system with the channel model CM1. A pos-

sible explanation for the performance difference is the different number

of channel taps needed. If the channel is not too frequency selective, a

rather low number of time-domain taps is needed. Hence, the variance of

the tap estimates becomes lower.

A modification to the standard DFT-based estimation is proposed in

[151]. An improvement of approximately 0.3 dB is achieved in the BER

performance compared to the conventional method by using the proposed

alternative that reduces the noise through the optimization of the length

of the time-domain filter. A suitable filter length is selected using an ad-
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hoc method based on the energy of the windowed time-domain channel.

In [152], a joint sampling frequency offset (SFO) and channel estimation

scheme is proposed. Although the provided simulations do not present

the improvement obtained through the iteration to the channel estima-

tion performance, it is shown that the SFO estimation is improved ap-

proximately by 2 dB compared to the situation where no joint processing

is used.

A reduced complexity linear MMSE (LMMSE) channel estimation tech-

nique for the MB-OFDM system is presented in [153]. The method is

based on the low-rank OFDM channel estimation earlier proposed in [154].

The complexity reduction is obtained by estimating the channel with the

low-rank matrix formed from the singular value decomposition of the

channel autocorrelation matrix. According to the simulations, the com-

plexity reduction is greatest for the simpler channel models. For the CM1

model, a rank-10 estimate is needed to reach the performance close to the

general LMMSE algorithm, while the full-rank matrix would be of rank

128. On the other, for the CM4 model, a rank-60 estimate is necessary for

the similar performance. Similarly, the performance difference to the LS

estimation depends on the channel model and is largest for the CM1. If

the rank of the estimated channel matrix is too low, the low-rank LMMSE

performs worse than the LS estimator when the SNR is high. For exam-

ple, for the CM1 model and a rank-5 channel estimate, the LS estimator

is better when the SNR is higher than 26 dB.

To summarize the above discussion on the MB-OFDM channel estima-

tion, it can be noticed that the BER performance difference of typical lin-

ear interpolation LS and DFT-based algorithms is typically on the order

of 1–2 dB for the advantage of the DFT methods depending on the spe-

cific implementation and modifications utilized. LMMSE-based methods

generally achieve a good performance but also have a high computational

complexity. Complexity of the LMMSE methods can be somewhat reduced

but too many simplifications may lead to the performance worse than the

LS estimation with the linear interpolation.

7.4 Iterative LS Interpolation Technique

In this section, an interpolation technique that uses linear interpolation

iteratively between the pilot frequencies is proposed. This method was

published in [11]. The goal is to first estimate the channel for the sub-

105



MB-OFDM Channel Estimation

carriers closest to the pilots, and then refine the estimate for those sub-

carriers that are further away from the pilots. This kind of procedure is

intended to improve the estimation when the number of pilots is quite low

as is the case in the high-data-rate MB-OFDM systems.

7.4.1 Least Squares Estimation

A low-complexity frequency-domain channel estimation scheme is studied

in this section. This method is a pilot-aided algorithm containing the LS

estimation at the pilot frequencies followed by the interpolation. This

estimation method was proposed to be used in the MB-OFDM systems

based on the comparison [142] but it has been used in numerous OFDM

systems earlier [155]. We assume that there are Np pilots spaced by a

fixed value Δp beginning from the p1-th subcarrier. The total number of

subcarriers is denoted by N . Let us define an Np × N matrix Pp whose

components Pik are given by

Pik =

⎧⎪⎨⎪⎩1, when k = p1 + (i− 1)Δp,

0, otherwise.
(7.5)

The channel at the pilot frequencies is then given by hp = Pph. Similarly,

the noise at the received pilot subcarriers is given by wp = Ppw, and the

diagonal matrix of transmitted pilot symbols is calculated as Sp = PpSP
�.

The received signal at the pilot subcarriers is then given by

Yp = Sphp +wp. (7.6)

The LS method estimates the channel on the pilot frequencies by divid-

ing the received symbol by the known pilot symbol. Thus, the estimate is

given by

ĥp = SH
p Yp = hp + SH

p wp. (7.7)

The channel estimate for the subcarriers in between the pilot subcarriers

can be found by interpolation. According to [142], there is a small perfor-

mance difference between the linear and cubic interpolation methods in

the MB-OFDM system. Therefore, they propose the linear interpolation

approach because of the computational simplicity. In the linear interpola-
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tion method, the channel on the k-th subcarrier is calculated as

ĥ(k) = ĥ(mΔp + n)

= ĥp(m) +
n

m

(
ĥp(m+ 1)− ĥp(m)

)
,

(7.8)

where mΔp < k < (m + 1)Δp. Performance comparison of the LS es-

timation to other methods in the context of the MB-OFDM systems is

presented in [156].

7.4.2 Algorithm Description

The algorithm proposed in this thesis proceeds as follows. Two groups of

pilot subcarriers are first formed. We denote them by P1 = {p1 + mΔp},

for m = 1, . . . , Np − 1 and P2 = {p1 + nΔp}, for n = 2, . . . , Np. Let us

assume that the LS estimation of the channel has been performed for the

pilot subcarriers. The channel estimates for the pilots in the group P1 are

denoted by ĥP1
(k), where k = 1, . . . , Np − 1. The estimates for the pilots

in the group P2 are denoted by ĥP2
(k), respectively. Then, the following

procedure is repeated �Δp/2� times, where �·� denotes the floor operation.

1. Form two groups of the data subcarriers whose channels have not

been estimated yet. The first one is defined as D1 = {p + 1}, where

p ∈ P1. The second one is given by D2 = {p − 1}, where p ∈ P2.

2. For the k-th subcarrier of group D1, calculate the channel estimate

as

ĥD1
(k) = ĥP1

(k) +
ĥP2

(k)− ĥP1
(k)

Δp − 2(i − 1)
, (7.9)

where i is the number of the iteration round. For the k-th subcarrier

of group D2, the estimate is given by

ĥD2
(k) = ĥP1

(k)

+
(Δp − 2i+ 1)

(
ĥP2

(k)− ĥP1
(k)

)
Δp − 2(i− 1)

.

(7.10)

3. For all the subcarriers in groups D1 and D2, calculate the symbol

estimates by dividing the received signal by the estimated channel

and making the decision from the symbol alphabet. Denote these

estimates by ŝD1
(k) and ŝD2

(k), respectively.

4. Refine the channel estimates by calculating ĥD1
(k) = ŝ∗D1

(k)rD1
(k),

where rD1
(k) denotes the received signal at the k-th subcarrier of
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Figure 7.2. Illustration of the first two stages of the interpolation. Pilot subcarriers are
marked with the larger arrows. Bold arrows show the subcarriers belonging
to groups P1 and P2. Subcarriers of groups D1 and D2 are circled by solid and
dashed lines, respectively.

refined estimates1)

3) 4)

2)true channel
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Figure 7.3. Progress of the channel estimation between two pilot symbols when the noise
level is negligible. First, the nearest subcarriers are estimated by linear in-
terpolation. After refining the estimates, interpolation is performed to find
the channel estimates at the next subcarriers. This procedure is repeated
until the channel at every subcarrier has been estimated.

group D1. Similarly, for the group D2, calculate ĥD2
(k) = ŝ∗D2

(k)rD2
(k).

5. Set P1 = D1 and P2 = D2. Update also the channel estimates as

ĥP1
= ĥD1

and ĥP2
= ĥD2

. Go to the step 1.

Figure 7.2 illustrates the interpolation process. Progress of the channel

estimation between two pilot symbols is depicted in Figure 7.3.
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7.4.3 Computational Complexity

Since we are interested in low-complexity estimation schemes for MB-

OFDM systems, it is necessary to check how the iterative estimation pre-

sented above affects the complexity of the system. The interpolation is

first done only once for each subcarrier between the pilots. The calcula-

tion of the initial estimate is as complex as the linear interpolation done

in Eq. (7.8). The increase in complexity comes from the refinement of the

channel estimates in the step four of the algorithm description. This is

just one complex multiplication for each of the subcarriers. Therefore, we

can conclude that the computationally complexity of the proposed interpo-

lation scheme is almost similar to the conventional linear interpolation.

7.5 Simulation Results

The MB-OFDM system model described in Section 4.2 is used in simula-

tions. The IEEE’s 802.15.3a channel models CM1 and CM2 are used in the

propagation modeling. Channel coding, time-domain spreading and con-

jugate symmetric IFFT are not applied. Channel estimation is performed

using the frequency-domain LS method with interpolation. The compari-

son is done between the iterative interpolation technique proposed in this

paper and the linear interpolation considered in [142] to be used in a low-

complexity MB-OFDM channel estimator.

Figure 7.4 shows the BER performance of both the estimators in the

CM1 and CM2 environments. As can be seen, the proposed iterative tech-

nique provides a performance gain of several decibels at the high SNR

regime. At the low SNR regime, the performances are about the same. In

fact, the iterative method may be even worse at low SNR regime below

5 dB. This happens because of error propagation which affects the esti-

mates of the subcarriers further away from the pilot positions. However,

the higher SNRs are more common since the typical operation point of the

MB-OFDM systems is clearly above 10 dB. Both methods have an error

floor when the number of pilots is as low as in this simulation. Results

obtained here using the LS estimation without the iterative scheme using

12 pilot subcarriers are very close to those presented in [142] for 16 pilot

subcarriers. The simulated MSE of the proposed estimator is shown in

Figure 7.5.

Figure 7.6 compares the linear and cubic interpolation methods. It is
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Figure 7.4. BER performance for linear interpolation methods with the channel models
CM1 and CM2.
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Figure 7.5. Simulated MSE for the proposed estimator with the channel models CM1
and CM2.

noticed that for the 12 pilot subcarriers the cubic interpolation actually

results to a little worse performance than the linear interpolation when

the iterative processing is applied. Thus, it can be concluded that in this

kind of scenario the iterative linear interpolation obtains better results

than the conventional linear or cubic interpolations or the iterative cubic

interpolation.
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Figure 7.6. BER performance for cubic interpolation methods with channel model CM1.
Iterative linear interpolation is shown as a comparison.

7.6 Discussion

The improvement proposed in this thesis to the channel estimation in the

MB-OFDM systems utilizing comb-type pilots must be examined in the

light of the performance and complexity trade-offs. As is seen in Section

7.3, there exist algorithms providing a better performance measured ei-

ther with the MSE or the BER. The point is, however, to notice the signif-

icance of the complexity reduction in this particular operational environ-

ment. The MB-OFDM systems are intended to be used in small portable

devices including but not limited to wearable technology. This greatly

limits the size of the battery and may also restrict the allowed heat pro-

duction of the device.

The proposed algorithm offers a way to improve the performance com-

pared to the standard low complexity interpolation methods. The fact that

this can be done without significantly increasing the complexity is an es-

sential feature of the proposed method. If the application allows for larger

computational resources to be used, it makes sense to choose a more com-

plex method such as the LMMSE-based algorithms discussed in Section

7.3 that may improve the performance by several decibels. The value of

the contribution presented here is to offer a good trade-off between the

complexity and performance of the channel estimation in the MB-OFDM

or other broadband OFDM systems.

Wideband multicarrier transmission methods that could be used in the
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future 5G communication systems offer a potential application for MB-

OFDM algorithms. A massive MIMO UWB system proposed in [138], for

instance, is described by the authors as an evolution of the MB-OFDM.

Even though these systems will evidently be somewhat different from the

earlier MB-OFDM proposals, algorithms such as the channel estimation

method proposed here should be modifiable to also work in the novel mul-

ticarrier systems and offer a good starting point for the development of

the more system specific signal processing techniques. Yet another possi-

ble application is the utilization of the proposed channel estimation, for

example, in the 4G LTE communication systems where it is possible to

use carrier aggregation techniques. Some modifications to the algorithm

as well as the validation of the performance for a different channel model

might be needed especially when the component carriers do not form a

contiguous band.
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8. Summary

Multicarrier transmission methods are utilized in many current commu-

nication and broadcasting systems such as DVB-T/T2, WiFi, WiMAX and

4G LTE. Multicarrier techniques facilitate efficient information transfer

by simplifying the channel equalization at the receiver. Besides the ad-

vantage that multicarrier waveforms provide for the communication sys-

tems, there is also interest to opportunistically utilize multicarrier sig-

nals as illumination for passive radar systems. Several advancements in

the fields of OFDM multicarrier communications and passive radars have

been proposed in this thesis.

Novel radar signal processing methods presented in Chapter 4 included

a detection algorithm for the DVB-T2 based passive radar system and its

extension to Swerling modeled targets. Its statistical properties were es-

tablished using analytical tools and the performance was studied in the

simulations. The proposed DVB-T2 based passive radar detection algo-

rithm utilized the control symbol structure of the illuminating signal to

detect targets. The algorithm was based on the Neyman–Pearson detec-

tor, and it was shown to achieve a high detection probability even in the

low-SNR regime. The simulations also verified the detection performance

of the method with both Swerling I and Swerling III modeled targets. The

methods can be recommended especially for circumstances where fast de-

tection is needed without the presence of decoded data. Because decoding

data in a passive radar system might cause untolerable long delay in some

radar surveillance tasks, this kind of property can be advantageous.

In Chapter 5, a solution for the measurement association problem in

SFN passive radar systems was proposed. The measurement-to-trans-

mitter association method contributes to the SFN illuminated passive

radar signal processing by providing a way to efficiently initialize track-

ing algorithms. Association problem is particularly important in DVB-T2
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based passive radar since all the transmitters launch the same signal us-

ing the same frequency resources. The performance of the method was

tested in the simulations with a typical DVB-T2 network configuration.

It was shown that a reliable association results can be reached already

with one measurement per transmitter and the performance is improved

when the number of measurements is increased. It is worth noticing that

despite the use of the DVB-T2 as an illuminator for the simulations, the

measurement association method proposed in this thesis can be applied

for other SFN systems where the number of transmitters is not signifi-

cantly higher.

In Chapter 6, a novel STBC structure was presented that has a low ML

decoding complexity and favorable properties for 4 × 2 SFN MIMO sys-

tems. The proposed STBC was designed for the handheld and mobile sys-

tems, such as the DVB-NGH, where low-complexity decoding is needed

for hand-held user equipment in cellular wireless systems. The ML de-

coding of the novel code utilizing an SD algorithm was considered, and

it was shown that the decoding can be done much faster than in existing

solutions. It was also noticed that the performance of the code is com-

parable to other similar structures while the ML decoding complexity is

significantly reduced.

Another contribution for OFDM communications was a low-complexity

channel estimation technique for the MB-OFDM based UWB systems pre-

sented in Chapter 7. A novel iterative interpolation method was proposed

for the MB-OFDM system to be used in the LS estimation. The complexity

of channel estimation was shown to increase only slightly compared to the

simpler linear interpolation while the performance improvements were

gained with the proposed algorithm. The simulations were performed

utilizing the modified Saleh–Valenzuela channel model specifically rec-

ommended for the short-range indoor UWB communications channel in

the IEEE 802.15.3a standardization process. The proposed method is also

applicable for other broadband multicarrier systems such as the potential

alternatives considered for the future 5G communication standard.

Potential future research directions building upon the contributions of

this thesis in the DVB-T2 passive radar detection may include design con-

siderations for systems combining the proposed methods with other detec-

tion algorithms. As was noted, there does not exist a single method that

would be optimal for all possible situations. Therefore, it would be use-

ful to study the opportunities to jointly utilize simple and more complex
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methods and optimize their use in such a way that the overall perfor-

mance is improved.

The measurement association method needs certain suboptimal simpli-

fications if it is applied to systems with a large number of transmitters.

Development of these suboptimal algorithms could be a possible direction

for the future studies. Analytical results about the effect of the geomet-

rical configuration of the transmitters and receivers on the association

results might also benefit the design of DVB-T2 based passive radar sys-

tems. This kind of research is especially needed if the passive radar user

has a possibility to affect the design of illuminating system but also the

information about the effect of the receiver geometry can certainly im-

prove the performance of the system. Target tracking by a passive radar

operating with an SFN illumination could also be studied more carefully

combined with the association problem presented in this thesis.

The application of the MB-OFDM based channel estimation method

could also be considered in other broadband multicarrier systems. Mod-

ifications are probably needed because of different channel models nec-

essary for systems that are not as wideband as UWB systems. Despite

of that, there are no reason why the proposed method could not be suit-

able for these kind of systems when proper consideration is given for the

differences.
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