
 

A
alto-D

D
 18

/2
016 

9HSTFMG*aggdgd+ 

ISBN 978-952-60-6636-3 (printed) 
ISBN 978-952-60-6637-0 (pdf) 
ISSN-L 1799-4934 
ISSN 1799-4934 (printed) 
ISSN 1799-4942 (pdf) 
 
Aalto University 
School of Electrical Engineering 
Department of Micro- and Nanosciences 
www.aalto.fi 

BUSINESS + 
ECONOMY 
 
ART + 
DESIGN + 
ARCHITECTURE 
 
SCIENCE + 
TECHNOLOGY 
 
CROSSOVER 
 
DOCTORAL 
DISSERTATIONS 

T
ero N

iem
inen 

H
igh-perform

ance A
nalog-to-D

igital C
onverters and L

ine D
rivers 

A
alto

 U
n
ive

rsity 

2016 

Department of Micro- and Nanosciences 

High-performance Analog-
to-Digital Converters and 
Line Drivers 

Tero Nieminen 

DOCTORAL 
DISSERTATIONS 



Aalto University publication series 
DOCTORAL DISSERTATIONS 18/2016 

High-performance Analog-to-Digital 
Converters and Line Drivers 

Tero Nieminen 

A doctoral dissertation completed for the degree of Doctor of 
Science (Technology) to be defended, with the permission of the 
Aalto University School of Electrical Engineering, at a public 
examination held at the lecture hall S1 of the school on 19 February 
2016 at 12.00. 

Aalto University 
School of Electrical Engineering 
Department of Micro- and Nanosciences 



Supervising professor 
Prof. Jussi Ryynänen, Aalto University, Finland 
 
Thesis advisor 
Dr. Kari Stadius, Aalto University, Finland 
 
Preliminary examiners 
Associate Prof. Jan H. Mikkelsen, Aalborg University, Denmark 
Prof. Trond Ytterdal, Norwegian University of Science and Technology, Norway 
 
Opponent 
Prof. Timo Rahkonen, University of Oulu, Finland 

Aalto University publication series 
DOCTORAL DISSERTATIONS 18/2016 
 
© Tero Nieminen 
 
ISBN 978-952-60-6636-3 (printed) 
ISBN 978-952-60-6637-0 (pdf) 
ISSN-L 1799-4934 
ISSN 1799-4934 (printed) 
ISSN 1799-4942 (pdf) 
http://urn.fi/URN:ISBN:978-952-60-6637-0 
 
Unigrafia Oy 
Helsinki 2016 
 
Finland 
 



Abstract 
Aalto University, P.O. Box 11000, FI-00076 Aalto  www.aalto.fi 

Author 
Tero Nieminen 
Name of the doctoral dissertation 
High-performance Analog-to-Digital Converters and Line Drivers 
Publisher School of Electrical Engineering 
Unit Department of Micro- and Nanosciences 

Series Aalto University publication series DOCTORAL DISSERTATIONS 18/2016 

Field of research Electronic circuit design 

Manuscript submitted 8 October 2015 Date of the defence 19 February 2016 

Permission to publish granted (date) 8 December 2015 Language English 

Monograph Article dissertation (summary + original articles) 

Abstract 
Nowadays, a high-speed medium-accuracy analog-to-digital converter (ADC) is required in 
numerous applications, such as a synthetic aperture radar (SAR) system, wireless local area 
network (WLAN) receiver, or DVD and Blu-Ray readout. As one of the two main parts, this 
dissertation presents the design and implementation of wideband high-speed medium-
accuracy pipeline ADC as a part of a receiver of a SAR system, implemented in a deep-
submicron CMOS process. Technology scaling of modern narrow line width CMOS processes 
has enabled higher bandwidths, but from dynamic range and accuracy perspectives, analog 
design of integrated circuits has become more challenging. This thesis presents detailed design 
of the critical analog circuit blocks of the pipeline ADC, covering two fabricated 130-nm 440-
MS/s programmable 5-8-bit ADC prototypes for a SAR receiver. Due to their flexibility, the 
ADCs can be optimized for several standards in accordance with the accuracy and power. The 
second ADC was also measured together with the entire receiver. 
  
The ADC discussion of this thesis is twofold, and the SAR receiver discussion is followed by a 
design case of an ADC for pressure sensors, where low power and high accuracy are required. 
The design and measurements of a 350-nm 28-microwatt 14-bit 16-kS/s Delta Sigma 
modulator are presented. Adequate accuracy and low consumption of total system power make 
the modulator a very suitable structure for this indicated application. 
  
The other main part of this thesis consists of high-speed IO drivers in modern wideband 
transceivers. Nowadays, multi-functional mobile phones need to be of a compact size, and thus 
serial link wireline IO drivers are tempting alternatives to be used for the internal 
communication. This leads to very rapid data rates and a challenging EMI environment in 
proximity to the IO, and the coupling of EMI to radio receivers inside the same device becomes 
critical. Furthermore, in a battery-powered system the power consumption should be 
minimized. Conventional current-mode drivers can achieve very low output noise, at a cost of 
several times higher power consumption compared to voltage-mode drivers. This thesis 
presents the design and measurement results of a 200-400-mV 5.8-Gbps 40-nm CMOS 
voltage-mode transmitter driver consuming inherently low power. As an original research 
work, the measurements show sufficiently low output noise, making the driver a suitable 
structure to be used in mobile devices. The high-speed IO driver discussion is completed with 
design examples of an 8-Gbps LVDS input data interface and an 8-GHz local oscillator signal 
buffer and divider for a LTE base station transmitter. 
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Tiivistelmä 
Nopea ja kohtuullisen tarkka A/D-muunnin on oleellinen piirilohko lukuisissa nykyaikaisissa 
sovelluksissa. Toisena pääkokonaisuutena tämä väitöskirja tarkastelee liukuhihna-A/D-
muuntimen suunnittelua osana kapean viivanleveyden CMOS-teknologialla integroitua 
laajakaistaista synteettisen apertuuritutkan vastaanotinta. Nykyaikaiset CMOS-teknologiat 
ovat mahdollistaneet aiempaa laajemmat kaistanleveydet, toisaalta matalampi käyttöjännite 
ja transistorien pienentynyt luontainen vahvistus ovat tehneet analogisten integroitujen 
mikropiirien suunnittelun haastavammaksi. Tämä väitöstyö esittää yksityiskohtaisesti 
kriittisten piirilohkojen suunnittelun nopeaan liukuhihna-A/D-muuntimeen, kattaen kaksi 
130 nm CMOS-teknologialla toteutettua 440 Meganäytettä/s 5-8-bittistä A/D-muunninta 
osana synteettisen apertuuritutkan vastaanotinta. Resoluution ohjelmoitavuuden ansiosta 
muunnin voidaan optimoida useaan standardiin vaaditun tarkkuuden ja tehonkulutuksen 
mukaan. Jälkimmäinen A/D-muunnin mitattiin myös koko vastaanottimen kanssa. 
  
Työssä esitettävä A/D-muuntimien tarkastelu on kahtalaista. Tarkastelua laajennetaan 
paineanturisovellukseen, jossa muuntimelta vaaditaan matalaa tehonkulutusta ja korkeaa 
tarkkuutta. Työssä esitetään 350 nm CMOS teknologialla suunnitellun 28 mikrowatin 14 bitin 
tarkkuuden 16-kilonäytettä/s Delta Sigma-modulaattorin mittaustulokset. Tarkkuutensa ja 
pienen tehonkulutuksensa ansiosta modulaattori sopii hyvin tarkoitukseensa. 
  
Toinen työn pääkokonaisuuksista käsittelee nopeita tulo- ja lähtörajapintoja osana 
laajakaistaisia lähettimiä ja vastaanottimia. Nykyisin esimerkiksi matkapuhelimien tulee 
sisältää lukuisia toimintoja pienessä koossa. Tällöin sarjamuotoisen tiedonsiirron käyttö 
laitteen sisäiseen kommunikointiin on houkuttelevaa. Erittäin suuret tiedonsiirtonopeudet 
tekevät sähkömagneettisten häiriöiden kytkeytymisen laitteen radiovastaanottimiin 
kriittiseksi. Akkukäyttöisissä järjestelmissä myös matala tehonkulutus on hyvin tärkeää. 
Virtamuotoisilla ajureilla voidaan saavuttaa hyvin matala lähdön kohinataso, mutta 
tehonkulutus on moninkertainen jännitemuotoisiin ajureihin verrattuna. Alkuperäisenä 
tutkimustuloksena työssä esitetään 200-400 mV käyttöjännitteen 5.8 Gigabittiä/s 40 nm 
CMOS-teknologialla integroidun jännitemuotoisen ajurin mittaukset, jotka osoittavat ajurin 
saavuttavan riittävän alhaisen lähdön kohinatason, ja näin ollen ajuritopologian soveltuvuuden 
matkapuhelimiin. Lopuksi lähtö- ja tuloajurien tarkastelua täydennetään esimerkeillä, kattaen 
8 Gigabittiä/s digitaalisen tuloajurin ja 8 GHz paikallisoskillaattorisignaalin tuloajurin. 
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1. Introduction

High-speed wideband data transfer is required in numerous modern wire-

less telecommunication applications, for example in a synthetic aperture

radar (SAR) (used for remote sensing, space probes and observations of

environments), or in a wireless local area network (WLAN) receiver. In

addition to wireless telecommunication, Blu-Ray or DVD readouts are ex-

amples of applications requiring high-speed data transmission. In order

to keep a complex system compact, cost-efficient and reliable, it is highly

advantageous to integrate the required electronics into a single silicon

integrated circuit (IC). The evolution of complementary metal oxide semi-

conductor (CMOS) technologies has enabled faster switching of MOS tran-

sistors, and consequently, higher operation speeds of digital ICs. However,

analog signal processing does not benefit from the technology scaling in

a similar way, firstly, because the decreasing supply voltages limit the

amount of suitable circuit structures for the specified dynamic range, and

secondly, because the intrinsic gain from the transistors is only moder-

ate. Furthermore, the sizes of passive components - often required in

analog designs - do not scale along the CMOS process evolution. A gen-

eral trend in narrow linewidth CMOS wideband transceiver ICs is to move

the analog-digital boundary towards the antenna. Nevertheless, a wire-

lessly transmitted radio frequency (RF) signal is analog, and therefore

at least a few analog circuit blocks are required in a receiver. A direct

conversion receiver is the mostly utilized architecture in wideband appli-

cations where low power is desirable. Such a receiver includes an ana-

log RF front-end which converts the received RF input signal directly to

baseband, followed by a low-pass filter which feeds an analog-to-digital

converter (ADC) that is able to digitize the analog baseband signal for

further processing performed in the digital domain. A SAR receiver, for

example, requires an ADC achieving moderate dynamic range and a high

13



Introduction

sampling rate (at least 320 MS/s). Due to the downscaling of new CMOS

IC processes, the design of medium-accuracy ADCs for wideband receivers

has become more challenging. One of the main areas of focus of this the-

sis is on high-speed (several hundreds of MS/s) medium-accuracy (8 bits)

ADC design in a deep submicron CMOS process. An overview and pub-

lication survey of wideband ADCs will be followed by a design example

with experimental measurement results of two fabricated prototype ICs

for a SAR receiver application.

The ADC design forms one of the two main parts of this thesis, and the

ADC discussion as the entity is twofold. Introduction of the wideband

high-speed medium-accuracy ADC design for a SAR is followed by a pres-

sure sensor application case, where high accuracy (14 bits) and low power

consumption (tens of µW) at low clock frequency (16 kHz) are the most

important design targets. A design example that includes a description of

the critical circuit blocks and experimental results of a fabricated 0.35-µm

CMOS prototype ADC is introduced in this thesis.

The other part of this thesis consists of very high-speed input/output

(IO) drivers for modern wideband transceivers. Increasing data rates po-

tentially cause significant electromagnetic interference (EMI) from a digi-

tal IO driver, which may couple to sensitive parts, such as radio receivers,

in close proximity to the IO. This situation is possible, for instance, with a

MIPI-MPHY serial link IO transmitting digital data via wireline to com-

municate between various modules of a mobile phone, such as the appli-

cation processor supporting multimedia. Data transmission is performed

in serial form to save pin count, which leads to very high speed and a chal-

lenging noise environment, making the noise contribution of the IO driver

critical. Simultaneously, battery-powered systems require low power con-

sumption, which limits the usable circuit structures. Very low output

noise from the IO driver is possible to achieve with current-mode differen-

tial structures at a cost of several times higher power consumption com-

pared to voltage-mode drivers. This thesis presents the design of a 40-nm

CMOS 5.8-Gbps serial link voltage-mode IO driver for wireline communi-

cations in mobile phones. The key result of the experimental verification

is that the implemented driver can meet the output noise limit, and thus

the coupled noise can be kept tolerable.

The discussion of high-speed IOs is completed with design cases of an

8-Gbps low-voltage differential signaling (LVDS) receiver and an 8-GHz

local oscillator (LO) input interface for a base station transmitter. Post-
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layout simulations show the implemented structures to work properly at

the maximum operation frequency with >20% safety margin.

1.1 Research contributions

This thesis represents the author’s research activities on the design of the

baseband part of a synthetic aperture radar (SAR) receiver, the integrated

electronics for a pressure sensor system, and input/output (IO) drivers

for high-speed transceivers. Particularly, the research is concentrated on

high-speed medium-accuracy analog-to-digital converters (ADCs) with a

low supply voltage (1.2 V), low-speed high-accuracy ADC and a high-speed

serial link transmitter output driver for mobile devices. The research

work covers four prototype IC implementations, including two pipeline

ADCs, a ∆Σ modulator and a serial link IO driver. The work related to

the ADC design was carried out between 2007 and 2011, while develop-

ment of the high-speed IO drivers took place from 2011 to 2015. The au-

thor presents the most critical design issues and shows the experimental

results.

The first part of the author’s research activities on the ADC design were

targeted for a synthetic aperture radar receiver. In this application case, a

high operation speed (440 MS/s) and fair accuracy (8 bits) were required.

Furthermore, the functional specifications included a requirement for a

programmable resolution between five to eight bits to enable a more op-

timal usage of the ADC in accordance with the desired dynamic range

and power consumption limit. The prototype ADC implementation used

a pipeline architecture, because of its good suitability for the aforemen-

tioned specifications [1]. The main design challenges were related to im-

plementing the low-voltage operational amplifiers required in the wide-

band pipeline ADC [2]. These amplifiers need to achieve a fair voltage

gain and very large unity gain bandwidth simultaneously, while satisfy-

ing the dynamic range specification. Two rounds of integrated circuit im-

plementations were fabricated in a 0.13-µm CMOS. The measurements

of the first 5-8-bit ADC verified its promising potential for the intended

application [3]. After demonstrating the adequate performance, the de-

veloped ADC was employed as a part of the second prototype IC including

the entire SAR receiver [4–6]. As a difference compared to the first chip,

this ADC implementation included an on-chip voltage regulator in order

to generate stable reference voltage levels without external components
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[7]. The measurements demonstrated an adequate performance for the

SAR receiver, while the entire system consumed around 75% of the power

budget in the 8-bit ADC mode. Thus, the main contribution of the author’s

design is in developing a flexible multi-mode ADC tailored for SAR appli-

cation purposes. It is also shown that by additional power optimization of

the developed ADC would result in state-of-the-art order energy efficiency

among high-speed medium-resolution ADCs published in 2004-2008.

The second part of the author’s ADC research focused on development

of a 0.35-µm CMOS ∆Σ modulator, targeted for a pressure sensor. The

primary challenge of this design was to achieve a high accuracy (> 14 bits),

while keeping the power consumption low (< 50 µW for the modulator).

The implemented IC prototype achieved a signal-to-noise-and-distortion

ratio (SNDR) of 86 dB (14 bits), while the power consumption was 28 µW

- clearly a minor part compared to a typical sensor element and a total

system power [8]. This makes the implemented structure a very suitable

alternative to be utilized in the targeted pressure sensor application.

The second part of this thesis concentrates on development of a 5.8-Gbps

serial link transmitter for MIPI-MPHY standard in a 40-nm CMOS pro-

cess. The main application area of this design lie in internal wireline com-

munication of mobile devices. Therefore, the system power must be kept

low. Moreover, as the signaling is performed in a serial form, the high op-

eration speed may cause excessive EMI coupling to the sensitive parts of

the device, and thus it is important to minimize the output noise of the IO.

Unlike the conventional high-speed current-mode transmitter drivers, a

scalable low-voltage signaling (SLVS) driver topology employed in the de-

sign can operate with ultra-low supply voltages, thus enabling low power

consumption. This design demonstrated a tolerable output noise level of

the implemented 200-400-mV voltage-mode SLVS driver [9, 10]. Hence,

this type of IO driver can be favorably utilized in mobile devices. To the

best of the author’s knowledge, the measured noise of the implemented IO

driver topology, besides satisfying the specifications to be described later

in Section 5.2, represents a piece of original research work.

In addition to the aforementioned research activities, the author was

involved in a project, where an outphasing transmitter for 3GPP Long

Term Evolution (LTE) base stations was developed. The first prototype IC

includes a very high-speed serial form input data LVDS driver operating

at four times the actual LO frequency, up to 14 GHz. The author designed

the LVDS driver, and the input amplifying stage and frequency divider
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for the high-frequency LO input chain. Design and implementation of

the circuits, carried out with a 28-nm FD SOI CMOS process, are to be

presented in Sections 5.3.1 - 5.3.2.

1.2 Organization of the thesis

This thesis is divided into six chapters. Chapter 2 following the introduc-

tion presents the basic characterization parameters of ADCs. An overview

of the most commonly employed high-speed ADC architectures is also in

this chapter. In the comparison of the architectures, the main application

areas lie in wideband telecommunication, particularly in a SAR system.

Thus, the main emphasis is on medium-accuracy (8-10 bits) high-speed

(>200 MS/s) ADCs. A literature survey of state-of-the-art ADCs is given

at the end of the chapter.

Chapter 3 discusses the design of the critical building blocks of an ADC,

one of the main challenges being the low supply voltage (1.2 V) of modern

deep-submicron CMOS processes. The requirements of the critical build-

ing blocks will be discussed. One of the main focuses of the chapter is on

designing the operational amplifier as it usually has the most critical im-

pact on ADC performance. Based on the discussion of Chapter 3, a design

example is presented in Chapter 4. Sections 4.1 - 4.2 cover the design,

implementation, and measurements of two prototype 440-MS/s pipelined

ADCs in 0.13-µm CMOS. The main modification of the second chip was

the addition of an on-chip reference voltage regulator.

Chapter 4, Section 4.3, extends the ADC design to cover a pressure sen-

sor application, low power consumption and high accuracy with low clock

frequency being the most important specifications. Section 4.3 presents

a low-power ∆Σ modulator implemented in 0.35-µm CMOS, covering de-

tailed circuit design and measurement results.

Chapter 5 concentrates on high-speed IO driver design. Along with high

data rates, the EMI environment becomes very challenging. Section 5.2

presents the design, implementation and measurement results of a 40-

nm CMOS MIPI MPHY serial link transmitter for mobile phones. The

utilized voltage-mode driver operates with very low supply voltages (200-

400 mV), making it a preferable solution over conventional current-mode

structures, when low power consumption is required. The measurements

show that the implemented driver can meet the noise requirements of

the serial interface. The chapter is completed by design examples of an
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8-Gbps LVDS and LO interface for a wideband base station transmitter

used in LTE systems, discussed in Section 5.3.

Finally, the key results of this thesis are summarized and the work is

concluded in Chapter 6.
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2. Wideband Analog-to-Digital
Converters for Telecommunications

This chapter gives a brief overview of the commonly used performance

measures and characteristics of an ADC, the main emphasis of the chap-

ter being on high-speed (>200-MS/s) medium-accuracy (8-10 bits) ADC

architectures. The general theory of ADCs is thoroughly covered, for ex-

ample, in books [11, 12], and a good overview is given in [13, 14]. There

exist numerous ADC architectures, and the most suitable one for a partic-

ular case depends on the speed and accuracy required for the application.

One purpose of this chapter is to provide relevant background informa-

tion related to potential ADC architectures for a SAR application. The

advantages and disadvantages of these architectures are discussed in or-

der to select the most suitable architecture to be utilized in the prototype

SAR receiver. In the end of the chapter, a literature survey gives a per-

formance comparison of state-of-the-art wideband ADCs, describing the

state between 2004 and 2008. Based on this survey, an architecture to be

utilized was selected.

2.1 A/D Converter specifications

An ideal ADC is depicted in Figure 2.1. It can be considered as a black box

with three inputs and a digital output. VIN is a continuous-time analog in-

put signal, usually a voltage. The input signal is compared to a reference

voltage VREF setting the input signal range, and based on the comparison,

it is converted into a binary code word DOUT , VIN = 0 providing all-zero

and VIN = VREF all-one output. Analog-to-digital conversion includes

quantization of the input signal, which introduces an error to the output.

Accuracy of an ideal ADC is therefore limited by its quantization noise

and can in principle be enhanced simply by increasing the resolution. As

the digital output is a quantized representation of the continuous-time in-
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put signal, an ADC needs to perform a sampling operation at some spec-

ified rate determined by a clock signal (CLK). According to the Nyquist

criterion, the sampling rate must be at least twice the input signal band-

width in order to avoid aliasing.

Figure 2.1. An ideal ADC

2.1.1 Static specifications

Static parameters of an ADC describe the static linearity of the ADC,

meaning that these description parameters are independent of the input

signal. They set the limit for the actual accuracy, which typically degrades

along with the signal frequency. The most important performance mea-

sures are called differential nonlinearity (DNL) and integral nonlinearity

(INL). In an N−bit quantization, 2N quantization levels exist. An ideal

transfer curve has 2N−1 steps with width of 1 least significant bit (LSB). A

straight line between the minimum and maximum input intersects every

step through their middle points, as illustrated in Figure 2.2. A deviation

from the ideal stair width is called DNL. It can be described as a devia-

tion from the ideal (1 LSB) input voltage difference corresponding to the

output bit transitions

DNL(Di)[LSB] =
VIN (Di+1)− VIN (Di)− VLSB

VLSB
(2.1)

where VIN (Di) is the analogue input corresponding to the output code

transition from Di to Di+1. A difference between the ideal and actual

input voltages corresponding to the output bit Di is referred as INL. INL

can be calculated from the relation

INL(Di)[LSB] =
i∑
i=1

DNL(Di) (2.2)
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In an ADC with excessive static nonlinearity, nonmonotonicity and/or

missing codes may occur. Output of a monotonic ADC always increases

along the increasing analog input. Monotonicity is guaranteed if |DNL|

< 1 LSB or |INL| < 1
2 LSB. Code words that do not appear in the output

are called missing codes, for example if the vertical jump in the transfer

curve occurs from ’000’ to ’010’ instead of ’001’. These can be detected by

DNL, which, being smaller than -1 LSB, indicates a missing code. As an

example, Figure 2.2 illustrates the DNL and INL errors of a 3-bit ADC.

Solid and dashed lines present the ideal and actual ADC transfer curves,

respectively.

Figure 2.2. Illustration of the DNL and INL errors

2.1.2 Dynamic specifications

Static parameters typically describe the performance of an ADC at rela-

tively low input signal frequencies, and they set the ultimate limits for

the achievable actual accuracy. The performance tends to degrade along

the increasing input frequency. Then, the linearity and accuracy of an

ADC are better described by dynamic characterization parameters, which

usually depend on the input frequency. Some of the parameters describe

the spectral purity over a certain frequency range, while one parameter

indicates the actual accuracy, and thus cannot distinguish the dominating

error. These parameters will be discussed next.

The signal-to-noise ratio (SNR) describes the ratio of the signal and
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noise powers at the ADC output. In an ideal ADC, the SNR is limited

only by the quantization noise floor. Quantization noise power can be ex-

pressed as v2
nq =

V 2
FS

22N12
[13], where VFS is the full-scale voltage range and

N is the resolution. By applying a full-scale (VFS) sinusoidal signal to the

ADC input, the maximum SNR restricted by the quantization noise floor

can be calculated as

SNR[dB] = 10log(
V 2
FS/8

v2
nq

) = 10log(
3

2
· 22N ) ≈ 1.76 + 6.02N (2.3)

All non-idealities, such as noisy circuit elements, degrade the SNR. The

most dominating noise sources of ADC circuits are typically analog am-

plifiers and sampling switches.

Total harmonic distortion (THD) and spurious-free dynamic range (SFDR)

are defined to indicate magnitude of spurious tones at different signal fre-

quencies. THD represents total power of the harmonic distortion com-

ponents. SFDR is defined as the signal power relative to the strongest

interference spectral component, which can be either harmonic distortion

or a non-harmonic spur. THD and SFDR are descriptive parameters of the

spectral purity over a certain frequency range. The ultimate parameter

showing the actual accuracy of an ADC is called the SNDR. It is defined as

the output signal power Psig relative to the total error power, including the

noise, harmonic distortion and spurs. Taking into account the total noise

power v2
n,tot = v2

nq + v2
n,other, the total harmonic distortion power v2

THD and

non-harmonic spurious spectral tones v2
spur, the SNDR in decibels can be

expressed

SNDR[dB] = 10log
Psig

v2
n,tot + v2

THD + v2
spur

(2.4)

Equivalently, the actual accuracy can be described with the effective num-

ber of bits (ENOB). For a sinusoidal input signal, the ENOB can be calcu-

lated from the SNDR

ENOB[bits] ≈ SNDR[dB]− 1.76

6.02
(2.5)

An ADC should be able to maintain the targeted accuracy within a spec-

ified input signal bandwidth. The effective resolution bandwidth (ERBW)

is defined as a -3-dB corner frequency at which the SNDR has decreased

3 dB from its maximum value, or equivalently, the ENOB has decreased

0.5 bits. Thus, the ERBW of a Nyquist rate ADC should cover the band

from direct current (DC) to half of the sampling frequency.
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2.2 Flash-based A/D Converters

When high speed of an ADC is of primary importance, a flash topology

[15–20] is the first one to be considered. A flash ADC consists of parallel

2N − 1 comparators and a thermometer-to-binary encoder, where N is the

resolution. Figure 2.3 shows an example block diagram of a 2-bit flash

ADC. The analog input signal is directly fed to the inputs of the compara-

tors. The thermometer coded digital output is available shortly after the

input-output delay, after which the thermometer-to-binary encoder pro-

vides the binary-weighted output code word. Due to the open-loop opera-

tion of a flash ADC and parallelism of the comparators, very high speed

and a minimal latency time can be achieved. The practical resolution

of a flash ADC is limited mainly by exponential growth of amount of the

comparators, leading to excessively high input capacitance and power con-

sumption in an 8-bit ADC. Therefore, a flash ADC utilizes usually 6 bits

or less.

The number of parallel input stages of a flash ADC can be reduced by

utilizing input amplifiers and interpolating their outputs to be fed to the

comparators, as shown in Figure 2.4. Consequently, the input capacitance

can be significantly decreased, while the amount of the comparators re-

mains the same. To reduce the number of the comparators, an analog

pre-processing called folding is often employed [21–29]. In this approach,

the input signal range is divided into coarse and fine subranges, for ex-

ample to two most significant bit (MSB)s and two LSBs to form a 4-bit

ADC, as shown in Figure 2.5 [14]. Input for the latches are provided by

analog pre-processing blocks called folders, whose example transfer char-

acteristics are shown in Figure 2.5. The folders provide a folded signal

as a function of the input, and the number of the comparators is reduced

by the folding rate. The MSB section determines the correct coarse sub-

range, while the LSB part including the folding blocks and comparators

resolves the LSB bits. A 2-bit MSB section of a 4-bit ADC, for example,

is divided into four coarse subranges, and the folding rate is four. As res-

olution of the fine section is two, the coarse subrange is divided into four

fine subranges, which results in four parallel folding-by-four blocks, each

producing a similar output with 1 LSB input offset in respect to the adja-

cent one. In many folding ADC implementations, interpolation is also em-

ployed simultaneously. Medium-accuracy high-speed (200-MS/s-1.6-GS/s)

implementations have been introduced in [21–29].
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Figure 2.3. A 2-bit flash ADC

2.3 Pipelined A/D Converter

In a pipeline ADC architecture [30–41] the signal processing is performed

in cascaded stages, each providing output bits and an analog output signal

for the following stage. Each pipeline stage utilizes a sub-ADC having

low, usually one to three bits resolution. In addition to the actual output

bits, a pipeline stage often provides a redundant bit, sometimes known

as half a bit, used for a digital compensation algorithm. For example,

an 1.5-bit stage provides one output and one redundant bit. The sub-ADC

performs the low-resolution A/D conversion of its input signal, after which

the resulted digital word is D/A converted by a block called a multiplying

digital-to-analog converter (MDAC) and subtracted from the analog input.

The residue obtained is then amplified to the full input voltage scale and

fed to the next stage for further processing to resolve the LSBs of the ADC.

Simultaneously, the preceding stage starts to process a residue of a new
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Figure 2.4. A 3-bit interpolating ADC

input voltage sample. Thus, the latency time of the A/D conversion is nT ,

where n is the number of stages and T is the clock period. However, the

maximum speed of the ADC is not restricted by the latency time, since

each stage is simultaneously active, each processing the corresponding

residues. Block diagrams of an 8-bit pipelined ADC and an 1.5-bit pipeline

stage are shown in Figures 2.6 and 2.7. Two LSBs are resolved by a 2-bit

flash ADC [3–6]. This structure requires only fifteen comparators, which

is made possible by the low-resolution sub-ADCs. As shown in Figure

2.6, a sample/hold (S/H) stage is typically used in the front of the ADC

to convert a continuous-time input signal to a discrete-time one, making

the first pipeline stage less sensitive to the clock timing errors, as will be

discussed in Chapter 3. The clock generation circuitry generates proper

clock signals for the S/H, pipeline stages and the required digital logic.

Since the A/D conversion is performed in successive stages, the output
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Figure 2.5. A 4-bit folding ADC

bits have different latency times that must be compensated, and thus a

delay alignment block constructed of shift register chains is needed.

Practical effective resolution of a pipeline ADC architecture is typically

limited by the accuracy of the required analog signal processing of the

pipeline stage, including sampling and holding, subtracting and multipli-

cation operations. In practice this requires certain accuracy and perfor-

mance of analog components, including capacitors and an active block,

for example an operational amplifier. In general, the nonidealities of the

MDAC set the performance limits of a typical pipeline ADC. Figure 2.8

shows a switched capacitor (SC) implementation of an 1.5-bit SC MDAC

cell. The amplifier of the MDAC is, in most cases, the most critical sub-

block. Its performance, most importantly the open-loop DC gain, max-

imum current driving capability and bandwidth, directly influence the

overall ADC linearity. Finite DC gain causes static and limited current

driving capability (and bandwidth) dynamic error. Therefore, the max-

imum speed of a pipeline ADC is usually limited by the bandwidth of

the amplifier. With 0.13-µm CMOS, for example, enabling the unity gain

bandwidth of the high-gain amplifier to be some GHz, several hundreds of

MS/s single-channel (not incorporating interleaving) ADC becomes feasi-
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Figure 2.6. Block diagram of a pipelined A/D Converter

Figure 2.7. Block diagram of an 1.5-bit pipeline stage
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ble. It is also necessary to consider the linearity of the switches and their

control arrangements. The design of these key blocks to achieve sufficient

performance will be discussed in Chapter 3.

Figure 2.8. Schematic of an 1.5-bit MDAC

2.3.1 Brief overview of most important error sources in a
pipeline ADC

Next, a short overview of the most essential error sources of the pipeline

stage is given. Based on this discussion, Chapter 3 will consider the re-

lated lower level circuit blocks with their minimum requirements, and

searches for known circuit techniques to reduce these errors.

Sub-ADC

The most important error sources in a sub-ADC are the offset voltages of

the comparators and excessive delay from the comparator to the MDAC

input. Fortunately, the effect of the offset voltage can be compensated by

a simple digital correction algorithm, as will be discussed in Section 2.3.2.

It is noticeable that the digital input of the MDAC, provided by the sub-

ADC of the same stage, must be available instantly after sampling of the

MDAC input has been completed. Otherwise, incomplete settling may re-

sult, and as a consequence, a dynamic error is generated. This makes the

minimizing of the propagation delay essentially important. In practice,

there is always a nonoverlap time between the end of the sampling phase

(Ssamp of Figure 2.8 opens) and the beginning of the amplifying phase 2,

during which the sub-ADC should provide its output.
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The clock timing uncertainty of the comparator latching clock signal is a

critical issue when the input signal is continuous-time. For this reason, a

S/H front-end is employed, and therefore the timing errors, both system-

atic and random, of the latching clock are less important. The design of

the S/H will be presented in Chapter 3.

Multiplying Digital-to-Analog Converter

All necessary analog signal processing, D/A conversion, sampling/holding,

and arithmetic operations, are performed by the MDAC. Typically, the

performance of the MDAC limits the achievable ADC accuracy. MDAC

errors can be divided into constant (offset), static, dynamic and random

(noise) ones.

The offset voltage of the MDAC may saturate the outputs of the latter

stages when the signal swing is near its maximum. The most dominant

source of the offset is usually the amplifier. Its offset from the input to

output of the MDAC is magnified by the MDAC gain. Another potential

origin of a constant error is a phenomenon called charge injection [14, 42–

44]. This occurs when a sampling switch is opened and the channel charge

of the switch is distributed to its drain and source. In fully differential

circuits constant charge injection is seen as a change in the common-mode

(CM) level, which is typically not a significant problem.

The gain error of the MDAC is signal-independent and it causes static

nonlinearity on the transfer characteristics. It originates from the finite

DC gain of the operational amplifier and capacitor mismatch. A signal-

dependent interference or imperfection, and most importantly the settling

properties (gain-bandwidth (GBW) and slew-rate (SR)) of the amplifier,

cause a dynamic error. Furthermore, significant dynamic performance

degradation may be caused by switches along the signal path, due to their

signal-dependent on-resistance and charge injection. These errors can

be alleviated with known linearization techniques and by using a proper

switch control, as will be shown in Chapter 3.

In SC circuits the major noise contributors are switches and the am-

plifier. A significant portion of thermal noise is generated in sampling

operation. The contribution of the amplifier may become remarkable par-

ticularly in high-resolution implementations. The flicker noise of the am-

plifier, on the other hand, is not of primary importance in high-speed ap-

plications, and therefore the noise discussion of Chapter 3 concentrates

purely on thermal noise.
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2.3.2 Redundant sign digit correction

The offset voltages of the sub-ADCs are essential error sources in the

pipeline stages. If not compensated, an 8-bit ADC with an input signal

range of some hundreds of mV can tolerate only a few mV offset in the

front-end stage in order to keep the error smaller than half LSB. Hence,

a redundant bit is almost without exception utilized in a pipeline stage

to employ a digital correction algorithm. A commonly used one is known

as redundant sign digit (RSD), which is utilized to compensate the offset

voltages of the sub-ADC comparators [45, 46]. An ideal 1.5-bit MDAC has

the transfer characteristics described as

VOUT =

2VIN + VREF , VIN ≤
−VREF

4

2VIN ,
−VREF

4
≤ VIN ≤

VREF
4

2VIN − VREF , VIN ≥
VREF

4
, (2.6)

illustrated in Figure 2.9. The corresponding sub-ADC code Biri fed to the

MDAC is also shown, where ri is the redundant bit. The offset of the

comparators shift the ideal decision levels −VREF4 and VREF
4 . For example,

VIN = −VREF
8 may produce ’00’ as the sub-ADC output instead the cor-

rect ’01’. Then, the output of the MDAC becomes VOUT= 3VREF
4 , the ideal

value being −VREF4 . Both of these values, however, lead to an equal output

of the next MDAC, because instead of adding the reference voltage it is

subtracted in the next stage, if the lower threshold −VREF4 is shifted to be

larger. This compensation works as long as the comparator offset stays

below VREF
4 , which is typically at least several tens of mV. In the digital

domain, the RSD corresponds to adding the MSB to the redundancy bit of

the previous stage, as presented in Figure 2.10. It should be noticed that

Bm refers to the MSB, which is provided by the first stage, and so on. The

algorithm can be implemented with a digital adder.

2.4 Wideband A/D Converter Survey and Comparison

In this section, a survey of wideband medium-resolution ADCs is given.

The most commonly used figure of merit (FOM) of an ADC takes the ac-

tual accuracy (ENOB), sampling frequency fs (or 3-dB bandwidth) and

power consumption P into account. Additionally, a FOM including the sil-
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Figure 2.9. Transfer curve of an ideal 1.5-bit MDAC

Figure 2.10. RSD Correction algorithm

icon area consumption, instead of the power, is used in some cases. The

former FOM describes the energy and the latter one describes area effi-

ciency. In this case the power is among the most important parameters

of the ADC designed for a SAR receiver, making energy efficiency more

relevant. Two generally used FOMs describing the energy efficiency are

defined as

FOM1 =
P

2ENOB × fs
(2.7)

FOM2 =
P

2ENOB × 2× ERBW
(2.8)

As can be seen, FOM1 = FOM2 when the 3-dB bandwidth equals the

Nyquist band. Typically, FOM1 is a descriptive number for Nyquist-rate

ADCs, whereas a decreased bandwidth should be taken into account by

using FOM2.

2.4.1 Comparison of published ADCs 2004-2008

Table 2.1 collects some published state-of-the art medium-resolution high-

speed ADCs between 2004 and 2008, and presents the reported FOM,
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sampling rate fs, resolution N and technology T . In the FOM column

two numbers present FOM1 / FOM2, respectively, and a single number

refers to the reported FOM1. This comparison was made by the author at

the very beginning of the SAR project in year 2008, and thus it describes

state-of-the art ADCs available at that time. Pipeline architecture was

the most popular one among medium-resolution high-speed implementa-

tions, and also folding and interpolation (F/I) structure was utilized in

some extent. The comparison suggests that F/I architecture can operate

at somewhat higher sampling frequencies than pipeline one, while the

latter achieves typically better FOM. Although the maximum sampling

rate of a pipeline ADC is slightly lower, for 440 MS/s operation it can be

assumed to be sufficient. These reasons make the pipeline architecture

preferable over F/I architecture.

2.4.2 Resolution programmability of an ADC: pipeline vs F/I

Specifications of the ADC for a SAR receiver included programmable res-

olution from 5 to 8 bits. This programmability is easier to implement

with a pipeline structure, because a pipeline stage can be simply passed

and powered off when not used. In a F/I ADC, besides powering off the

unused circuit blocks, the corresponding reference voltage levels need to

be re-arranged accordingly when switching from a resolution to another.

Based on its better reported energy efficiency and suitability for the spec-

ified multi-mode operation, a pipeline architecture was selected to be im-

plemented as the prototype ADC for a SAR receiver. In the forthcoming

chapters of this thesis, the pipeline structure is exclusively considered in

the context of high-speed ADCs.

2.4.3 Recent development of medium-resolution high-speed
ADCs

The previous ADC comparison was carried out in 2008 in order to select

the most optimal architecture for the SAR receiver. To examine recent

ADC development, the ADC survey is next extended to newer implemen-

tations (2011-2015). A good survey of state-of-the art designs is given in

[51], collecting the published ADCs from International Solid-State Cir-

cuits conference and VLSI Symposium. Table 2.2 shows measured perfor-

mance metrics of >200-MS/s ≥8-bit ADCs, taken from [51].
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Table 2.1. Pipeline and F/I architecture comparison (2004-2008) for the SAR project

Work Architecture fs[MS/s] N[bits] T[µm] FOM [pJ/conv step]

[30] Pipe 800 8 0.065 0.28

[31] Pipe 205 10 0.09 1.30

[32] Pipe 400 9 0.09 1.54

[47] Pipe 400 10 0.13 0.78/2.34

[34] Pipe 205 10 0.13 0.88

[35] Pipe 220 10 0.13 1.48

[36] Pipe 1000 11 0.13 0.5

[37] Pipe 200 8 0.18 0.74

[38] Pipe 200 8 0.18 0.73

[39] Pipe 210 10 0.18 0.90

[48] Pipe 200 8 0.18 0.51

[49] Pipe 550 7 0.09 0.55

[50] Pipe 200 10 0.09 0.65

[25] F/I 1600 8 0.18 4.14

[26] F/I 200 10 0.13 2.51

[27] F/I 800 7 0.09 2.06/8.24

[22] F/I 600 8 0.18 2.80

[24] F/I 600 8 0.18 2.0/6.25

[23] F/I 500 8 0.18 2.15(FIN=30 MHz)

33



Wideband Analog-to-Digital Converters for Telecommunications

Table 2.2. Development of high-speed >8-bit ADCs 2011-2015

Work Year Architecture fs[GS/s] SNDR[dB] T[nm] FOM

[fJ/conv step]

[53] 2011 Pipe TI 0.8 59.0 40 180

[54] 2011 SAR 0.4 40.4 65 116.9

[56] 2011 Pipe 0.3 51.0 40 258.6

[58] 2011 Subranging 1.0 40.0 55 195.9

[59] 2012 Pipe SAR 0.25 56.0 40 13.2

[60] 2012 Pipe 1.0 52.4 65 96.6

[61] 2012 SAR TI 2.8 48.2 65 75.8

[62] 2012 SAR TI 1.0 42.8 65 33.9

[63] 2012 SAR 0.75 43.3 28 50.2

[64] 2012 Pipe SAR TI 0.5 52.9 65 45.2

[66] 2013 SAR 1.2 39.3 32 33.8

[67] 2013 SAR TI 0.9 51.2 45 40.5

[68] 2013 Pipe TI 5.4 50.0 28 358.4

[69] 2013 Pipe 0.2 57.6 65 92.8

[70] 2013 Pipe 0.8 52.2 65 71.4

[71] 2013 SAR TI 8.8 37.0 32 68.9

[72] 2013 Pipe SAR 0.41 55.0 28 11.4

[73] 2014 SAR TI 90 33.0 32 203.1

[74] 2014 SAR TI 1.0 51.4 65 62.3

[75] 2014 SAR TI 1.62 48.0 40 279.7

[76] 2014 Pipe SAR 0.2 65.0 28 7.9

[77] 2014 Pipe SAR 0.21 60.1 65 30.5

[78] 2015 Pipe 0.25 65.7 65 126.2

[79] 2015 Pipe TI 0.8 57.1 28 162.4

[80] 2015 SAR TI 1.6 56.1 45 20.7

[81] 2015 Pipe SAR 5.0 46.1 28 181.9

[82] 2015 SAR TI 1.7 51.2 45 30.5

[83] 2015 SAR 0.2 68.0 45 8.3
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It can be observed that recently SAR1 ADCs have increased their popu-

larity among high-speed designs, and that pipeline architecture has main-

tained its wide usage. It is generally known that SAR ADC architecture

is capable of energy efficient operation. This architecture do not require

residue amplifiers and its accuracy is limited by the digital-to-analog con-

verter (DAC) whose output is compared to the input signal. For example,

capacitor mismatch, which is an issue in a charge redistribution DAC, can

be digitally calibrated. Therefore, SAR ADCs are in some extent more

compatible with modern digital CMOS processes than pipeline architec-

ture including more purely analog blocks. Traditionally, utilization of the

architecture has been limited to lower sampling rates than pipeline, be-

cause it requires several clock cycles to resolve the complete output code-

word. To increase the sampling rate to GS/s order, time interleaving (TI)

has been widely utilized [52, 61, 62, 65, 67, 71, 73–75, 80, 82]. Among

the recently published designs, GS/s order sampling rate and 8-bit ac-

curacy have been demonstrated, while the energy efficiency is around 50

fJ/conversion step or below, which indicates an improvement of one decade

compared to state-of-the-art seven to ten years ago.

Recently, also pipeline architecture has reached sub-100 fJ/conversion

step efficiency. It has been shown that energy efficient designs can be

achieved by employing a pipelined SAR architecture [59, 64, 72]. Several

techniques, such as dynamic residue amplifiers [59, 72, 76] and charge-

steering operational amplifiers [70], have been proposed and employed

for lower the power consumption. Generally, inaccuracies of the low-

power analog/mixed signal blocks are often digitally calibrated for >8-bit

accuracy, enabling very energy efficient designs compared to more analog-

oriented implementations in older CMOS process nodes.

1Successive approximation register is called as SAR. However, in this thesis this
acronym is reserved for synthetic aperture radar.
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3. Building Blocks for Analog-to-Digital
Converters

This chapter discusses an implementation of the most critical building

blocks of a high-speed medium-accuracy pipeline ADC (Figure 3.1) for

a SAR receiver. Roughly speaking, the essential top-level blocks are a

S/H and a pipeline stage used in the cascaded chain. The structure of

this chapter is as follows. Section 3.1 introduces a S/H and Section 3.2 a

pipeline stage design with all relevant requirements of their sub-blocks,

especially operational amplifiers. Based on this, Sections 3.3 - 3.4 analyze

transistor-level amplifiers and switch structures and their suitability for

the high-speed pipeline ADC. Furthermore, a brief discussion of external

and on-chip reference voltage generation is given in Section 3.5.

3.1 Sample and Hold Front-End Stage

In principle, an input signal of an ADC can be directly connected to a com-

parator, which makes the decision if the input is above or below a speci-

fied threshold voltage, and gives a zero or one as the output. In practice,

Figure 3.1. Block diagram of a pipelined A/D Converter
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a wideband continuous-time rapidly changing signal is very challenging

for a comparator to handle. That is because of the uncertainties of the

sampling moments caused by the timing nonidealities of the clock signal.

For example, if the input is near the threshold point, even small timing

uncertainty may cause an incorrect decision. To make the comparator

less sensitive to the timing uncertainties, an ADC typically includes a

front-end stage providing sampling of the continuous-time input signal

and holding the sampled value until the next clock period. A circuit pro-

viding the mentioned tasks is known as a S/H stage. At the simplest, a

S/H may be implemented with a switch and a capacitor, just for sampling

and storing an input voltage. However, a practical S/H must be capable

of driving a load, and thus a S/H includes switches, a capacitor and an ac-

tive block, typically an operational amplifier. In principle, only one switch

along the signal path, followed by the sampling capacitor and a voltage

buffer, is needed. However, when opening the switch, its channel charge

is distributed to the drain and source nets of the switch transistor [14].

This phenomenon, known as charge injection, discussed more in Section

3.1.1, causes an input signal-dependent glitch in the voltage over the sam-

pling capacitor, thus creating distortion. This problem can be alleviated

by using a SC S/H circuit with a proper switch control arrangement. A

widely used topology is shown in Figure 3.2, consisting of switches, a ca-

pacitor and an operational amplifier. For simplicity, Figure 3.2 presents

the circuits as single-ended. The operation of the circuit is as follows. At

the sampling phase (1), the input voltage is sampled to the capacitor CS .

At the holding phase (2) the top and bottom plates of CS are connected to

the output and the virtual ground of the amplifier enclosed in a feedback

loop. Consequently, the output settles to the sampled voltage value, which

is held until the next clock period. In order to reduce the signal-dependent

charge injection, phase 1’ is a slightly advanced version of 1 to implement

a circuit technique called bottom-plate sampling [84] discussed in the next

subsection.

Figure 3.2 shows also a version of the S/H structure utilizing so called

double sampling [85]. This means that the capacitor and switches are du-

plicated for another branch operating at a 180o phase shift. Thus, while

one of the branches is performing sampling, the other operates in hold

mode and vice versa. This relaxes the settling requirements of the opera-

tional amplifier significantly, since the available settling time is doubled.

Consequently, remarkable power saving in a high-frequency SC circuit
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(a) Switched capacitor S/H stage

(b) Double sampling version of (a)

Figure 3.2. Switched capacitor S/H circuit and its double sampling vesion

can be achieved. The requirements of the amplifier will be discussed in

Section 3.1.2. A description of the essential challenges related to double

sampling will be given in Section 3.1.4.

3.1.1 Linearity issues

Being a front-end stage feeding an ADC, the output signal purity must

meet the specified ADC resolution. The switch control arrangement, the

linearity of the switches and operational amplifier play a key role in achiev-

ing the required linearity. Usage of the switches will be discussed next.

The requirements of the operational amplifiers are presented in the next

section. Transistor level implementations of the amplifier and switches

are given in Sections 3.3 - 3.4.

Using a sampling switch (the switch that ends the sampling phase)

against an input signal introduces two sources of distortion. First, the

turn-off moment of the switch is signal dependent through the VGS voltage

of the switch transistor. Consequently, second order harmonic distortion

is created. Secondly, the opening of the switch at the end of the sam-

pling phase injects an input signal dependent channel charge to the drain

and source of the switch transistor [43, 44]. Part of the channel charge
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is distributed to the sampling capacitor, which generates an input signal

dependent glitch in the sampled voltage. The distribution of the charge

between the drain and source depends on the steepness of the clock signal

and on the capacitance associated to the drain and source nodes, so that

the steeper clock and more equal capacitance results in more equal charge

distribution [42–44]. Both of the aforementioned signal-dependent phe-

nomena cause even order distortion to the output of the S/H. To overcome

these problems, a well-known technique called bottom-plate sampling [84]

is widely employed. This technique uses a sampling switch (controlled by

phase 1’), connected to bottom side of the capacitor, against the signal

ground. This switch is opened slightly before the input switch (phase 1),

and because of being connected to a fixed potential, nearly constant turn-

off moment and charge injection are resulted. After opening the sampling

switch the capacitor is floating, and thus cannot be charged when the

input switch is opened. Consequently, the charge injection becomes con-

stant, and distortion at the output of the S/H is reduced. The remaining

constant error generates an offset to the sampled voltage. If this error

needs to be reduced, the differential circuit structures can be used, as the

injected charge affects only on the common mode level. Bottom-plate sam-

pling was utilized in the S/H of Figure 3.2, which was designed to drive

the pipeline ADC [3–6].

Another crucial linearity issue arises from signal-dependent on-state re-

sistance of the input switches, particularly in low-voltage designs. A MOS

transistor in the linear region has the resistance approximately

RON ≈
1

kT
W
L (VGS − VT )

(3.1)

where kT is a process-dependent transconductance parameter [µA
V 2 ], W

L is

the W/L-ratio of the MOSFET, VGS the gate-to-source voltage and VT the

threshold voltage. Since the overdrive voltage VGS−VT depends on the in-

put signal, a harmonic distortion is generated. In a S/H front-end stage, a

CMOS transmission gate as a switch may excessively distort the sampled

input signal. To reduce this distortion, a commonly utilized bootstrapped

switch scheme, introduced for example in [86], can be employed in the

most critical switches along the signal path. The idea is to make the over-

drive voltage signal-independent to achieve smaller and almost constant

on-resistance. This technique was utilized in the S/H stage of the ADC for

a SAR system, and it will be discussed in Section 3.4.
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3.1.2 Requirements of the operational amplifier

This section discusses the requirements set for the operational amplifier

to be used in the front-end S/H. The transistor-level amplifier topologies

and comparison will be presented in Section 3.3.

The specified ADC resolution N and clock frequency fCLK set the min-

imum requirements for the operational amplifier. Inadequate open-loop

DC gain cause excessive static error, and so the settled output value fails

to reach the required accuracy. The insufficient GBW and SR of the am-

plifier result in too slow settling of the output, thus generating dynamic

error.

Let us first consider the DC gain, which determines how close to its

ideal value the output is able to settle, and, if insufficient, causes static

nonlinearity. By using charge conservation, the output voltage of the S/H

of Figure 3.2 can be calculated as follows

∆QC = CS(VIN − (1 +
1

A0
)VOUT )− 1

A0
CINVOUT = 0 (3.2)

VOUT =
CS

CS + 1
A0

(CS + CIN )
VIN =

1

1 + 1
A0β

VIN (3.3)

where A0 is the amplifier open-loop DC gain and CS and CIN are the

sampling capacitor and the parasitic input capacitance of the amplifier,

respectively. A term β, known as a feedback factor, describes the amount

of feedback and it depends on the topology of the S/H. For the circuit of

Figure 3.2

β =
CS

CS + CIN
(3.4)

In order to keep the static nonlinearity sufficiently low, the relative set-

tling error εDC should be kept lower than the LSB/2 of the N -bit ADC

following the S/H. This results in condition

εDC = 1− 1

1 + 1
A0β

=

1
A0β

1 + 1
A0β

≤ 2−(N+1) (3.5)

which gives the minimum DC gain to be

A0 ≥
1− 2−(N+1)

2−(N+1)β
≈ 2N+1

β
. (3.6)

An 8-bit ADC requires A0 >512 (54 dB), if assuming CS � CIN . With

substantially large input parasitic capacitance, for instance CIN = CS/2,

the requirement grows to 58 dB. DC gain of this order in deep submicron

CMOS is achievable with a cascaded two-stage amplifier structure, which

is discussed in more detail in Section 3.3. A two-stage amplifier was used

as a part of the author’s prototype ADCs [3–6].
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The clock frequency determines the available settling time and thus dic-

tates both SR and GBW requirements of the amplifier. The output set-

tling can be divided into SR and GBW limited parts. The SR describes

the maximum rate (Volts/second) the output is able to change. Thus, in

the slewing mode all the DC current of the stage flows into the load or

compensation capacitor. In the GBW limited part the output settles expo-

nentially towards the final value, the relative error being time-dependent.

Therefore, too small SR and GBW of the amplifier cause a dynamic error

in the output, which makes consideration of these parameters essential.

When the output changes from a voltage value to another, the amplifier

enters first the slewing mode, after which the exponential settling towards

the final value begins. It is a good practice to reserve one third of the clock

period TCLK for SR limited settling, during which the output must be able

to switch between the minimum and maximum VFS . In that case the

minimum SR of the amplifier becomes

SR =
ID
CL,tot

≥ 3VFS
TCLK

(3.7)

where ID is the DC current of the amplifier, CL,tot is the total load capac-

itance and VFS is the full voltage range. If CO is the output capacitance

including the load formed by the next stage and parasitic components,

CIN is the input parasitic capacitance of the amplifier, then the total load

capacitance becomes

CL,tot =
CINCS
CIN + CS

+ CO (3.8)

The ADCs presented in works [1, 3–6] have CL,tot ≈ 0.5 pF. The required

DC current can be calculated from Equation 3.7 to be ID ≥ 0.35 mA, when

VFS=400 mV and T =1/440 MHz. It is worth noting that utilization of

double sampling halves the SR requirement and thus the DC current.

In the case of a two-stage frequency-compensated amplifier, where the

settling time is limited by the compensation capacitor CC , capacitance

CL,tot should be replaced by CC in the calculations.

In the GBW limited part the output settles exponentially, towards the

final value, and the output voltage can be expressed as

VOUT (t) = (1− e−β·GBW ·t)VOUT (∞) = (1− e
− βgm
CL,tot

t
)VOUT (∞) (3.9)

where VOUT (∞) is the ideal value that would be obtained after an in-

finitely long settling time. The settling speed depends on the GBW deter-

mined by the CL,tot and gm of the input pair, and the feedback factor. At
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the end of the hold phase the relative error εGBW should be below half the

LSBs of the N -bit ADC. If two thirds of the clock period is reserved for the

GBW limited settling, the condition for the maximum relative error can

be written

εGBW = e
− βgm
CL,tot

2TCLK
3 ≤ 2−(N+1) (3.10)

which gives the minimum gm

gm =

√
2IDkT

W

L
≥

3(N + 1)ln2CL,tot
2βTCLK

=
3(N + 1)ln2

2TCLK
(
CO(CS + CIN )

CS
+CIN )

(3.11)

where TCLK is the clock period and kT is a transconductance parameter

(µA/V 2). In the case of a two-stage amplifier, CL,tot is replaced with the

compensation capacitor CC . With the same values that were used in the

SR calculation, gm ≥ 4.3mS. With a typical kT and W/L ratio of 500, this

requires the total DC current of the amplifier to be around equal to the

slewing current. It can be seen from Equation 3.11 that both the bias

current and device sizes can be halved by utilizing double sampling.

3.1.3 Noise contribution

In SC circuits, the main contributors of noise are the switches and opera-

tional amplifiers. In high-speed applications it can be assumed that wide-

band thermal noise dominates the total contribution, while low-frequency

flicker noise is more important to be considered at frequencies near DC.

Due to the on-resistance of a switch, the sampling of an input signal

always introduces noise. The noise power spectral density (PSD) Sn of a

resistor Rsw is Sn = 4kBTRsw, where kB, T and Rsw are the Boltzmann

constant, temperature, and the on-resistance of the switch, respectively.

Assuming a single pole transfer function H(s), thermal noise power in a

general case can found as

v2
n =

∞∫
0

Sn
G2

0

1 + (2πfτ)2
df = Sn

G2
0

4τ
(3.12)

where G0 is the transfer function DC gain and τ is the settling time con-

stant. When the input signal is sampled to CS , τ = 2RswCS and noise

power from the switches during phase 1 becomes

v2
nswp1 = Sn

G2
0

4τ
=
kBT

CS
(3.13)

During phase 2, noise power is contributed by switches S3 − S4 and the
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amplifier. The noise power from S3 − S4 is

v2
nswp2 = Sn

G2
0

4τ
= 2 · 4kBTRsw

1
β2

4
CL,tot
βgm

=
2kBTgmRsw
βCL,tot

(3.14)

The input referred thermal noise PSD of an operational amplifier can be

expresses as

Snop ≈
4γtotkBT

gm
(3.15)

and the noise power of the amplifier sampled to the output capacitor CO
is

v2
nop2 = Sn

G2
0

4τ
≈ 4γtotkBT

gm

1
β2

4
CL,tot
βgm

=
γtotkBT

βCL,tot
(3.16)

CL,tot represents the total output capacitance CO + CSCIN
CS+CIN

. In a double

sampled version of the S/H noise contribution is increased by 3 dB, since

sampling and holding are performed parallel in both phases, and the noise

can be considered to be uncorrelated. Thus, the total noise power with the

component values of the design can be approximated as

v2
nsh ≈ 2kBT (

1

CS
+

1

βCL,tot
(2gmRsw + γtot)) ≈

kBT

CS
(4.4 + 1.2γtot) (3.17)

In the case of a frequency compensated two-stage amplifier, when the set-

tling speed is limited by a compensation capacitor CC rather than the load

capacitance, CL,tot should be replaced by CC . Parameter γtot depends on

the process and, to some extent, the biasing of the amplifier, and it can be

expressed in form γtot = γ1(1 + 1
γ1gm1

(γcs1gmcs1 + · · · γcsigmcsi)), where gm1

is the input pair transconductance and gmcsi and γcsi refer to ith current

source. Therefore, the total noise power of the amplifier can be minimized

by decreasing gm of the current source transistors. In order to keep the

total noise from the circuit elements below the quantization noise of an

N-bit ADC, which is ∆2

12 =
V 2
FS

12(2N−1)2
, a condition can be written

2kBT (
1

CS
+

1

βCL,tot
(2gmRsw + γtot)) ≤

V 2
FS

3× 22N+3kBT
(3.18)

As can be seen, the most effective way to fulfill this condition is by in-

creasing the signal swing, which, however, becomes challenging with low

supply voltages. With a specified maximum swing, capacitor sizes should

thus be increased if necessary. Furthermore, γtot can be to some extent

decreased by minimizing the transconductance of the current sources of

the amplifier. This increases the saturation voltage of the current source,

which makes it a rather limited method in low-voltage designs. The ex-

act value of the γ parameter of a MOSFET is dependent on the process,
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and it increases along shortening channel lengths of the transistors, vary-

ing from 2/3 of long channels to an order of ten at maximum with 0.7-µm

channel length [87]. Taking into account the double sampling, which in-

creases the noise by 3 dB, and leaving a margin for the pipeline stages,

the prototype 0.13-µm 800-mVPPDIFF ADC circuit implemented by the

author [1, 3] used sampling capacitors of 200 fF and a two-stage opera-

tional amplifier with a compensation capacitor CC of 500 fF.

3.1.4 Double sampling imperfections

Channel mismatches

One of the design challenges of double-sampling circuits arises from the

fact that the two channels are never perfectly matched, which may dete-

riorate the overall performance. The most important channel mismatches

are referred to as offset, gain, and timing mismatch.

Offset mismatch is caused by the operational amplifier and constant

charge injections from the switches of the different channels. As a result,

input signal independent spurs are generated at frequencies l
M fs, multi-

plies l of the sampling frequency fs divided by the number of the channels

M [88]. By using a shared operational amplifier in a two-channel double-

sampling structure, the offset contribution is constant and thus does not

cause any mismatch. Then the main contributor are mismatches between

switches, causing unequal constant charge injections. In fully differen-

tial circuits this changes the common mode level, which is not typically a

severe problem.

The gain mismatch error of a double sampling structure originates from

component mismatches, in SC circuits from amplifiers and capacitors.

This causes side bands around multiples of the sampling frequency di-

vided by the number of channels, resulting in spurious tones at frequen-

cies ± l
M fs ± fin [88], where fin is the input signal frequency. The main

sources of gain mismatch are the finite DC gain of the operational am-

plifier and capacitor mismatches. Again, by using a shared amplifier, its

contribution is not a major concern. Ideally, the transfer function of the

S/H shown in Figure 3.2 is independent of the capacitor values. However,

taking a closer look at Equation 3.3, it can be seen that the mismatch

of the sampling capacitor CS , the finite DC gain of the amplifier and the

parasitic input capacitance CIN together cause a minor gain mismatch of

the channels. With the large DC gain of the amplifier, for example 60 dB,
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the mismatch can be suppressed well below the level required for 8-bit

accuracy.

Timing mismatches consist of systematic and random parts, which are

commonly referred to as a timing skew and a jitter, respectively. Ideally,

the two channels operate at a 180o phase shift and timing skew causes

a constant misalignment in this phase difference. This creates spurious

tones at frequencies fspur [89]

fspur = ± l

M
fs ± fin, l = 1, 2, 3, ...,M − 1 (3.19)

similarly as the gain mismatch. The magnitude of the spurs is, unlike

in gain mismatch, dependent on the input signal derivative. As a conse-

quence, timing skew can easily be the dominant channel mismatch error

particularly in high-speed S/H designs. Doubling of timing mismatch in-

creases the resulted distortion by 6 dB. According to simulations, 5 ps

skew can be tolerated with an 162-MHz input signal to keep the SFDR

above 8-bit accuracy, 50 dBc. Measurements of the prototype ADCs [3–6]

showed that the spurs originated from the timing skew did not dominate

the overall performance of the ADC. If causing excessive distortion, the

effect of the timing skew can be reduced by utilizing a common sampling

switch clocked with short pulses at full-speed clock frequency [90].

The jitter of the clock signal causes random uncertainty in the sam-

pling moment, which creates input signal derivative dependent error to

the sampled voltage. Jitter does not only degrade the performance of par-

allel channel structures, but is a considerable issue also in a single chan-

nel. Due to its random nature, jitter does not cause spurs at any specified

frequencies, but is uniformly distributed in the Nyquist band, thus in-

creasing the output spectrum noise floor and deteriorating the SNR. If

jitter is assumed to be the dominant noise source, the SNR becomes ap-

proximately

SNR = −20log(2πfintjitter,RMS) (3.20)

where tjitter,RMS is the sampling uncertainty root mean square value. If

3 dB degradation of the ideal SNR (50 dB for an 8-bit ADC) can be toler-

ated, tjitter,RMS must be less than 3 ps, when the signal bandwidth is 160

MHz. Nowadays, signal generators with jitter of <100 fs are available.

The additional jitter resulted from the clock drivers between the source

and clocked sampling switches can be minimized simply by a careful lay-

out design and by utilizing the minimal amount of on-chip clock buffering.

It is thus concluded that sampling jitter does not limit the accuracy below
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8 bits when the signal bandwidth is 160 MHz.

Memory effect

When double sampling is utilized, one of the branches of the S/H is on

the hold mode at any time instant and thus the output voltage cannot be

zeroed. Therefore, and because of the finite DC gain of the amplifier, the

charge depending on the previous sample, Q(n− 1) = VOUT (n−1)CIN
A0

, stays

stored in the parasitic input capacitance of the amplifier. Consequently, a

term az−1 in the discrete-frequency domain is added to the denominator

of the voltage transfer function, which can be rewritten as

VOUT =
CS

CS + 1
A0

(CS + CIN )− 1
A0
CINz−1

VIN (3.21)

Hence, the voltage transfer function of the double sampling S/H has a low-

pass behavior. To minimize the error resulting from this, the prototype

ADCs by the author [3–6] used an amplifier achieving a DC gain of 60 dB,

thus leaving around a 4 dB margin for the minimum value.

3.2 A pipeline stage

A pipeline ADC consists of consecutive stages, each resolving the actual

output bits and, if utilized, a redundant bit for digital correction. An 1.5

bit pipeline stage provides a MSB and a redundant bit for digital correc-

tion. Furthermore, this code word is converted back to analog signal to

form the residue of the input signal.

3.2.1 Sub-Analog-to-Digital Converter

In a pipeline stage, a sub-analog-to-digital converter has two tasks. First,

it provides the resolved output bits and a redundant bit for digital cor-

rection. Secondly, it forms the input code word for an MDAC of the same

stage. An 1.5 bit sub-ADC, shown in Figure 3.3, requires two comparators

and few digital gates. It is noticeable that the digital output of the sub-

ADC must be fed to the corresponding MDAC during the same clock cycle

as the comparator is latched. Excessive delay shortens the amplifying

phase of the MDAC, and may cause incomplete settling. Hence, mini-

mizing the propagation delay of the comparator and the following logic is

important.

The most critical part of the sub-ADC is the design of the compara-

tor. The comparator should achieve high speed to minimize the propa-
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Figure 3.3. Block diagram of an 1.5-bit sub-ADC

gation delay and it must be robust against device mismatches. An 1.5-

bit pipeline stage requires the offset voltage to be smaller than VREF
4 , so

that this offset can be compensated by the RSD algorithm. A differential

pair low-power dynamic comparator [91, 92], shown in Figure 3.4, can

satisfy these requirements. The comparator consists of two switched cur-

rent sources (M0 −M1), differential pairs (M2 −M5), a regenerative latch

(M6 −M9) and reset switches (M10 −M11) as shown in Figure 3.4. The

operation of the circuit is as follows. When the clock signal VLATCH is low

at the reset phase, the current sources are off and outputs are shorted to

the supply voltage through conducting PMOS switches M10 −M11. When

the clock signal goes high, the PMOS switches M10 − M11 are opened,

the current sources are switched on and a voltage difference between

VINP + VREFN and VINN + VREFP causes a current imbalance between

the output branches. The resulted differential voltage at the drains of the

input pairs is amplified to the full voltage swing by the positive feedback

formed by the latch. The comparator can be followed by a tri-state in-

verter or a set/reset (SR) latch to store the result over the whole clock pe-

riod. The described operation is equivalent to comparing the differential

input (VINP − VINN ) and reference voltages (VREFP − VREFN ). In pipeline

ADC stages the input is not compared directly to the reference determin-

ing the input voltage range. For example, a 1.5-bit stage has the decision

levels of ±VREF4 . Instead of generating these divided reference voltage lev-
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Figure 3.4. Differential pair dynamic comparator

els, the desired threshold offset can be implemented by incorporating the

imbalance between the transistor widths of the input devices M2−M3 and

M4 −M5 [91].

Large voltage transients at the comparator output couple partly to the

input node through parasitic capacitances, causing glitches in the output

of the driving circuitry. This kind of interference is generally referred to

as kickback noise. This noise is relatively high in the dynamic differential

pair comparator because of large voltage transients at the drains of the

input pairs. However, in a low-resolution stage, including only a small

amount of comparators, this is not usually a major problem, as the output

capacitance of the S/H or MDAC stage is much larger than the total drain-

gate parasitic capacitance of the input pair of the comparators. It can

be concluded that a differential pair dynamic comparator structure is a

suitable choice for an 1.5-bit pipeline stage when minimal power and high

speed are of primary importance. This type of comparator was utilized in

the prototype ADCs [3–6] designed by the author.

3.2.2 Multiplying Digital-to-Analog Converter

Tasks of the MDAC include sampling and holding of the analog input sig-

nal, D/A converting of the coarse sub-A/D conversion of the input, and

amplification of the resulted residue signal to the full voltage scale. The

signal purity of the analog residue must meet the accuracy requirements
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of the remaining pipeline chain. This makes the design of the first MDAC

stages most critical. A schematic diagram of an 1.5-bit double sampling

SC MDAC is presented in Figure 3.5, for simplicity as a single-ended ver-

sion. The operation of the circuit is divided into sampling and amplifica-

tion modes (phases 1 and 2). An input signal is sampled to the sampling

and feedback capacitors (CS and CF ) in the phase 1. Furthermore, at

the end of this phase the sub-ADC performs the coarse A/D conversion,

and encodes the digital input for the MDAC. In phase 2, the bottom plate

of CS is connected to either the signal ground, positive or negative ref-

erence voltage depending on the code word Q provided by the sub-ADC,

CF and the operational amplifier are enclosed in a feedback loop, and the

output settles to the full-scale residue of the sampled input and D/A con-

verted sub-ADC output. To reduce the signal-dependent charge injection,

bottom-plate sampling [84] is utilized in the MDAC by opening the sam-

pling switch Ssamp (phases 1’ and 2’) slightly before the input switches.

The input switches of the first pipeline stage utilize bootstrapping to re-

duce the distortion originated from the signal-dependent on-resistance of

these switches. The circuit description of these switches is given in Sec-

tion 3.4.

The MDAC structure utilizes double-sampling similarly as the S/H to

perform the sampling and amplification in parallel with a single shared

operational amplifier. This halves the SR and GBW requirements and

leads to power saving of several tens of percents.

Stage resolution

A pipeline stage has typically 1.5-3.5 bit resolution, including the resolved

bits and a redundant bit for digital compensation. An optimum, in this

context meaning the lowest power consumption with a specified perfor-

mance, the stage resolution is mainly determined by the overall ADC res-

olution [93] and sampling rate. The operational amplifiers are usually

the most power hungry building blocks in pipeline ADCs, and a major

part of the total power is determined by the settling requirement of the

amplifier. Up to a certain sampling frequency, the lowest power consump-

tion can be achieved with a 2.5 bit (or 3.5 bit) stage, after which a 1.5-bit

stage becomes the best solution. At low sampling rates the DC current of

the operational amplifier is determined by the SR requirement, to which

the current is directly proportional, and lower power with a 2.5 stage is

achieved because of the smaller total amount of amplifiers. At the point
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Figure 3.5. Block diagram of an 1.5-bit MDAC

where the GBW requirement starts to dominate the current consumption,

the power becomes proportional to the square of the sampling frequency

and grows very rapidly. This corner frequency decreases with larger stage

resolutions [94], because of a smaller feedback factor (a smaller portion

of the signal is fed back from the amplifier output to its input) of the

MDAC, leading to a more stringent GBW requirement. This requirement

for a 2.5-bit MDAC can be kept almost equal to a 1.5-bit one if the to-

tal capacitance is kept the same by using smaller unit capacitors, and by

down-scaling the capacitor sizes between each stage. The sizes are de-

termined by the SNR requirements and, because of the voltage gain of a

stage, down-scaling towards the back-end is possible. With a resolution

of 8 bits, the required capacitor sizes are typically relatively small, below

0.5 pF with 0.5-V signal swings, and thus division into smaller units and

extensive scaling towards the end of the chain is not possible, because of

matching issues. As a conclusion, higher (>1.5) stage resolutions are typ-

ically preferred for >10-bit ADCs, whereas 1.5 bits per stage is usually

the most optimal choice for an 8-bit implementation. Therefore, the pro-

totype ADCs designed and implemented by the author use 1.5 bits stage
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resolution [3–6].

Requirements of the operational amplifier

In the amplification phase, the operational amplifier must have sufficient

open-loop DC gain in order to suppress the relative settling error below

2−(N+1), where N is the remaining resolution. The reserved settling time

of the amplifier output is determined by the clock frequency. The ampli-

fier should be able to change its output from the minimum to maximum

within a fraction (1/3) of the clock period, which sets the minimum SR. In

the GBW limited part of the settling the relative error at the end of the

amplification phase must be smaller than 2−(N+1). The power consump-

tion is determined by the required settling properties.

The minimum required DC gain of the operational amplifier can be de-

rived from the voltage transfer function of the MDAC of Figure 3.5. Be-

cause of the voltage gain Gi of two, the total error introduced by the whole

pipeline chain can be expressed as

εDCtot =
1

G1
εDC1 + · · ·+ 1

n∏
i=1

Gi

εDCn (3.22)

If every amplifier has the same gain, εDCtot ≈ εDCi. For a single stage,

this error and the required DC gain can be calculated from the voltage

transfer function as follows

VOUT =
(CF + CS)VIN −QVREFCS

1
A0

(CF + CS + CIN ) + CF
(3.23)

=
(CF + CS)VIN −QVREFCS

CF

1

1 + 1
A0β

εDCi = 1− 1

1 + 1
A0β

≈ 1

A0β
≤ 2−(N+1) (3.24)

A0 ≥
2N+1

β
(3.25)

where N is the resolution of the remaining pipeline chain. The feedback

factor β of the 1.5-bit MDAC is

β =
CF

CF + CS + CIN
(3.26)

In an 8-bit ADC, the DC gain of the amplifier should be larger than 54 dB.

In practice, a margin is reserved in order to minimize the error resulting

from the parasitic input capacitance of the amplifier and the memory ef-

fect, similarly as in the S/H. An amplifier structure similar to that of the

S/H was used in the pipeline stages of the prototype ADC [3–6].
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In the above calculations a similar amplifier DC gain is assumed in ev-

ery stage. If this is not the case, then one should iterate maximum values

for εDCi from Equation 3.22 separately in order to keep the total error

below LSB/2.

The requirement of gm is potentially more stringent for the MDAC than

S/H, because of the smaller feedback factor. In this case, the capacitor

sizes of the pipeline stages 2-6 of the block diagram of Figure 3.1 are

down-scaled by two, which partly cancels the requirement to increase gm.

One third and two thirds of the available settling period are reserved for

the SR and GBW limited parts, respectively. During the slewing mode,

the amplifier must be capable of switching the output from the minimum

to maximum, VFS , resulting in the minimum SR

SR =
ID
CL,tot

≥ 3VFS
TCLK

(3.27)

Then, the minimum ID is

ID ≥
3VFSCL,tot
TCLK

=
3VFS
TCLK

(CO +
CF (CS + CIN )

CF + CS + CIN
) (3.28)

where CO is the output capacitance, including the load formed by the next

stage and the parasitic capacitance. With a moderate full-scale voltage

value (800 mVPPDIFF ) and CL,tot 0.5 pF, the required slewing current is

roughly 0.25 mA. In the case of a two-stage amplifier, the effective load

capacitance CL,tot is replaced with the compensation capacitor.

In the GBW limited part, two thirds of the clock period is reserved

for the settling. The output settles exponentially and have the form of

VOUT (t) = VOUT (∞)(1 − e−β·GBW ·t). Single-stage amplifiers loaded with

CL,tot have GBW = gm/CL,tot, whereas in two-stage amplifiers with com-

pensation capacitor the settling speed is limited byCC andGBW = gm/CC .

The relative error, e−β·GBW ·t, should be smaller than 2−(N+1) at t = 2TCLK
3 .

In the case of correlated and equal settling errors of every stage, the min-

imum gm becomes

gm ≥
3(N + 1)CL,totln2

2βTCLK
(3.29)

The total load capacitance of the 1.5-bit MDAC is

CL,tot =
CF (CS + CIN )

CF + CS + CIN
+ CO (3.30)

where CO is the output capacitance. In this case, gm order of 5 mS is re-

quired, which can be achieved with a similar amplifier to that used in the

S/H. The smaller feedback factor is compensated by the reduced capacitor

sizes of the latter stages. Assuming the MOSFETs operating in strong
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inversion, gm is proportional to the square root of the DC bias current ID
through the input pair. Then

ID ∝
(N + 1)2C2

L,tot

T 2
CLK ·

W
L

(3.31)

Utilizing the double-sampling halves the required gm, which reduces the

power consumption significantly, as the DC current is proportional to the

square of the sampling frequency. Assuming that gm is scaled by the W
L -

ratio of the input pair and the DC current simultaneously, a power saving

of nearly 50% can be achieved.

Channel mismatches

The MDAC uses two parallel channels operating in a 180o phase shift.

Similarly as in the S/H, two parallel channels introduce offset, gain and

timing mismatches. These cause spurious tones to the output spectrum,

as was described in Section 3.1.4. The offset mismatch of a double-sampling

MDAC employing a shared amplifier originates primarily from the con-

stant charge injections of the switches, the effect of which is seen as a CM

variation in a fully differential circuit.

The voltage gain of the MDAC is dependent on the ratio of the sampling

and feedback capacitors. Because of deviation of the capacitor values,

the gain mismatch results in a double-sampling structure. Typically, the

capacitor mismatch is proportional to the square root of the capacitor size,

and the minimum size to suppress the gain mismatch error to a tolerable

level depends on the standard deviation of the available capacitors. In the

prototype pipeline ADCs presented in this thesis [3–6], 200-fF sampling

and feedback metal insulator metal (MIM) capacitors, around three times

the minimum, were employed in the front-end stages. Measurements of

the ADCs showed that the gain mismatch did not dominate the SFDR or

the overall accuracy (SNDR).

The timing mismatch, discussed in Section 3.1.4, is critical only when a

continuous-time input signal is sampled. Hence, this issue does not cause

any major performance degradation for the MDAC sampling discrete-time

input signal.

Noise and capacitor values

In a SC MDAC stage, the main portion of the noise originates from the

switches and the operational amplifier. In high-speed applications, wide-

band thermal noise can be considered as the dominant part. By assuming

the noise contributions of the stages to be uncorrelated, the total input
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referred noise power of a pipeline ADC is

v2
ni,tot = v2

n1 + (
vn2

G1
)2 + (

vn3

G1G2
)2 + ...+ (

vnn∏n−1
i=1 Gi

)2 (3.32)

where vnn and Gi are the input referred noise voltage of the stage n and

the gain of the stage i, respectively. Due to the gain of stage Gi, the noise

contribution is decreased along the pipeline chain, and the capacitors of

the back-end stages can be scaled down. In the prototype ADCs, the first

stage used a larger capacitor while the size of the others was halved. Fur-

ther scaling towards the end of the chain was not possible because of ap-

proaching the minimum MIM capacitor value.

The input-referred noise of the MDAC of Figure 3.5 can be approxi-

mated by considering phases 1 and 2 separately with the present noise

sources. During phase 1, switches SIN1 − SIN2 and Ssamp contribute to

sampling noise. Furthermore, the S/H has its contribution to the first

pipeline stage, which was calculated in Section 3.1.3. In phase 2, the

noise portions from the feedback switch, S1 and the operational ampli-

fier are generated. For the sake of clarity, let us first consider the pipeline

stage without S/H. Because of double sampling, both operations, sampling

and amplification, are performed parallel in both phases, therefore the to-

tal noise contribution is doubled. The total input-referred noise (v2
niPL) of

the 1.5-bit MDAC can be approximated by summing the noise power in

both phases originating from the switches (v2
nsw) and the amplifier (v2

nop),

as follows

v2
niPL = v2

nsw1 + v2
nsw2 + v2

nop2

≈ kBT

CS
(1 +

2CSβ

CL,tot
(3gmRsw + γtot)) (3.33)

With the component values used in the design, v2
niPL can be rewritten

v2
niPL ≈

kBT

CS
(2.5 + 0.5γtot) (3.34)

Next, the noise contribution from the S/H will be considered, which was

calculated in Section 3.1.3, Equation 3.17. With assumptions gmRsw ≈1

and CO = 2CS , the input referred noise from the S/H and the first MDAC

is

v2
n1 = v2

niPL + v2
nsh ≈

kBT

CS
(6.9 + 1.7γtot) (3.35)

With similar analysis, the noise sampled to the output capacitor (sam-

pling capacitors of the following stage) can be calculated

v2
n1o ≈

2kBT

βCL,tot
(3gmRsw + γtot) (3.36)
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The noise contributions of the pipeline stages 2-6 (see Figure 3.1) can now

be estimated by adding 3.36 to the sampling and amplifier noise of these

stages, calculated similarly as in Equation 3.34. Taking into account that

the capacitor sizes are halved, and assuming gmRsw ≈1,

v2
n2 = v2

n1o + v2
niPL2 ≈

kBT

CS
(13 + 3.7γtot) (3.37)

With a gain of a stage Gi =2, the total input-referred noise from Equation

3.32 becomes

v2
n1,tot ≈ v2

n1 + 0.3 · v2
n2 ≈

kBT

CS
(11 + 2.8γtot) (3.38)

and the SNR of the ADC is

SNR[dB] ≈ 10log(
V 2
FS · CS

8kBT (11 + 2.8γtot)
) (3.39)

The above analysis is performed assuming a single-stage amplifier, where

the bandwidth is limited by the total load capacitance CL,tot, including the

sampling capacitor of the following stage and feedback network. However,

the noise contribution holds approximately true also with two-stage am-

plifiers, when the compensation capacitor is sized to be equal to CL,tot.

Furthermore, the above analysis was carried out for single-ended struc-

tures. In fully differential circuits, however, the amount of noise sources

is larger, but on the other hand, the signal power is increased by 6 dB.

Assuming that equally sized capacitors are used in single-ended and dif-

ferential paths (when total capacitance is doubled), the latter achieves

slightly more than 3 dB higher SNR, the exact value being dependent on

the noise portions of the switches and the amplifier [95]. In this case,

around a 4 dB improvement of the SNR is approximated. In order to

achieve a SNR corresponding to an ENOB of 7.5 bits, the 800-mVPPDIFF

0.13-µm prototype ADC [3] used two-stage amplifiers with compensation

capacitors CC of 0.5 pF and sampling and feedback capacitors of 0.2 pF

for the first pipeline stage, and 0.1 pF capacitors in the other stages.

3.2.3 Summary of requirements of the pipeline stage sub-blocks

This section (Table 3.1) briefly presents a quantitative and/or qualitative

summary of the requirements of the sub-blocks used in the prototype ADC

design for a SAR receiver.
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Table 3.1. Requirement summary of a pipeline stage

Sub-ADC: Minimal

comparator propagation

logic delay

Op amp DC gain 54 dB

SR 0.8 V/ns

GBW 2.0 GHz

Switches THD < -50 dBc

Sampling 200 fF

cap size for

(SNR) 50 dB

3.3 Operational Amplifiers

In a pipeline ADC, the most critical analog blocks, S/H and MDAC, utilize

operational amplifiers. Performance of a pipeline stage, including accu-

racy and power consumption, is essentially influenced by the design of

the amplifier. The amplifiers dominate the total power consumption, par-

ticularly when dynamic comparators are utilized. Therefore, the selection

and design of a suitable amplifier topology deserves particular attention.

Next, a discussion of amplifier topologies is given. In the forthcoming com-

parison, the main focus is on wideband low-voltage (1.2 V) design in a deep

submicron 0.13-µm process. All implementations made by the author, re-

lated to the 0.13-µm pipeline and 0.35-µm ∆Σ prototypes, are analyzed.

The voltage regulator of the second implemented pipeline ADC [4–6] em-

ployed a single-stage telescopic operational transconductance amplifier

(OTA) in order to achieve a fair loop gain and low power consumption.

The high-accuracy ∆Σ modulator [8], presented in Section 4.3, used a

folded cascode OTA, to be discussed in Section 3.3.2. The S/H and MDAC

stages of both prototype ADCs utilized a two-stage Miller-compensated

amplifier with a telescopic input stage (Section 3.3.4) to achieve a large

linear output signal range with a 1.2-V supply. Furthermore, the regu-

lated single-stage amplifiers (Section 3.3.3) were simulated by the author

(Section 3.3.5), and these structures meet the requirements of an 8-bit

ADC, when the signal swing is small (few hundreds of mV).
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3.3.1 Telescopic Operational Transconductance Amplifier

For wideband applications, single-stage operational amplifiers are highly

preferred because of their high speed and low power consumption. Figure

3.6 shows a single-stage amplifier utilizing cascode transistors, known as

telescopic cascode OTA. As a single-stage amplifier, it is self-compensating,

and thus the frequency compensation is performed by the load capacitor

CL and gain-bandwidth product of the amplifier is GBW = gm
CL

, where

gm is the transconductance of the input pair. Because of a single cur-

rent branch, this topology achieves the lowest power and noise among

the single-stage cascode and multi-stage amplifiers. The cascode devices

M3 −M4 and M5 −M6 increase the DC gain A0, typically by a couple of

tens of decibels in a deep submicron CMOS, which can be calculated as

A0 ≈
gm1gm3gm5

g1g3gm5 + g5g7gm3
≈ gm1gm3

2g1g3
(3.40)

where gi is the channel conductance of Mi. With a typical DC current

required for wideband (several hudreds of MS/s) operation, a DC gain of

approximately 50 dB can be achieved. In theory, the requirement of front-

end S/H and MDAC stages of an 8-bit pipeline ADC can be barely fulfilled.

The main drawback of a telescopic OTA is its limited output linear

range, Vo,swing = VDD-5(VDSAT + VM ), where VDD and VDSAT and VM are

the supply, saturation and saturation margin voltages, respectively. For

example, to obtain a single-ended linear range of 400 mV, VDSAT + VM

must be smaller than 160 mV. This requires large transistor dimensions,

and decreases the achievable GBW through the parasitic capacitances. It

was simulated that VDSAT of 80 mV can be achieved with reasonable W/L-

ratios, leaving the saturation margin of 80 mV. However, a larger margin

in gain and linear range is preferable in order to reduce the signal depen-

dency of the gain and consequently the distortion at the output. Thus,

a more practical solution is to employ a two-stage amplifier in the front-

end S/H and MDAC, as was done in the author’s pipeline ADC prototypes

[3–6]. Nonetheless, a telescopic OTA was utilized in the reference volt-

age buffer of the second prototype ADC [4–6], as the regulator needs only

provide a DC voltage. The resistor chain based reference buffer will be

discussed in Section 3.5.
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Figure 3.6. Single-stage Telescopic OTA

3.3.2 Folded-Cascode Operational Transconductance Amplifier

Another general single-stage cascode amplifier structure is called folded-

cascode OTA, shown in Figure 3.7. Compared to a telescopic OTA, the

achievable output linear range is slightly improved. The most advanta-

geous feature is the large input common-mode range VINCM = VDD −

3VDSAT , which does not tie the linear output swing range. Thus, a larger

saturation margin VDS −VDSAT for M0 −M2 can be achieved without de-

creasing the linear output range, making the design of these transistors

easier. The DC gain of a folded-cascode OTA can be approximated as

A0 ≈
gm1gm5gm7

gm5(g1 + g9)g7 + g5g3gm7
≈ gm1gm5

3g1g5
(3.41)

which is usually slightly smaller than in the telescopic amplifier. Having

larger VDS voltages and channel resistance of the cascodes and input pair,

the achievable gain is comparable, typically a few decibels lower, than a

telescopic OTA. Due to the additional current branch, the power consump-

tion of the amplifier is typically around twice that of a telescopic structure,

and the noise contribution is a few decibels higher. The maximum opera-

tion speed is somewhat lower because of the non-dominant pole from the

PMOS cascode. For the comparison, a folded-cascode OTA was simulated

with an equal tail current compared to the telescopic amplifier. Having

M0 −M2 biased to deep saturation, a DC gain of 48 dB was achieved.
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Figure 3.7. Folded-Cascode OTA

Although its DC gain for the 1.2-V 0.13-µm 440-MS/s pipeline ADC is

inadequate, a folded cascode OTA is a very suitable topology to be used

with a higher supply voltage when low power is important, and a linear

output range of a telescopic amplifier is still limited, for example when

the supply voltage is 2 V. A folded cascode amplifier was employed in the

0.35-µm 16-kS/s ∆Σ modulator prototype by the author [8], which will be

discussed in further detail in Chapter 4. In that case, the requirements of

the amplifier include high DC gain. With a low clock frequency, a few tens

of kHz, utilizing very low-power design, the order of few µW per amplifier,

is possible. This results in an inherently high DC gain, around 90 dB in

the utilized 0.35-µm process, which is in this case sufficient to suppress

the harmonic distortion required for 16-bit accuracy.

3.3.3 Regulated Cascode Amplifiers

The voltage DC gain, if inadequate in a telescopic or folded cascode stage,

can be boosted by regulating the cascode transistors [32, 36, 39, 96], (Fig-

ure 3.8). According to this concept, the cascode transistors are enclosed to

a local feedback loop including an auxiliary amplifying stage. This multi-

plies the output impedance of the current source load roughly by the gain

of the auxiliary amplifier [96]. In Figure 3.8, every transistor Mi corre-

sponds to Figure 3.6, and the configuration of M0 −M2 and M7 −M8 re-

main unchanged. Single-stage structures are preferred to be used as the

auxiliary amplifier, in order to approximate the regulated amplifier as a

first order system over the desired bandwidth. A common-gate (CG, Fig-

ure 3.9) and folded cascode OTA are the most suitable auxiliary amplifier
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Figure 3.8. Regulated cascode current sources

Figure 3.9. A common-gate stage

topologies, because they enable optimal biasing of the cascode transistors,

and a level shifting stage inside the loop is not needed. The AC-simulation

comparing the regulated single-stage and two-stage amplifiers will be pre-

sented in Section 3.3.5. By utilizing the regulated cascode current sources,

the achieved DC gain enhancement is 15-20 dB, or higher, dependent on

the regulation amplifier topology.

Bandwidth of the auxiliary amplifier

In order to design a stable and power optimized high-speed high-gain

operational amplifier, the required bandwidth of the auxiliary amplifier

deserves special attention. Particularly in high-speed applications using

amplifiers with GBW>1 GHz, the power consumption grows very high

if the local feedback has an unnecessarily large bandwidth. On the other

hand, too small bandwidth can excessively slow down the settling because

of a pole and a zero resulted from the regulation loop [96]. It was shown

in [96] that the GBW of the regulation amplifier should be larger than the
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closed loop -3-dB bandwidth of the main amplifier, which is, depending on

the feedback configuration around the amplifier, typically lower than the

GBW of the main amplifier. Therefore, a regulated single-stage amplifier

can potentially save power compared to two-stage structures, where the

second stage usually consumes the dominant part.

In the simulations performed by the author, the regulated telescopic cas-

code OTA was simulated and the DC gain was boosted to 65 dB from 50 dB

by utilizing a CG auxiliary amplifier. The results are presented in Section

3.3.5. Power consumption, including the two additional auxiliary ampli-

fiers, increased from 2 mA to 4 mA. Because of the stacked transistors,

a regulated cascode OTA is impractical to be used in low-voltage (1.2 V)

designs when a large linear output range (400 mV) is desirable. However,

with smaller output swing specifications the achievable safety margin for

VDSAT becomes reasonable. For example, with a 200 mV single-ended out-

put swing and VDSAT of 100 mV, a 100 mV saturation margin is left for

the transistors of a telescopic OTA.

3.3.4 Two-stage Miller-compensated Amplifier Utilizing a
Telescopic Input Stage

Two-stage amplifiers with only two stacked output transistors are attrac-

tive candidates particularly in low-voltage designs. One of the most popu-

lar topologies is called the Miller-compensated operational amplifier, con-

sisting of a differential pair input and a common source output stage.

This amplifier achieves a DC gain comparable to a single stage telescopic

or a folded cascode amplifier. This leaves a minimal safety margin for

required gain in the front-end stages of an 8-bit pipeline ADC. Hence, a

two-stage amplifier with a high-gain first stage, depicted in Figure 3.10,

is preferred [35, 97, 98]. Here cascode transistors are added to the first

stage. Consequently, this topology can achieve 60 dB open-loop DC gain

with milliampere order DC currents required for wideband operation. The

bandwidth of the amplifier is limited by an internal compensation capac-

itor Cc, and GBW = gm1

CC
. The compensation capacitor results in a right

half plane (RHP) zero to voltage transfer function of the amplifier. By uti-

lizing a series resistor RZ in the feedback path, this zero and the lowest

non-dominant pole can be designed to cancel each other. The prototype

pipeline ADCs implemented by the author utilized this two-stage struc-

ture [3–6].

The most significant downside of the two-stage amplifier is the power
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Figure 3.10. Two-stage Miller-compensated amplifier with high-gain first stage

consumption of the output stage, dictated by the required transconduc-

tance gm9 of the transistors M9 and M10. This minimum value is deter-

mined by the placement of the zero and non-dominant poles of the transfer

function. The lowest non-dominant pole of the amplifier can be approxi-

mated as [13]

p2 ≈
−gm9,10CC

CO2(CO1 + Cc) + CcCO1
(3.42)

where CO1 and CO2 are the parasitic and load capacitors of the first and

the second stage, respectively. This pole is compensated by choosing the

values of RZ and gm9,10 so that the RHP zero z1

z1 ≈
1

CC(1/gm9,10 −Rz)
(3.43)

cancels p2. Another non-dominant pole

p3 =
−1

RzCO1
> 2GBW = 2

gm1

CC
, (3.44)

sets the upper limit for the resistor Rz ≈ 100Ω. Setting p2 to be equal with

z1 gives

gm9,10 =
CO2(CO1 + Cc) + CCCO1 + C2

C

RzC2
C

(3.45)

With the parasitic capacitances CO1 ≈ Cc
2 and CO2 ≈ CC , the required

gm9,10 = 3
Rz

= 30 mS. By assuming the MOSFETs operating in the strong

inversion, gm9,10 is proportional to the square root of the W
L ratio and DC

current. Enhancing the transconductance by increasing the W
L ofM9−M10

is possible only to a limited extent because of increasing of the parasitic

capacitance CO1. Therefore, the large gm of M9 −M10 is achieved mainly

by increasing DC current of the output stage.
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Figure 3.11. Regulated vs 2-stage opamp frequency responses

3.3.5 Simulations of regulated single-stage and two-stage OTAs

This section presents the AC simulation results of the potential OTA

topologies, in this case two single-stage regulated OTAs (utilizing a CG

and a folded cascode stage in the local feedback) and a two-stage ampli-

fier with telescopic input and a common source output stage. Figure 3.11

compares the frequency responses of these three topologies. A common-

gate and folded cascode OTA is used as the regulation amplifiers. The

regulated OTAs achieve a larger DC gain and phase margin and a lower

power consumption, whereas the two-stage structure is simpler to imple-

ment and it achieves a superior linear output range. For this reason, the

two-stage OTA was utilized in the first prototype 800-mVPPDIFF ADC.

With a halved input signal range, the regulated single-stage amplifier be-

comes an optimal OTA structure.

3.3.6 Common-mode feedback (CMFB)

All implemented structures presented in this thesis are differential. Thus,

every amplifier stage needs a common-mode feedback (CMFB) circuit to

define and stabilize the output DC voltage level. The CMFB detects the

DC level by averaging the output voltages. This average is compared to a

reference voltage, the desired CM level. If the average is unequal to the
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Figure 3.12. A SC CMFB

reference, a negative feedback provides a correction voltage to the gates

of the current sources. The CMFB circuit can be implemented either as

a continuous-time or as a SC structure. In continuous-time circuits the

average is typically obtained by two resistors between the outputs. In or-

der to maintain high differential DC voltage gain, these resistors should

be larger than the output resistance of the amplifier. Therefore, a worthy

alternative in SC circuits is to utilize a discrete-time SC CMFB consist-

ing of switches and capacitors. A SC CMFB is shown in Figure 3.12 [99].

Capacitors Csw work as an averaging circuit and CH holds the value dur-

ing the clock phase. The correction voltage VCMFB is fed to the current

source gates. For double-sampling, which is used in the author’s proto-

type pipelined ADC [3–6], the CMFB needs to be active in both phases,

and thus the averaging switched capacitors and necessary switches are

duplicated. In the ∆Σ modulator [8] to be presented in Chapter 4 only the

other half of the circuit is needed.

3.3.7 Summary of the opamp design and utilization

With the decreasing linewidths and supply voltages of deep submicron

(0.13-µm) CMOS processes it is increasingly difficult to design a wideband

single-stage amplifier achieving sufficient open-loop DC gain required for

the S/H and MDACs of an 8-bit pipeline ADC. On the other hand, if signal

swing is not required and moderate DC gain can be tolerated, a single-

stage amplifier becomes a preferable structure to be utilized in the sub-

blocks. Hence, the reference voltage regulator of the second prototype

ADC [4–6] utilized a telescopic OTA.

A well-known gain boosting technique, current source regulation, en-

ables a 15-20 dB increase in the DC gain of a single-stage cascode ampli-
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fier to around 65 dB, which is sufficient for 8-bit accuracy. In low-voltage

designs with a supply voltage of 1.2 V, using this technique enables a

reasonable safety margin for the VDS voltages (100 mV) when the output

signal swing is small, 400 mVPPDIFF . As the signal swing of the prototype

ADC in [3] was 800 mVPPDIFF , a two-stage Miller compensated amplifier

with a high-gain cascode input stage was utilized in the S/H and pipeline

stages, at the expense of higher power consumption.

In a CMOS process of moderate linewidth, for example 0.35 µm, a tele-

scopic and a folded cascode OTA provide very large DC gain when the

desired bandwidth is low and only few µA DC current is drawn from the

supply. In a 0.35-µm CMOS ∆Σ modulator [8] designed for pressure sen-

sor applications by the author, a folded cascode OTA was utilized.

Next, a short review of amplifier topologies utilized in low-voltage high-

speed pipelined ADC designs with 65nm-180nm CMOS is given. Table

3.2 collects some published pipelined ADCs that were available during the

ADC development for a SAR, and presents the resolution (R), technology

(T), sampling frequency (fs), supply voltage (S) and number of operational

amplifier stages Ns (1,2,3) utilized in the design. The current source reg-

ulation, if utilized, is mentioned. Notation ’2/3’ means that a three-stage

amplifier is utilized only in the most critical stages, whereas other stages

utilize two-stage implementations. Work [36] utilizes 4-times interleav-

ing, and thus the sampling frequency per channel is divided by four. For 8-

bit ADCs, a two-stage amplifier is usually employed, while for larger res-

olutions, either a two-stage regulated or a three-stage structure is used.

3.4 Switches in SC Circuits

As was discussed in Sections 3.1 and 3.2, the input signal-dependent on-

resistance of a switch along the signal path may generate an excessive

amount of harmonic distortion, when CMOS transmission gates are em-

ployed as switches. This is critical particularly in the front-end S/H stage,

which must satisfy the full resolution linearity requirement. The effect

of the signal-dependency is emphasized with a low supply voltage, as the

overdrive of a gate-source voltage of a switch is decreased.

Harmonic distortion originating from the nonlinearity of the switches

can be significantly reduced by using bootstrapped switches [86], which

make the gate-source voltage and thus the on-resistance of the switch
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Table 3.2. Published Pipelined AD-converters

Publ R[bits] T[nm] fs[MHz] S[V] Ns

[3–6] 8 130 440 1.2 2

[32] 9 90 400 1.5 2(reg CS)

[100] 10 180 200 2

[39] 10 180 210 1.8 2(reg CS)

[35] 10 130 220 1.2 2

[36] 11 130 1000 1.2 2(reg CS)

[101] 12 65 160 1.2 3

[47] 10 130 400 1.2 2/3

[97] 8 90 120/250 1.1 2

[98] 8 180 250 1.8 2

[31] 10 90 205 1.0 2/3

[38] 8 180 200 1.8 2

[102] 8 180 240 1.8 2

[37] 8 180 200 1.8 1(reg CS)
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Figure 3.13. Principle of bootstrapping

almost constant. Figure 3.13 presents the principle of bootstrapping. The

idea is as follows. In the pre-charging phase, the switch is open and the

capacitor C is charged to some offset, for example the supply voltage VDD.

At the other phase the switch transistor Msw is closed and due to the

charge conservation the gate node tracks the input, thus VGS of the switch

transistor becomes almost constant VDD, assuming that the capacitor C

is considerably larger than total parasitic capacitance at the gate node of

the switch transistor. Because of the large offset VDD−VT in the overdrive

voltage, the on-resistance is substantially lower than in the transmission

gates. This enables the use of a smaller switch transistor, which reduces

the clock signal coupling of the clock signal to the source and drain nodes.

Furthermore, the charge injection during the opening the switch becomes

constant, which is much less harmful than the signal-dependent error.

The utilization of bootstrapped switches is limited by their area and

complexity. Due to the capacitor C to be pre-charged, the area of the

switch is significantly larger than a transmission gate. A bootstrapped

switch is a rather complex circuit, as it needs at least five switches and

typically additional transistors to handle technology-related issues that

need to be considered. From a reliability point of view, keeping the drain-

source, gate-source and bulk-source voltages below the specified maxima

is important. Otherwise, the MOSFETs may have long-term reliability

problems or in the worst case break down. A practical implementation of

a bootstrapped switch is shown in Figure 3.14 [86]. In the circuit, Msw is

the switch transistor. Transistors M1 −M4 and M6 are the five switches

needed to implement the bootstrapping (see Figure 3.13). During low clk

(high xclk) the switch transistor is open and the capacitor is charged to

the offset voltage of VDD. When clk rises, the gate of the switch transistor

is connected to the top plate of the capacitor through M4 and the input

signal is connected to the bottom plate through M1, and thus the gate of

Msw is charged to VIN + VDD. In addition to the required switches, some
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Figure 3.14. Bootstrapped switch

additional transistors are employed to avoid the technological problems

related to the junction voltages exceeding VDD [86]. M9 is added to pre-

vent the source-gate voltage of M4 to exceed the offset voltage across the

capacitor during high CLK, and M5 prevents the gate-source and drain-

source voltage of M6 from exceeding VDD [86]. For the aforementioned

practical reasons, bootstrapped switches are usually employed only in the

most critical nodes. The prototype pipeline ADCs [3–6] by the author used

this technique for the switches that need to handle the full input signal

swing in the S/H and the first pipeline stage.

3.5 Reference voltage buffer

In a pipeline ADC, reference voltages are required for the comparators

and MDACs. As the comparator inputs are connected to fixed capaci-

tance, they do not require a strong buffering of the voltages. However, in

the MDACs the reference voltage source has to charge a signal-dependent

amount of capacitors at every clock cycle, depending on the number of

stages connected to it. This causes an input dependent voltage drop on

the reference lines, which must settle at the required accuracy from the

drop during the amplifying phase. Therefore, a very low impedance of

the reference nodes is required when feeding them externally. Alterna-

tively, a fast internal reference voltage buffer can be used. This section

discusses the utilization of an external reference voltage source and an
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on-chip regulator, which was employed in the second prototype ADC.

3.5.1 External references

The references must provide a transient current at every clock cycle. This

makes reference voltage stabilization critical at high clock frequencies.

When employing an external reference voltage source, bondwire induc-

tance causes a signal dependent voltage drop on the reference, which

may degrade the ADC performance if large on-chip capacitors are not

used. In the author’s first prototype ADC [3], external reference volt-

ages were utilized. The ADC without on-chip capacitors at the reference

nodes was measured, and shortcomings from the expected performance

were noticed. After the post-measurement simulations, it was figured out

that the shortcomings are related to disturbances of the reference volt-

age lines. Adding 50-pF capacitors to the smallest possible distance (0.8

mm) from the chip pads improved the measured ENOB 0.5 bits from the

original situation, where the distance was 1.8 mm. Figure 3.15 presents

simulations of a pipelined ADC in four different cases; without and with

the modeled bondwires along the reference voltage path, with the added

50-pF capacitor to the vicinity (0.8 mm) of the chip and with an internal

on-chip resistor string buffer to be presented in Section 3.5.2. Simula-

tions were performed with a signal frequency of 162 MHz. The bondwires

were modeled as inductances 1nH
1mm . It was concluded that the resulted par-

asitic inductance deteriorated the ENOB approximately by one bit from

the case of ideal voltage sources. Therefore, the author’s second prototype

utilized an on-chip voltage regulator for the reference generation [4–6].

3.5.2 Internal reference buffer

A very rapid settling can be achieved with a push-pull type reference

buffer [103], which is a source follower constructed of complementary

MOSFETs. The most important advantage of this kind of buffer is its

very low output impedance, 1/(gm1+gm2), where gm1 and gm2 are transcon-

ductances of the output transistors. The main drawback of the circuit is

that it requires a voltage drop consisting of the gate-source of the out-

put transistor and drain-source voltage of the bias current source. At the

minimum this is in the order of 400 mV in a typical deep-submicron 1.2-V

CMOS process, when the current source is biased near its triode region.

For this reason, it is preferable to find an alternative solution that is a
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Figure 3.15. Simulated ADC output spectra
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Figure 3.16. Resistor string reference buffer

more suitable for low-voltage operation.

A voltage regulator capable of operating with low supply voltages is

shown in Figure 3.16 [104]. In this scheme, all necessary reference

voltages in respect to common mode level are determined by the resistor

string. A negative feedback loop, formed by an operational amplifier and a

current source, is employed to force the common mode voltage VCM follow

the signal ground VAGND, which can be provided by an external source,

since any transient currents are not drawn. A telescopic cascode OTA, dis-

cussed in Section 3.3, is a feasible structure to be utilized. This way, a fair

loop gain of 65 dB can be achieved. The regulator of Figure 3.16 utilizes

internal frequency compensation, thus the settling speed of the output

is determined by gm of the high-gain single-stage amplifier and the com-

pensation capacitor CC . With this arrangement, having R2 = 5R1, the

settling time constant of 10% of a 440-MHz clock period can be achieved

with a DC current order of 1 mA of the single-stage amplifier.

Power consumption of the output stage, including the current source

and resistor string, becomes significantly high because of the low-ohmic

resistors required for high-speed operation. In this internally compen-

sated structure, the non-dominant output pole is designed to lie at twice

the frequency of the GBW. With the extracted parasitic capacitance val-

ues, the RHP zero, resulting from the compensation capacitor CC , locates

at roughly twice the non-dominant pole, and thus the phase margin is

around 45o. To achieve this, gm of the current source needs to be large,

and the resistor string should have low total resistance. Another impor-
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tant limitation for maximum resistance of the string originates from the

settling requirement of the nodes that are not connected in the feedback

loop, in this case the negative reference voltage. To avoid excessive slow-

ing of this node, the unit resistance R1 need to be small, and thus the

string consumes large current. Assuming that the total load capacitance

CL,tot, including the parasitic and load components, is at maximum 2 pF

at each of the nodes VREFP , VCM and VREFN , the DC current of 5 mA

of the output stage results in sufficient transient performance. This re-

sistor string buffer was utilized in the author’s second prototype ADCs

presented in [4–6].

3.6 Summary

A summary of the critical circuit blocks and techniques described in this

chapter is given in Table 3.3. Comment column of the table shows the

usage of these blocks as a part of the author’s ADC implementations, in-

cluding the pipeline ADCs and the ∆Σ modulator.
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Table 3.3. Summary of the relevant circuit blocks and techniques used in the prototype
ADCs

Block or Section Comment

technique

Double 3.1 For the

sampling S/H pipeline ADC

Sub-ADC 3.2.1 For the

Dynamic pipeline ADC

comparator

Double 3.2.2 For the

sampling MDAC pipeline ADC

Telescopic 3.3.1 For ref buf of

OTA the 2nd pipeline ADC

Folded 3.3.2 For the ∆Σ

cascode OTA modulator (Sect 4.3)

Two-stage 3.3.4 For the S/H and

Miller-compensated MDACs of the

OTA with telescopic pipeline

input stage ADCs

Bootstrapped 3.4 For the S/H and

switch first MDAC of the

pipeline ADCs

Reference 3.5.2 For the 2nd pipeline ADC

buffer reference voltage

(ref buf) generation
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4. Designed prototype A/D Converters

As original work of the author, this chapter presents three fabricated ADC

prototype circuit implementations. The circuit descriptions are followed

by the measurement arrangements and experimental results. Precisely,

the three prototype chips and role of the author are listed below:

• Chip 1: Included the first pipeline ADC for a SAR receiver (Section 4.1)

– Sampling rate 440 MS/s, programmable resolution 5-8 bits, process

0.13-µm CMOS

– The author was completely responsible for the design

• Chip 2: The entire SAR receiver was integrated in a single IC (Section

4.2)

– The ADC as in chip 1, with the exception of the on-chip reference volt-

age regulator (Section 3.5.2) designed by the author

– The author was responsible for the ADC

• Chip 3: Included a 0.35-µm CMOS ∆Σ modulator for a pressure sensor

application (Section 4.3)

– High accuracy (14 bits), low system power (< 100 µW) at low clock

frequency (16 kHz)

– The author was completely responsible for the design

The prototype chips 1 and 2 will be introduced in Sections 4.1 - 4.2,
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Figure 4.1. Block diagram of a pipelined A/D Converter

respectively. The measured results of the chip 1 were published in [3].

The baseband part of chip 2 was published in paper [4] and the entire

receiver in [5, 6].

The design, implementation and measurements of the chip 3 will be

given in Section 4.3, and they were published in [8].

4.1 An 1.2-V 440-MS/s 0.13-µm CMOS Pipelined ADC with 5-8-bit
mode selection: first prototype

Figure 4.1 shows a top-level block diagram of the programmable 5-8-bit

pipeline ADC. The sub-blocks will be presented in the forthcoming sec-

tions.

4.1.1 Front-end SH

The double sampling S/H stage of Figure 4.2, shown as single-ended for

simplicity, was used in the design. In order to satisfy an 8-bit linearity re-

quirement, bootstrapping was applied to the switches that need to handle

the full voltage swing. The two-stage operational amplifier of Figure 3.10

was utilized due to its high open-loop gain and large linear output voltage

range. The DC gain of the amplifier is 60 dB, around 3 dB higher than

the minimum value. In order to achieve the required settling properties

with some margin, the SR and GBW are 0.6 V
ns and 1.5 GHz, respectively.

The size of the sampling capacitor was selected to be 200 fF to keep the

thermal noise contribution of the switches and amplifiers below the quan-
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Figure 4.2. SC S/H Front-End

tization noise floor.

4.1.2 Pipeline stage

1.5-bit MDAC

An 1.5-bit double-sampling MDAC, shown in Figure 4.3, was used in ev-

ery pipeline stage. Similarly as the S/H, the first MDAC stage employs

bootstrapped switches along the signal path. The operational amplifier

is similar structure as used in the S/H, and it achieves an open-loop DC

gain of 60 dB. The SR and GBW are 0.8 V
ns and 2.0 GHz, respectively. The

GBW requirement is higher than that of the S/H, because of the smaller

feedback factor of the MDAC. In order to keep the thermal noise below the

quantization noise floor of an 8-bit ADC with an 800 mV differential full-

scale input voltage range, 200-fF sampling and feedback capacitors were

utilized in the front-end MDAC. The capacitor sizes and current consump-

tion of the back-end stages 2-6 were down-scaled by two, 100 fF being the

minimum size used in the design.

Sub-ADC

The most critical design issue of the sub-ADC of Figure 4.4 is its propa-

gation delay from the latching instant (rising edge of VLATCH at the end

of the sampling phase), because the MDAC input code word must be pro-

vided before beginning the amplifying phase. The offset voltage of the

comparator is much less critical due to employing of the RSD correction,

allowing the offset of a 1.5-bit sub-ADC to be ±VREF4 . The utilized dy-

namic differential pair comparator of Figure 3.4 achieves high speed, low

power and good robustness against process variations. The comparators

are shared between the two channels operating a 180o phase shift, and
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Figure 4.3. Double sampling 1.5-bit MDAC

thus they must be latched with the full-speed 440-MHz clock.

Figure 4.4. 1.5-bit sub-ADC

4.1.3 Clock generation

A block diagram of the clock generation is shown in Figure 4.5. The clock

signals are derived from an external sinusoidal clock input. The front-
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Figure 4.5. Clock generation

end differential pair amplifier operating in open loop provides a voltage

gain order of 10 dB at 440 MHz. A full-swing square wave is generated

by the inverter chain, which utilizes cross-coupling in order to boost the

differential gain. The full-speed clock is buffered to the comparators and

digital logic. The LVDS driver [105], discussed in Section 4.1.4, is used

to provide a clock CLKOUT for the measurement device. The clock signals

of the double-sampling S/H and MDACs operate at half speed 220 MHz.

Therefore, a customized flip-flop [106] -based frequency by two divider

is employed. Block ’CLKgen’, a standard structure constructed of two

NOR gates and two inverter chains, is used in order to generate the non-

overlapping time required for the S/H and MDAC clock signals. Block

’CTRL’ controls the clock distribution and power down of the pipeline

stages, according to the selected ADC resolution between 5 and 8 bits.

Since a different clock signal is used for the comparators and the MDACs,

it is important that the sampling instant, determined by the slower clock,

does not vary too much with respect to the latching moment of the com-

parators, determined by the fast clock. The maximum variation was sim-

ulated to be 4.5% of the clock period in different process corners, which

was found to be tolerable.
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Figure 4.6. A double current source LVDS driver

4.1.4 IO Driver for the output bits

With high sampling frequencies (several hundreds of Ms/s or more) it may

be challenging to take the digital output bits and clock out from the chip,

for example to a logic analyzer. The standard digital single-ended output

buffers with rail-to-rail signaling operating at several hundreds of MHz

may cause coupling of strong interferences to the sensitive analog parts of

the chip. In order to avoid this problem, a LVDS can be utilized. The idea

is to drive out the differential data and clock with a reduced amplitude,

typically some hundreds of millivolts (175-350 mV). Figure 4.6 shows a

simple implementation of a LVDS driver [105], consisting of a tail current

source M0, an input differential pair M1 −M2 and a current source load

M3−M4. The output polarity is determined by the direction of the current

flowing through the resistor between the outputs. The input signals in

this case are rail-to-rail complementary digital data, although a LVDS

driver can be designed to be able to handle input amplitudes down to a

couple of tens of millivolts. The current consumption and the resistor size

is determined by the desired output amplitude and load to be driven. For

the prototype ADCs, a 2-mA 200-mV LVDS driver was designed to drive

an Agilent E5387A probe head attached between the chip and an Agilent

16902A logic analyzer. A simulated LVDS output is shown in Figure 4.7.
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Figure 4.7. A simulated waveform of a DCS LVDS driver

4.1.5 Measurements

The chips were fabricated in an one-poly six-metal 0.13-µm CMOS pro-

cess, and wire bonded to a 4-layer printed circuit board (PCB). The ADC

microphotograph is shown in Figure 4.8. The ADC core occupies approx-

imately 0.4 mm2, but the required amount of the IO pads determine the

total area to be 2.0 mm2. Figure 4.9 shows the measurement set-up. The

supply voltages and bias currents are fed externally to the chip. The ref-

erence and common mode voltages are generated by adjustable resistors

from the supply voltage. The output data and clock are driven out of the

chip to the Agilent E5387A probe head, which is connected to the Agilent

16902A logic analyzer.

Static parameters of the ADC

To measure DNL and INL, a 200-kHz sinusoidal input signal was fed to

the ADC, and the output data was analyzed with Matlab. A code density

test (CDT) [107] was used to calculate the DNL and INL.

The measured DNL and INL values in the 8, 7, 6 and 5-bit modes are

presented in Figures 4.10-4.13. The maximum DNL and INL in the 8-bit

mode are -0.41/+0.37 LSB and -1.03/+1.02 LSB, respectively, and in the

5-bit mode 0.08 LSB and 0.2 LSB. DNL is always larger than -1 LSB, and

therefore missing codes do not occur.
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Figure 4.8. The ADC chip microphotograph

Figure 4.9. Measurement set-up for the prototype ADC
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Figure 4.10. Measured DNL and INL, 8b-mode

Figure 4.11. Measured DNL and INL, 7b-mode
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Figure 4.12. Measured DNL and INL, 6b-mode

Figure 4.13. Measured DNL and INL, 5b-mode
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Dynamic measurements

To measure the dynamic performance of the ADC, the input signal was

swept from low frequencies to half of the sampling frequency. The output

spectrum was calculated with fast Fourier transform (FFT). The THD and

SFDR can be directly calculated from the output spectrum. To evaluate

the SNDR, a time-domain method called as sine wave fitting was em-

ployed. To apply this method, a sinusoidal input was fed to the ADC, and

the resulting output was fitted to an ideal sine wave so that mean of the

squared error was smallest possible. The SNDR was calculated as ratio

of the power of the ideal signal and the mean of the squared error. Once

this was performed for sufficiently many input frequencies, the ERBW

was approximated by observing the -3-dB corner frequency of the SNDR.

The measured output spectra with a 162-MHz sinusoidal input in each

mode are presented in Figures 4.14-4.17. The 8-bit spectrum was aver-

aged from ten separate spectra to distinguish systematic spurious tones

from the random ones. The SFDR and THD in the 8-bit mode are 46.5 dBc

and -42 dBc, respectively, and the SFDR is limited by the third harmonic

component. Spectral purity is thus determined by the harmonic distor-

tion, limiting the dynamic linearity to 6.7 bits. The SNR is 44 dBc. There-

fore, the overall accuracy in the 8-bit mode is dominated by the harmonic

spurious tones, and the SNDR is 38.5 dBc, corresponding to an ENOB

of 6.10 bits. In the 5-bit mode, the measured SFDR, THD and ENOB

are 43 dBc, -41 dBc and 4.75 bits, respectively. Figure 4.18 presents the

measured ENOB in all modes at frequencies from DC to 160 MHz, which

was the targeted operation bandwidth. The 7- and 8-bit modes achieve an

ERBW of approximately 200 MHz. In the 5- and 6-bit modes the measure-

ments indicated it to be above the Nyquist frequency 220 MHz, showing

the aliased output SNDR within 3 dB of the DC value up to 1 GHz and

850 MHz, respectively. The performance of the multi-mode ADC is sum-

marized in Table 4.1.

Summary of the measurements

Table 4.1 summarizes the measured performance of the processed pipeline

ADC. The upper part shows the most important specifications common to

each of the operation modes and the lower part presents the measured

performance in different resolution modes. Two FOMs describing the en-
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Figure 4.14. Measured ADC output spectrum in 8b-mode ten averaged spectra

Figure 4.15. Measured ADC output spectrum, 7b-mode
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Figure 4.16. Measured ADC output spectrum, 6b-mode

Figure 4.17. Measured ADC output spectrum, 5b-mode
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Figure 4.18. Measured signal frequency vs ENOB

Table 4.1. The ADC summary

Process 130-nm CMOS

Resolution 5-8 bits

Sampling rate 440 MS/s

Supply voltage 1.2 V

Input range 0.8 Vppdiff

Area (core+IOs) 2.0 mm2

Mode 8 7 6 5

Power[mW] 100 83 66 50

DNL/INL[LSB] 0.41/1.03 0.50/0.64 0.24/0.36 0.08/0.2

SFDR[dBc]@162 MHz 46.5 47.5 45.5 43

THD[dBc]@162 MHz -42.0 -43.0 -41.0 -41.0

SNDR[dBc]@162 MHz 38.5 37.6 33.7 30.4

SNDR[dBc]@80 MHz 39.7 39.1 34.3 30.7

ERBW[MHz] 200 200 850 >850

FOM1/FOM2[pJ] 2.78/3.05 2.54/2.75 3.55/0.92 4.20/0.90
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ergy efficiency of the ADC are defined as

FOM1 =
P

2ENOB × fs
(4.1)

FOM2 =
P

2ENOB × 2× ERBW
(4.2)

A shortcoming of the ADC performance can be pointed out in the 8-bit

mode. In this mode excessive distortion and noise is generated, degrad-

ing the ENOB approximately by one bit from the post-layout simulated

value. According to the post-measurement simulations, a potential reason

for the degradation may be the reference voltage generation, which was

created externally. The signal-dependent voltage drops on the reference

lines, caused by the bond wire inductance, can result in dynamic non-

linearity and, according to the simulations and measurements, increase

the noise floor. In the very first measurements the noise floor was higher

than that presented in Figure 4.14. After placing a 50-pF capacitor at

the closest possible distance (0.8 mm) from the chip, the ENOB improved

by 0.5 bits. It is thus concluded that the reference voltage nodes were

improperly stabilized in the chip side and the lack of large on-chip sta-

bilization capacitors is emphasized in the 8-bit mode. Nevertheless, the

measurements indicated very promising potential of the ADC for a SAR

application. Successfully implemented multi-mode operation enables flex-

ible usage of the ADC for the targeted accuracy vs power. Therefore, the

pipeline ADC was utilized in the complete SAR receiver implementation,

which is to be discussed in Section 4.2.

For the performance comparison, Table 4.2 collects state-of-the-art high-

speed (fs ≥ 200-MS/s) 65-180-nm CMOS pipelined ADCs published be-

tween 2004 and 2008, before the commencement of the SAR project. The

8-bit operating mode of the author’s ADC [3] implementation is also in-

cluded in the table.

4.2 An 1.2-V 440-MS/s 0.13-µm CMOS Pipelined ADC with 5-8-bit
mode selection: second prototype

The second prototype IC included the entire direct conversion receiver for

a SAR application. However, it was possible to characterize the main

blocks (RF front-end, baseband amplifiers and filters and ADC) sepa-

rately. Block diagrams of the receiver and the ADC are shown in Figures

4.19 and 4.20, respectively. The sub-blocks of the ADC are similar to the

first prototype, with the exception of the on-chip reference voltage regu-
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Table 4.2. The ADC comparison including the 8-bit mode of the author’s pipeline ADC

Work fs[MS/s] R T[µm] VDD[V] P[mW] A[mm2] FOM1/FOM2

[30] 800 8 0.065 1.2 30 0.12 0.28/0.25

[97] 250 8 0.09 1.1 20.8 0.81 2.21/4.4

[31] 205 10 0.09 1.0 111 1.0 1.30/-

[32] 400 9 0.09 1.5 139 2.3 1.54/-

[47] 400 10 0.13 1.2 160 4.2 0.78/2.35

[34] 205 10 0.13 1.2/3.3 92.5 0.52 0.88/0.3

[35] 220 10 0.13 1.2 135 1.30 1.48/1.48

[36] 1000 11 0.13 1.2/2.5 250 3.5 0.5/0.5

[108] 250 8 0.18 1.8 150 0.45 9.10/9.10

[98] 250 8 0.18 1.8 279 2.50 9.45/5.70

[37] 200 8 0.18 1.8 22 0.32 0.74/0.74

[38] 200 8 0.18 1.8 30 0.15 0.73/<0.73

[39] 210 10 0.18 1.8 140 1.5 0.90/<0.90

[102] 240 8 0.18 1.8 104 1.36 6.32/<6.32

[48] 200 8 0.18 1.8 8.5 0.05 0.51

[49] 550 7 0.09 1.3 30 0.19 0.55

[50] 200 10 0.09 1.2 54.6 1.26 0.65

My 440 8 0.13 1.2 100 0.4 2.78/3.05

work core

[3]
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Figure 4.19. Block diagram of the SAR receiver

Figure 4.20. Block diagram of the second prototype ADC

lator, as shown in Figure 4.20. The signal ground voltage VAGND is still

external. However, it is not loaded by any currents in the steady state,

and thus the input signal-dependent voltage drops over bond wire induc-

tance do not occur. Compared to the first chip, there is a difference also

in the baseband amplifier-ADC interface specification. The input voltage

range of the second prototype ADC was halved to 400 mVPPDIFF , because

of an unfortunate mistake in the system level design. The baseband sec-

tion with the used block partition of the variable gain amplifier (VGA)s

and low-pass filter was found to be incapable of driving the higher signal

levels to the ADC without excessive distortion.

4.2.1 Measurements

The SAR receiver IC was wire bonded to a six layer PCB. The microphoto-

graph with marked circuit blocks is shown in Figure 4.21. Characterization
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Figure 4.21. Microphotograph of the direct conversion SAR receiver

tests of the ADC included measurements of the static (DNL and INL) and

dynamic (THD, SFDR, SNDR, ERBW) properties. The measurement set-

up was similar as in the first prototype, excluding the on-chip reference

voltage generation.

To measure the static properties, a 250-kHz sinusoidal input signal was

fed to the test inputs and CDT was applied to calculate DNL and INL. The

results in all modes are presented in Figures 4.22 - 4.25. The maximum

DNL and INL are below 0.38 LSB and 0.58 LSB in each mode, and the

ADC do not have missing codes.

In the dynamic measurements the input frequency was swept from DC

to 160 MHz and the THD and SFDR were calculated from the spectra.

The SNDR was approximated by applying sine wave fitting, similarly as

explained in Section 4.2, and the -3-dB bandwidth of the SNDR indicated

the ERBW. Figures 4.26 - 4.29 show the measured example spectra in the

8,7,6 and 5-bit modes. The measured SNR, SFDR, THD and SNDR in the

8-bit mode are 42.5, 49.6, -45 and 38.5 dBc, respectively, and the overall

accuracy is primarily limited by thermal noise. Figure 4.30 depicts the

ENOB vs signal frequency. The measurement results of different modes

are summarized in Table 4.3.

In addition to the ADC as a stand-alone structure, measurements were
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Figure 4.22. DNL and INL in the 8-bit mode

Figure 4.23. DNL and INL in the 7-bit mode
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Figure 4.24. DNL and INL in the 6-bit mode

Figure 4.25. DNL and INL in the 5-bit mode
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Figure 4.26. Example spectrum in the 8-bit mode

Figure 4.27. Example spectrum in the 7-bit mode
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Figure 4.28. Example spectrum in the 6-bit mode

Figure 4.29. Example spectrum in the 5-bit mode
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Figure 4.30. Measured signal frequency vs ENOB

Table 4.3. The ADC performance

Mode 8 7 6 5

Power[mW] 100 83 66 50

DNL/INL[LSB] 0.38/0.58 0.29/0.46 0.32/0.38 0.32/0.32

SNR[dBc] 42.5 39.5 35.5 30.9

SFDR[dBc]@162 MHz 49.5 46.5 43.5 40.0

THD[dBc]@162 MHz -45.0 -42.8 -41.0 -37.0

SNDR[dBc]@162 MHz 38.5 37.2 33.7 30.0

ERBW[MHz] 200 200 1000 >1000
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Figure 4.31. Example output spectrum with 160-MHz baseband filters and VGAs

also carried out to cover the whole baseband section and the receiver. The

ADC was measured together with the low-pass filters and VGAs and the

results are more thoroughly discussed in [4]. The measurement results of

the entire receiver are presented in [5, 6]. Two example spectra are shown

in Figures 4.31 - 4.32.

4.2.2 Conclusions and future work

Looking to the specifications of the SAR receiver, the performance of the

ADC is sufficient, since it fulfills the static linearity and dynamic range

requirements. Some specifications, for instance gain flatness and phase

imbalance, are relevant only for the filters and VGAs. The power con-

sumption of the receiver was around 75 % of the specified power bud-

get. It can be concluded that the implemented multi-mode ADC suits

very well for this targeted application case. Thanks to the programmable

resolution, the ADC can be optimized for several performance standards,

enabling power vs dynamic range compromise.

In the 8-bit mode the excessive noise of the ADC limits the ENOB ap-

proximately to half a bit lower than was expected according to the post-

layout simulations. Degradation of the performance may be partly caused
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Figure 4.32. Example output spectrum of the whole receiver

by reducing the signal range by 6 dB. In order to achieve the noise margin

of the original design with double input signal range, all capacitors sizes

of the S/H and MDAC should be four times that of the first prototype.

A performance comparison with other published pipeline ADCs (2004

- 2008) was presented in Table 4.2. As can be seen, the FOM of sub-

pJ/conversion step have been achieved. To improve the performance of

the presented ADC closer to state-of-the-art, individual optimization (ca-

pacitor sizes and amplifier DC current) of each stage should be done sep-

arately, instead of just dividing the design into front-end and back-end

stages. This way, improvement in the FOM of the ADC was calculated

to be roughly 30%, assuming that the minimum capacitor size remains

100 fF. Because of the halved input signal range, the power consumption

could be further reduced by using a regulated single-stage cascode ampli-

fier structure in the S/H and first two MDACs, an unregulated telescopic

amplifier in stages 3-4 and a differential pair in stages 5-6. Assuming that

a regulated cascode amplifier consumes double power compared to an un-

regulated one, a power saving of around 50% can be achieved by replacing

the two-stage amplifiers with single-stage cascode structures. Together

with the individual optimization, the estimated total power consumption

of the ADC would reduce to one third of the present level. With the mea-
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Figure 4.33. A first order ∆Σ modulator and its linearized z-domain model

sured accuracy, this would result in a FOM order of state-of-the-art among

the pipeline ADCs published between 2004 and 2008.

4.3 A ∆ Σ Modulator for Sensor Applications

The third prototype ADC designed by the author is introduced in this sec-

tion. The ADC was designed for pressure sensor applications, thus high

accuracy and low power are required. First, the basis of the architecture

selection is given, which is followed by the circuit design and experimental

measurement results.

In a typical pressure sensor application, a high-accuracy (> 12 bits) low-

power ADC is required. The signal-to-quantization noise ratio (SQNR) of

any ADC can be increased by utilizing oversampling. However, only a 3

dB improvement is achieved by doubling the oversampling ratio (OSR) in

a Nyquist rate ADC. A very high SQNR specification may require imprac-

tically high clock frequency. Fortunately, it is possible to employ a ∆Σ

modulator based ADC utilizing noise shaping, which significantly atten-

uates the quantization noise at low frequencies and provides much larger

improvement of the SQNR by increasing the OSR. A block diagram of

a first order ∆Σ modulator and its linearized z-domain model is shown

in Figure 4.33 [109]. In the z-domain model E(z) represents the quanti-

zation error resulting from the A/D conversion. The output Y (z) can be

calculated from the model

Y (z) = z−1X(z) + (1− z−1)E(z) (4.3)
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As can be seen, the output signal is a delayed version of the input, and

the quantization error, as being differentiated, becomes high-pass filtered.

Thus, the SQNR at low frequencies is improved. A greater improvement

can be achieved by increasing OSR and by using a higher order noise

shaping loop. In general, for an Lth order ∆Σ noise shaping loop the in-

band quantization noise power is approximately [109]

q2
inband ≈

π2Le2

(2L+ 1)OSR2L+1
(4.4)

where e2 is the total quantization noise power over the Nyquist band

(fs/2). By doubling the OSR, a 9 dB and 15 dB improvement of the SQNR

can be achieved by a first and a second order loop, respectively. There-

fore, a ∆Σ ADC is very suitable architecture for high-accuracy low-power

applications, particularly when the desired signal bandwidth is low.

Next, a low-power ∆Σ modulator for a pressure sensor system will be

introduced. The main targets are a large dynamic range (>14 bits) and

a low system power consumption (100 µW). The OSR with the specified

clock frequency and signal bandwidth is 256. The achievable dynamic

range with a first order structure is limited when the OSR is fixed, which

makes a higher order loop preferable. The SQNR can be enhanced ei-

ther by increasing the loop order or the amount of the output bits. In

general, ∆Σ loops higher than second order can potentially be unstable

[13, 14, 109], and utilizing a second order loop is advantageous in that

point of view. A higher order modulator with improved stability can be

implemented by utilizing a multi-stage noise shaping (MASH) architec-

ture [13, 14, 109], which cascades lower order modulators, for example a

second and a first order one to obtain third order noise shaping. A dis-

advantage of this structure is known to be its sensitivity to the imperfec-

tions of the analog transfer functions [109], caused for example by finite

operational amplifier DC gain and component mismatches. The stabil-

ity of a higher order ∆Σ modulator can also be improved by employing a

multi-bit output, which also improves the SQNR by 6 dB per added bit.

In these multi-bit implementations the feedback DAC becomes a critical

component [109], because the DAC is no longer inherently linear. As a

conclusion, a second order single-stage single-bit ∆Σ modulator was uti-

lized in the design due to its potentially low power consumption, stability

and robustness.
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Figure 4.34. A z-domain model to calculate the STF and NTF

4.3.1 Block diagram description

A linearized z-domain signal flow diagram of a second order ∆Σ modulator

is shown in Figure 4.34. The output Y (z) can be expressed in terms of

the signal transfer function (STF) and noise transfer function (NTF) as

follows

Y (z) = STF (z)X(z) +NTF (z)E(z) (4.5)

By using a signal flow diagram analysis, the transfer functions can be

calculated

STF (z) =
a1a2a3z

−2

1 + (a3 − 2)z−1 + (1 + a1a2a3 − a3)z−2
(4.6)

NTF (z) =
(1− z−1)2

1 + (a3 − 2)z−1 + (1 + a1a2a3 − a3)z−2
(4.7)

The loop coefficients are selected to be a1 = 1
7 , a2 = 7

2 and a3 = 1
6 [110].

This coefficient scaling, i.e attenuating the first and second integrator in-

puts by seven and six, is done in order to be able to handle large signal

levels (up to 6 dB below the reference voltage level) without clipping the

integrator outputs. The output signal is a delayed version of the input

within the desired bandwidth and the quantization noise power becomes

double differentiated, thus the slope of the NTF is 40 dB per decade.

The top level block diagram of the whole system is shown in Figure 4.35,

consisting of the actual modulator, a S/H stage and the clock generation.

The S/H stage is utilized in order to sample and hold an input voltage pro-

portional to the sensed pressure. Sampling and the S/H and its implemen-

tation will be discussed in Section 4.3.2. The clock signals are generated

internally from a 32.768-kHz clock input. The modulator uses a divided

by two clock signal, and the S/H circuit a divided by eight or sixteen clock

with a duty cycle of 1/16 or 1/32. Hence, a programmable clock divider is

employed. A standard clock generator, constructed of two NOR gates and

inverter chains, generates two non-overlapping clock pulses needed in the

S/H and SC integrators of the modulator.
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Figure 4.35. The system block diagram

4.3.2 Circuit implementation

The SH stage

In a real application the input of the system is connected to a resistive

sensor element, for example to a Wheatstone bridge, as shown in Figure

4.36. Low total power consumption, in the order of 100 µW, is one of the

key specifications of the system. However, the typical resistance of the

sensor element is in the order of a few kΩs, which would lead to a sys-

tem power consumption of around 1 mW. Hence, the design utilizes a S/H

circuit sampling the pressure proportional voltage to the on-chip capac-

itors during a short sampling period, and otherwise the current path of

the element is cut. To reduce the average power consumption, the sensor

element current from the positive to negative supply is permitted to flow

only during the sampling period A. This time window can be selected to

be 1/16 or 1/32 of the total clock period, and thus the dissipated power is

significantly reduced. During phase B, when the current path is cut, the

large on-chip capacitors hold the sampled voltage to be fed to the first in-

tegrator. At the lowest, the power can be reduced to approximately 50 µW

from 1 mW, which is still the dominant part, as the modulator consumes

28 µW.

Next, a discussion of the loading of the S/H during phase B is given.

The clock timing of the S/H and the first integrator is shown in Figure

4.37. Phases 1 and 2 are used for the integrator, and the clock frequency
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Figure 4.36. The pressure sensor and S/H front-end

of the modulator is four or eight times of that of the S/H. During phase

A, the sensor element is sampled to the large capacitors, which can be

selected to be 25 pF or 50 pF. The positive input voltage is denoted as

VINP = vin + VCM and the negative VINN = −vin + VCM , where VCM and

vin are the input DC and AC components, respectively. At the beginning

of phase B (holding phase), the bottom plates are charged from vin + VCM

to VCM and −vin + V cm to VCM , which doubles the differential voltage

to be fed to the first integrator. At each integrating phase (phase 1), a

charge is transferred into the sampling capacitor of the first integrator,

which causes a drop on the sampled voltage. To keep these voltage drops

sufficiently low, the sampling capacitors should be selected much larger

than the sampling capacitor of the first integrator. If a voltage Vsamp is

sampled to the capacitor Cs, the drop at the integrator sampling phase is

∆Vsamp =
Csi

Csi + Cs
Vsamp (4.8)

where Csi is the integrator sampling capacitor dimensioned according to

the SNR specifications. For example, with Csi=1.4 pF and Cs=50 pF, the

drop with a 0.175-V input signal amplitude is about 4.8 mV at every inte-

grating phase. Selection of capacitor size and the S/H sampling frequency

is a trade-off between the SNR and the system power consumption. It

was measured that in extreme cases, with the maximum capacitor and

high sampling frequency versus minimum capacitor and low sampling

frequency, the SNR was around 3 dB higher in the former case.
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Figure 4.37. The clock timing

The modulator

The actual ∆Σ modulator is implemented as presented in Figure 4.38,

consisting of two conventional SC integrators, an 1-bit quantizer and feed-

back DACs. Separate 1.4-pF capacitors are used for the sampling and the

feedback DAC for two reasons. First, only a single reference voltage is

required and secondly, load of the reference source is independent of the

input signal. A drawback of this arrangement is its around 3 dB higher

thermal noise from the switches compared to a shared capacitor.

The first integrator employs a correlated double sampling (CDS) [111–

113] to reduce the flicker noise from the operational amplifier, which may

have a significant effect on the performance in applications operating

at DC. The CDS needs an additional sampling capacitor connected to

the operational amplifier input and necessary switches. In phase 1, the

noise at the amplifier input is sampled to the capacitor, and this noise

is subtracted from the signal voltage in phase 2. Consequently, the low-

frequency noise of the amplifier is effectively suppressed. Furthermore,

at low signal frequencies (high OSR) the CDS reduces the sensitivity of

the integrator to the finite DC gain of the amplifier [14, 111, 112], be-

cause the error input voltage caused by the imperfect virtual ground is

also sampled to the capacitor and subtracted from the signal. For the

overall performance, the second integrator is much less critical since its

in-band noise and nonlinearities are attenuated by the gain of the first

integrator.

The thermal noise of the circuit elements in SC circuits originates pri-
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Figure 4.38. Implemented 2nd order ∆Σ modulator

marily from the switches and operational amplifiers. With a large OSR

(256), the employed CDS scheme suppresses the in-band flicker and ther-

mal noise originating from the OTA to a negligibly low level [113]. As a

consequence, the switches of the first integrator dominate the total noise

contribution. The contributions of the second integrator and the quan-

tizer are assumed to be negligibly small, because they are attenuated by

a first and second order high-pass NTF, and because the OSR is large

[109]. During the sampling phase, the noise power sampled to the input

capacitor Cs1 (1.4 pF) is

v2
n1 = 8kBTRsw

∞∫
0

1

1 + (2πfRswCs1)2
df =

kBT

Cs1
(4.9)

where Rsw is the on-resistance of the switches. In the integration phase,

the noise sources originating from the OTA and conducting switches are

present [109], former of which is in this case insignificant. The noise from

the switches sampled to the input capacitor during the integration phase

(2) can be approximated as

v2
n2 ≈ v2

sw ≈
kBT

Cs1
· 2gmRsw

1 + gmRsw
(4.10)

Since the feedback DAC uses a separate capacitor, it contributes the addi-

tional kBT
Cs1

portion of the sampling noise during phase 1. In this case, the

factor gmRsw � 1, and thus the total noise power becomes

v2
ntot ≈

2kBT

Cs1
(4.11)

Now, the SNR with a full-scale peak-to-peak input voltage VFS can be

calculated

SNR[dB] ≈ 10log
V 2
FS ·OSR

16kBT
Cs1

(4.12)
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Based on the signal range and OSR specification, an adequate SNR, 90

dB, can be achieved with a 1.4-pF sampling capacitor.

The most important sources of nonlinearity of the implemented ∆Σ mod-

ulator are the signal-dependent on-resistance of the switches and the gain

characteristics of the operational amplifier. It was simulated that the

linearity of 16 bits can be achieved with conventional transmission gate

switches, as the time constant of the switches and the sampling capacitor

is much below the sampling period. The PMOS transistors were dimen-

sioned three times as large as the NMOS devices to have the symmetrical

on-resistance with respect to the signal common-mode level.

The minimum DC gain A0 of the operational amplifier greatly depends

on the linearity of its gain characteristics. Linear analysis shows degrada-

tion of the NTF through a finite integrator gain at DC, suggesting that the

quantization noise attenuation provided by a second order loop does not

degrade significantly if A0 ≥ OSR·Cs1
π·Ci1 [109], which in this case is around

12. In practice, A0 needs to be considerably larger in order to suppress the

harmonic distortion originating from the nonlinear gain and the slewing

of the amplifier to a tolerable level. Therefore, the minimum gain must

always be verified by a transistor level transient simulation. With a low

µA order DC current, sufficient for a few tens of kHz operation, a DC gain

of 90 dB can be achieved with a single-stage cascode OTA, which was sim-

ulated to be enough to suppress the harmonic distortion below the spec-

ified limit. As a result of its larger linear output range over a telescopic

amplifier, a folded cascode OTA, shown in Figure 4.39, was utilized in

the prototype ∆Σ modulator [8]. The DC voltage level of the differential

output is determined and stabilized by a SC CMFB [99, 114].

The minimum gm of the amplifier can be found from the required set-

tling accuracy during the integrating phase (2). If the settling of the out-

put begins at t=0, the relative error at the time instant TS is

εGBW = e
− β·gm
CL,tot

TS (4.13)

where β is the feedback factor and CL,tot is the load capacitance of the

integrator. For the integrator of Figure 4.38 with the sampling and inte-

gration capacitors Cs1 and Ci1 these are

β ≈ Ci1
Ci1 + 2Cs1

(4.14)

and

CL,tot ≈
2Cs1Ci1

2Cs1 + Ci1
(4.15)

107



Designed prototype A/D Converters

Figure 4.39. Folded-Cascode OTA

It is assumed here that the input parasitic capacitance of the amplifier

is much smaller than the sampling and integrating capacitors. In order

to suppress the settling error during the integrating phase to -100-dB

level, the reserved time TS , half of the clock period, for the exponential

settling of the amplifier should be around 12τ , where τ =
CL,tot
β·gm . This can

be achieved with

gm ≥ 48Cs1fCLK (4.16)

which is satisfied with µA order DC current.

The quantizer is implemented as a regenerative class-AB comparator

of Figure 4.40 [110]. Compared to static structures, this topology has

reduced power consumption, as flowing of DC current during the latch

phase (VLATCH rises) is prevented by the transistors M3 −M4. Dynamic

comparators typically consume the least power, but they produce larger

kickback noise, because of large voltage variation in the drains of the in-

put transistors. The comparator topology of Figure 4.40 is a good compro-

mise between the power and kickback noise. It has two operation phases,

the reset and latch phases. During the reset phase (phase 2 of Figure

4.38), the outputs are shorted by a CMOS switch M10−M11. At the end of

phase 2, the output voltage is regenerated across the CMOS reset switch.

At the beginning of the latch phase (phase 1), the NMOS switch M5 is

closed and M6 −M9 form regenerative feedback, and generate the logic

levels on the outputs. Flowing of the static current is prevented by the

switch transistors M3 −M4. Because these switches are opened just be-

fore generating the logic levels, they reduce the kickback noise.
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Figure 4.40. Regenerative comparator

Clock generation

The modulator operates at half the frequency of the input clock, and the

clock signals of the S/H are divided by either four or eight from the mod-

ulator clock, as was shown in Figure 4.37. A programmable clock divider

of Figure 4.41 produces the necessary divided clock signals with proper

duty cycles. The input clock divided by two is used for the modulator.

In SC circuits, non-overlapping clock signals for the different phases are

needed to ensure correct charge transfer. The non-overlapping time for

the S/H and the modulator is created by a standard clock generator con-

structed of two inverter chains and NOR gates, and is determined by the

total delay of the inverter chain. Since the clock frequency is low, a rela-

tively long nonoverlap time (10ns) for the clocks is used. Instead of a long

inverter chain, 0.5-pF capacitors are placed in the internal nodes of the

clock generator.

4.3.3 Measurements

The chip was fabricated in a double-poly 4-metal 0.35-µm CMOS process,

and packaged in a 20-CDIP ceramic package. The author carried out

the measurements from a 4-layer PCB. The modulator top-level layout

is shown in Figure 4.42. As there were only five packaged samples avail-
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Figure 4.41. The clock divider

able, the chip was not photographed. The total area including the core

and the IO pads is 2.29 mm2. The core occupies 0.3 mm2, half of which is

occupied by the S/H capacitors and the other half by the modulator.

The measurement set-up is presented in Figure 4.43. The input DC

voltage is obtained from a Hewlett- Packard (HP) E3631A voltage source.

The supply voltages V DDANA and V DDDIGI are generated with on-board

voltage regulators and the analog signal ground VCM is divided from the

supply by employing an adjustable resistor. The reference voltage VREF is

generated from a low-noise battery with an on-board potentiometer, and a

large filtering capacitor (470 µF) is placed in this node. The DC currents

IBIASA and IBIASC are obtained from a HP 3245A universal source.

The input clock signal is fed to the chip from an Agilent 3 3250A function

generator and the differential input signal from a Stanford Research Sys-

tems DS360 signal generator. The output bit is buffered with an on-board

inverter, then fed into a Tektronix TLA 720 logic analyzer, transferred to

the Matlab program and analyzed.

The measured output spectrum with the 50-pF S/H sampling capacitors

and a sampling frequency 1/4 that of the modulator is presented in Figure

4.44. The spectrum is calculated with a 524288-point FFT using Kaiser

windowing. The measured second and third harmonic components HD2

and HD3 are -102 dBc and -97.5 dBc, respectively. The strongest inter-

ference component is at 50 Hz, which is systematically present in every

spectra and can be assumed to be caused by network disturbance. The

peak SNDR of the modulator with high S/H sampling frequency (1/4 of

the modulator) and large sampling capacitors (50 pF) is 86 dB, obtained

with an input amplitude 6 dB below the reference voltage. Decreasing the

sampling frequency to 1/8 of the modulator and capacitor size to 25 pF de-

creases the SNR by 3 dB, because of the larger drop in the sampled volt-
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Figure 4.42. The modulator top-level layout (photograph not available because of limited
amount of packaged samples)

Figure 4.43. Measurement set-up of the ∆Σ modulator
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age. All output spectra in different modes are presented in Figures 4.44 -

4.47. In these Figures, mode ’5014’ means 50-pF S/H sampling capacitors

and 1/4 S/H frequency, and so on. The power consumption of the modula-

tor is 28 µW. The total power of a real pressure sensor system would be

dominated by the sensor element, which is inversely proportional to the

S/H sampling frequency, being an order of 50 µW at the minimum. The

performance of the modulator is summarized in Table 4.4. Explanations

of the operation modes mentioned in Table 4.4 are given below. Increasing

the S/H sampling frequency and the capacitor size enhances the SNR at a

cost of higher system power consumption (the modulator power consump-

tion however remains constant).

• Mode 5014: S/H front-end uses 50-pF sampling capacitors and runs at

a clock frequency of 1/4 of that of the modulator

• Mode 5018: S/H front-end uses 50-pF sampling capacitors and runs at

a clock frequency of 1/8 of that of the modulator

• Mode 2514: S/H front-end uses 25-pF sampling capacitors and runs at

a clock frequency of 1/4 of that of the modulator

• Mode 2518: S/H front-end uses 25-pF sampling capacitors and runs at

a clock frequency of 1/8 of that of the modulator

4.3.4 Conclusion

The author implemented and measured a second-order single-stage single-

bit 16-kS/s 0.35-µm CMOS ∆Σ modulator for pressure sensor applica-

tions. The main challenge of the design was to achieve high accuracy

with a low total system power budget. In the modulator design it was

thus critical to achieve enough DC gain of the OTA used in the integra-

tors. The measurement showed that a linearity of 15.7 bits is achievable

with a single-stage amplifier. The modulator consumed 28 µW of power,

which would be a minor part of the complete system. The author imple-

mented also a programmable S/H front-end, where its sampling capacitor

and sampling frequency are selectable to be 25/50 pF and 1/4 or 1/8 of the

modulator clock frequency, respectively, in order to be able to reduce the
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Figure 4.44. Measured output spectrum, mode ’5014’

system power at a cost of slightly deteriorated (3 dB) SNR. The S/H sam-

ples a pressure sensor only a short portion of the sampling period, and the

voltage is stored in the sampling capacitor. At a minimum, the power of

an external pressure sensor, the dominant consumer, could be reduced to

around 50 µW.

4.4 Summary of the prototype ADC ICs

This chapter presented three prototype ADC ICs, targeted for a SAR re-

ceiver and pressure sensors. The former application case utilized a pipeline

ADC and the latter one a ∆Σ modulator. Good compatibility of the pipeline

ADCs for medium-accuracy high-speed applications was further increased

by the author. The programmable resolution of the two presented ADC

prototypes enable the performance optimization for several cases, accord-

ing to the required accuracy and the power budget. The measurements of

the successfully implemented multi-mode pipeline ADC proved its excel-

lent suitability for SAR receivers. The total power consumption of the

receiver was only 75% of the budgeted limit, even in the 8-bit resolu-

tion mode. The performance of the ADC, particularly its energy efficiency,
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Figure 4.45. Measured output spectrum, mode ’5018’

could be further improved by optimizing each cascaded pipeline stage sep-

arately.

A typical sensor application requires an ADC of very low power and high

accuracy. This chapter introduced a robust second order ∆Σ modulator

achieving linearity of 15.7 bits, the peak SNDR of 86 dB (14 bits) and

power consumption of 28 µW. Its minor contribution to the total power

of a typical pressure sensor system makes usage of the implemented ∆Σ

modulator favourable in this application case.
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Figure 4.46. Measured output spectrum, mode ’2514’

Figure 4.47. Measured output spectrum, mode ’2518’
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Table 4.4. The modulator summary

Process 0.35-µm CMOS

Supply voltage 2.0-3.3 V

Input range 0.7 Vppdiff

Bandwidth 30 Hz

OSR 256

Area (core+IOs) 2.29 mm2

Power 28 µW

Mode 5014 5018 2514 2518

Peak SNDR[dBc] 86 85.5 85 83
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5. High-speed IO Drivers for Wideband
Transceivers

5.1 Introduction and motivation

As data rates of modern transceivers are increasing, the optimal design

of IO interfaces becomes more critical. This is especially an issue in se-

rial form data transmission, which is utilized for pin count savings to

reduce material costs and to keep the device sizes compact. For example,

a modern mobile phone includes a large amount of different applications

supported by a processor, which communicate with a camera, display and

memory management modules. Design of a high-speed IO (several Gbps

or more) interface for this kind of application includes a power consump-

tion versus noise coupling trade-off. The coupled interference at different

radio receivers in the vicinity of the serial link should be minimized, while

power consumption of an IO must be kept low particularly in battery-

powered systems. The former requirement can be fulfilled by using fully

differential drivers, while certain voltage-mode structures enable lower

power consumption, thanks to their ability to operate with ultra-low volt-

ages.

A low-voltage power-efficient high-speed voltage-mode transmitter for

MIPI-MPHY was developed in one of the research projects to which the

author was attached. The entire system included the actual output driver,

the power management, data synchronization and clock generation. The

author designed the three formerly mentioned blocks, excluding the clock

generation. Furthermore, the author was responsible for implementing

on-chip test data pattern generators for different testing purposes. This

chapter discusses the design of high-speed IO interfaces, the main focus

being on the designed MIPI-MPHY serial link transmitter [9, 10], to be

presented in Section 5.2. MIPI-MPHY is a physical layer developed par-
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ticularly for mobile applications. The main features of the layer are low

pin count and good energy efficiency, and it supports large and small am-

plitude modes and three different data rates. Because of the high data

rate, 5.80 Gbps at maximum, it is challenging to keep the coupled noise

sufficiently low level so as not to disturb radio receivers inside the same

device. In this chapter, the design of a voltage mode transmitter driver

is presented. Ultra-low-voltage operation with a 200-400-mV supply en-

ables good power efficiency. Minimizing the CM noise of the output is the

most important design target. The discussion of the design will be fol-

lowed by experimental results of the implemented 40-nm CMOS voltage

mode driver, showing state-of-the-art noise performance.

This chapter will be completed by two additional circuit implementa-

tions designed by the author. These include an 8-Gbps LVDS receiver IO

driver for a LTE base station transmitter and an 8-GHz input buffer and

LO divider operating at four times the frequency of the actual local oscilla-

tor. The motivation for operating at such high frequencies was to increase

the testing flexibility of the first transmitter prototype by utilizing a field

programmable gate array (FPGA) board. Serial input data transmission

was used to be able to drive all necessary bits to the CMOS chip operating

at 2 GHz, without any need for an excessive amount of IO pads. In this

case, it is important for the LVDS to provide sufficiently high amplitude

output to be fed to the following logic. The correct operation of the LVDS

was post-layout simulated to go down to a 80 mVPPDIFF differential input

swing. An LO divider providing a 2-GHz clock signal was implemented by

employing D-latches in a feedback loop. Correct operation of the LO sec-

tion was simulated to be up to 12 GHz in the slowest process corner.

5.2 A 5.8-Gbps low-noise scalable low-voltage signaling serial link
transmitter for MIPI M-PHY in 40-nm CMOS

The MIPI Alliance, and its physical layer (M-PHY) [115], specifies several

high data-rate protocols to be used in mobile terminals. These are, for in-

stance, the Low Latency Interface (LLI) used primarily for sharing DRAM

memory between the application processor and the modem/baseband pro-

cessor, general-purpose interface UniProSM , the camera interface CSI-3,

the DigRFSM interface connecting LTE or WiMax RF IC and baseband IC,

and the DSI interface to support increased screen resolutions while also

including support for external monitors through connections like HDMI.
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The M-PHY standard has been adopted also by other major players in

the market like JEDEC JC-64.1 Universal Flash Storage (UFS) [116],

the USB 3.0 Promoter Group’s Superspeed Inter-Chip (SSIC) specifica-

tion [117], as well as by PCISIG as M-PCIe utilizing the PCIe architec-

ture over M-PHY [118]. An example block diagram of the usage of the

MIPI interfaces (bolded) is shown in Figure 5.1. A common solution in

mobile devices, where the space is limited, is to utilize serial buses for

high data rate internal connections. Hence, serial interfaces with LVDS

levels and up to 6-Gbps bit rates have emerged. However, high data-rate

wireline circuits operating in close proximity to several different radios

leads to a very challenging EMI environment. Thus, noise issues become

critical, while targeted good power efficiency limits the circuit solutions.

In this chapter the design of an experimental serial link transmitter for

M-PHY is presented. A specific question related to future standardiza-

tion is the CM noise level of the transmitted signal, and here it will be

experimentally verified that the SLVS driver can meet the stringent re-

quirements of the mobile devices. The circuit entity that has been de-

signed consists of the actual SLVS driver, an all-digital phase-locked loop

(ADPLL) based clock signal generator with a frequency multiplier, and an

internal test pattern generator with pseudo-random binary sequences. In

Section 5.2.1 an overview of the design challenges related to an M-PHY

serial link transmitter will be given. Section 5.2.2 presents the system

architecture and explains the operation modes of the transmitter. Circuit

implementations of the key blocks will be described in Section 5.2.3. In

Section 5.2.4 the measurement results will be presented.

Figure 5.1. Example of usage of MIPI interfaces
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5.2.1 SLVS Driver Design Challenges

One of the key targets of the M-PHY development was to enable high

power efficiency in multi-gigabit-per-second drivers, while providing matched

output impedance (typically 100 Ω differential) and large enough signal

amplitude for up to 5–30 cm long wire interconnections. In the mobile de-

vice environment, the impedance matching of the driver to the character-

istic impedance of the connecting transmission line is essential to dampen

coupled interferences to, for example, a 3G/4G antenna in the proximity

of the serial interface. Potential resonance oscillations, initiated by the

CM noise of the differential signal or by differential signal itself, need

to be also dampened by matched termination. Many driver implementa-

tions today use current-mode logic (CML) [119, 120] or LVDS [105] out-

put buffers that meet the M-PHY specification with proper driver end-

termination and have low CM noise, but power consumption is typically

several times higher than with a SLVS buffer [119, 121]. For achieving

low power consumption while driving a 50-Ω line, low DC voltage levels

need to be used. A matched voltage mode driver of Figure 5.2 consumes

static power of 0.2 mW with a 100-mV output DC level (200-mV supply

voltage) and 0.8 mW with 200-mV DC level (400-mV supply). The target

here is to implement a 200-400-mV SLVS driver with 100–200-mV CM

level to achieve low power consumption.

Figure 5.2. Voltage mode IO driver

Unfortunately, a common challenge is that voltage mode output buffers,

like the structure of Figure 5.2, may generate too much CM noise for the

120



High-speed IO Drivers for Wideband Transceivers

mobile device environment with very sensitive radio circuits like 3G/4G

cellular and GPS receivers [122]. Analysis of the differential to CM noise

coupling and attenuation level of coupling between the serial link trans-

mitter (TX) and receiver (RX) was presented in [122]. The exact value for

the coupling is highly design-dependent but to give a single value for the

forthcoming calculation, a good design with an attenuation of 50 dB from

TX to RX is assumed. Now, the thermal noise level at room temperature is

-174 dBm/Hz, and to avoid the impact of the coupled TX noise, it needs to

remain a few dB (e.g. 6 dB) below the noise floor. Thus, the TX noise level

needs to be below -130 dBm/Hz that is kept here as the target level. The

measurements (Section 5.2.4) indicate that the CM noise power density

of a SLVS driver can be kept below the target limit of -130 dBm/Hz. One

of the main sources of noise is the momentarily existing unmatched ter-

mination during the signal transition phases. The CM noise contribution

of those events can be reduced by utilizing a pre-driver having short fall

and rise times of the data waveform. This approach results in the SLVS

remaining unmatched for a shorter period of time, and this minimizes the

noise contribution. Moreover, low noise is achieved with a careful lay-

out design. Good equivalence of the differential signal paths leads to low

differential-to- CM noise conversion.

With a SLVS buffer one key element for low system power consump-

tion is energy-efficient generation of a low 200–400-mV DC supply for the

driver. For that purpose, a low-dropout regulator (LDO) was designed.

The LDO provides a low-impedance, low-noise stable 200-400-mV supply

voltage source for SLVS from as low as a 300–600-mV input DC voltage.

The power loss in the designed LDO is only 0.1 mW when supplying 200

mV and 1 mA current drawn by the SLVS, and 0.4 mW with 400 mV and

2 mA.

5.2.2 System Architecture

Figure 5.3 presents the top-level block diagram of the serial link transmit-

ter. It consists of the actual driver with the LDO and synchronizing stage,

clock generation circuitry, pseudo-random binary sequence (PRBS) gen-

erators for internal test pattern generation, and a control bus interface.

In this work, the author’s focus has been on the driver, LDO, synchroniz-

ing stage and test pattern generation. Description of the clock generation

implemented by the author’s colleagues can be found in [10, 123]. The

key blocks of the driver part of Figure 5.3 are sense amplifier based flip-
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Figure 5.3. System architecture of the serial link transmitter

flop (SAFF) for synchronizing the data with the clock, the LDO to provide

a supply voltage for the SLVS driver, and the actual output driver. The

input voltage of the LDO would be generated using a DC–DC converter,

such as [124]. It is however not implemented in this prototype and an ex-

ternal supply is used. A frequency synthesizer including a ring oscillator,

frequency multipliers and ADPLL is utilized for clock generation. Fre-

quency multiplication with factors 1, 2, or 4 is used to set the desired data

rate. In order to cover the whole clock frequency range [125], the syn-

thesizer generates clock frequencies between 1.2 and 5.8 GHz from the

standard mobile device reference frequencies of 19.2 or 26 MHz. Thus,

this circuit is directly applicable to such mobile devices. For testing pur-

poses, also an external full-speed clock signal can be buffered and directly

fed to the driver part.

5.2.3 Implementation

SLVS Driver

The output driver transmits a 200-400-mVPPDIFF 1.25-5.8-Gbps data stream,

compatible to MIPI MPHY specifications. A SLVS type driver has been

introduced for example in works [126–133]. The driver implementation
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by the author is shown in Figure 5.4 with tri-state pre-drivers [9, 10].

This type of voltage mode driver achieves much lower power consumption

compared to conventional differential structures, CML and LVDS, at cost

of assumed worse noise properties. CM noise power density below -130

dBm/Hz at the SLVS output is the design target in order to keep the dis-

turbances below the thermal noise floor at sensitive radio receiver inputs

operating inside the same mobile device. This is a key issue of the driver

design.

The core of the driver consists of programmable common source (CS)

units and source follower (SF) NMOS devices. The supply voltage of the

SLVS can vary from 200 to 400 mV, while the preceding inverter stage is

supplied by the nominal (1.1 V) voltage. The SLVS transistors have thus

large overdrive and small drain-to-source voltages, and they operate in

the triode region, except during the data transitions. Ideally the NMOS

devices act as 50-Ω switches in fully conducting state, and the output is

matched to a 50-Ω (100-Ω differentially) terminated receiver input. In

order to compensate the process variations of this steady-state impedance,

the output impedance, i.e. the amount of activated CS units, is controlled

with a 3-bit control word. This way, the impedance variation can be kept

below 10 %, and correspondingly reflections from a 100-Ω load are less

than 5.3 %. When not used, the corresponding CS transistor is cut off.

The circuits of Figure 5.4 can be powered down in order to measure the

power consumption of other blocks separately.

The output impedance does not equal to 100 Ω during the data transi-

tions, when CS and SF are opening or closing. The resulting impedance

variation during these events has been reduced by designing the cross-

ing point of the positive and negative pre-driver output waveforms to be

slightly above half of the supply voltage and by utilizing a series resis-

tor with the SF to reduce its variation. This way, the output impedance

during transitions is formed by parallel CS and SF, each of which weakly

conducts, and, consequently, the variation from the ideal value 50 Ω is

decreased. Moreover, large tri-state pre-drivers are placed between the

SAFF and the SLVS in order to reduce the unmatched transition time.

This helps also to minimize CM noise contribution originating from the

data transitions, which are the dominant noise sources on the driver side.

When the output is changing, the impedance of the CS of one and the

SF of the other branch change differently, which cause CM interference.

Therefore, minimizing the duration of the transition event diminishes the
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energy of the CM disturbance.

Figure 5.4. Programmable SLVS Driver

Synchronizing Stage

A flip-flop stage preceding the pre-driver is needed to synchronize the data

with the clock. Since commonly used CML latches [134] consume static

power, an alternative approach is selected here. The SAFF (Figure 5.5)

[135] is known to be one of the fastest CMOS flip-flops. Fully dynamic

power consumption makes it an attractive candidate and a speed of 5.8

Gbps with 10 % safety margin can be achieved. Post-layout simulations

showed SAFF structure operating correctly up to 6.3 Gbps. Power con-

sumption of a CML latch was simulated to be roughly three times that of

the SAFF at 5.80 Gbps. Therefore, the SAFF is preferred over CML. It

consists of a sense amplifier stage with a latch load followed by a set/reset

(SR) latch stage. Operation of the SAFF is as follows. When the posi-

tive data input is one (DINP is high) at the rising clock edge, node SN is

pushed to zero and thus RN is kept in VDD. The result is stored in the

modified SR latch by Strollo et al [135], thus the output (DOUTP , DOUTN )

is kept stable during the reset phase (CLK is low). Modification of the

SR latch adds data and clock driven transistors to the basic structure,

and enables more complementary outputs than a basic SR latch [135]. To

guarantee a pull-down path for the SN during high CLK, the SAFF in-

cludes a NMOS device MPD [135]. The preset (PST) signal powers down

the SAFF by driving the output to VDD, enabling the measurement of the

power consumption of the other blocks separately. Clear (CLR) is fixed to

the ground.
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Figure 5.5. Sense-Amplifier Based Flip-Flop

Low-Dropout Voltage Regulator

The LDO needs to provide a low-impedance low-voltage (200–400 mV)

stable supply for the SLVS driver. To maximize the efficiency of the sys-

tem, the drop-out voltage from the LDO input to the output should be

minimized. For this purpose, a LDO structure depicted in Figure 5.6

is a suitable choice, as only a single drain-to-source voltage drop is re-

quired. The negative feedback loop, formed by the operational amplifier,

source follower pass transistor MDO and resistive division network, forces

the output V DDL (200–400 mV) to follow the reference voltage (100–200

mV). A two-stage Miller-compensated operational amplifier is suitable for

low-voltage operation and was therefore used in the loop. Low output

impedance is provided by the feedback loop within the loop bandwidth

(200 MHz). Instead of using the nominal supply voltage VDD (1.1 V) as

the LDO input (LDOIN ), the LDO is designed to operate with a 100–200-

mV voltage drop over the MDO. Lowering of the voltage LDOIN increases

the efficiency at a cost of a slightly degraded power supply rejection ratio

(PSRR). This degradation was simulated to be in the order of 3 dB, when

LDOIN decreases from 1.1 V to 0.6 V. The LDO supply voltage LDOIN is

taken externally in the designed prototype circuit [9, 10]. In a real appli-

cation, LDOIN would be generated from a higher voltage with a switching

SC DC-DC converter [124, 136–142], and the LDO just filters out spurious

tones originating from the DC-DC converter, and provides a stable and

clean SLVS supply voltage. At the DC, the PSRR of the LDO is roughly

75 dB, and, at 800 MHz, it reaches the minimum of 22 dB. Switching fre-

quencies of SC DC-DC converters are typically from a few tens of MHz to
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some hundreds of MHz. Thus, the designed LDO is assumed to attenuate

more than 25 dB of the disturbances that originate from the switching

transients.

The designed LDO employs internal frequency compensation, and there-

fore the loop bandwidth is limited by gm of the input pair of the amplifier

and the compensation capacitor CC between the two stages. The result-

ing RHP zero and the non-dominant load pole of the second stage (gate

of MDO) are designed to cancel each other. Hence, a resistor Rz is added

in series to the compensation capacitor. The source follower output stage,

driven by the amplifier, introduces a zero and pole, the former of which

is determined by gmsf of the source follower and the gate-source capaci-

tance, and the latter by gmsf , the load resistance RL and the capacitance

Co. In this case the load resistance consists of the SLVS driver, forming a

200-Ω resistor in a matched termination (100-Ω receiver input) condition.

The zero and pole can be pushed to several times above the loop band-

width by using a very large gmsf . It should be noted that the SLVS supply

voltage V DDL and consequently the supplied current can vary, and thus

gmsf must be selected according to the minimum SLVS supply of 200 mV.

A feasible gmsf is the order of a few tens of mS with a 1 mA DC current.

This makes it possible to use a capacitor Co of 10 pF, which supplies the

fast transient current spikes required for switching the SLVS output and

provides low output impedance at high frequencies. The simulated loop

gain, loop bandwidth and phase margin of the LDO arrangement are 46

dB, 200 MHz and 70o, respectively.

Figure 5.6. Low-Dropout Voltage Regulator
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Test signal generation

Test input patterns for the output driver can be selected between the ex-

ternal input and the on-chip 4, 10 or 17-bit PRBS generators. An internal

test pattern generation is included in order to be able to create the pat-

terns at full speed 5.80 Gbps. With the 4-bit PRBS having the sequence

length of 24 − 1 = 15 it is easy to check the correctness of the output,

whereas longer sequences (217−1) are suitable for accurate measurements

of CM noise where more random-like data is desired. An N-bit PRBS gen-

erator is constructed of N shift registers and an exclusive- or (XOR) gate.

To implement the longest possible (2N − 1) sequence, inputs to the XOR

are taken from proper register outputs (e.g. 4th and 3rd to implement a

4-bit PRBS) [143]. A 4-bit PRBS generator is shown in Figure 5.7. The

clock signal CLK is provided either by the frequency multiplier output fol-

lowing the ADPLL, or by an external source. The RESET pin is included

in the structure to avoid the locked all-zero state, which can occur when

inputs of the XOR are zero (start-up) and are not driven to state ‘1’. The

17-bit PRBS is implemented in a similar manner, and the feedbacks are

taken from the outputs of the 17th and 14th flip-flops. The clock-to-output

delay of the registers must be less than the clock period. Particular care

has to be taken with the feedback nodes, so that total delay of the driving

register and the XOR gate is below one clock period. Therefore the same

SAFF structure as in the data synchronization is utilized here.

Figure 5.7. 4-bit PRBS generator

The 10-bit PRBS consists of two parallel 10-bit structures operating at

half speed to leave a safety margin for maximum operation frequency.

Hence, delays of the registers are less critical than in the 4-bit and 17-

bit PRBSs. Clock signal at half speed can be selected from the frequency

multiplier output (x2) or from the flip-flop-based frequency divider driven

by an external full-speed clock. The final output of the 10-bit PRBS oper-

ating at full clock frequency is obtained by combining the outputs of the
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PRBSs with a 2-to-1 multiplexer. To maximize the length of the sequence,

the feedback nodes of the PRBSs are selected in such a way that these two

lengths have as small a common factor as possible. This can be achieved

by feeding back the 7th/10th and 9th/10th outputs of the registers.

As the actual test data input, the system includes an interface for ex-

ternal data, consisting of a tri-state inverter, cross-coupled inverters and

buffer inverters.

Clock generation

In the primary mode of the transmitter, the synchronizing clock signal is

provided by the frequency synthesizer, which is discussed in more detail

in [10, 123]. In the secondary mode, it is possible to drive an external

full-speed clock directly to the chip. For that purpose, a clock amplifier

followed by inverter buffers (Figure 5.8) was implemented. The front-

end open-loop amplifier consists of two differential pair stages in order to

provide a voltage gain of 10 dB at 6 GHz. A frequency divider, formed by

the flip-flop in negative feedback, is employed to provide a half-rate clock

for the 10-bit PRBS described earlier in this section.

Figure 5.8. Buffer for an external clock input

5.2.4 Measurements

The chips were fabricated in a 40-nm CMOS process and wire bonded to

a double layer PCB. The microphotograph of 1mm×1mm chip is shown in

Figure 5.9 As can be seen, the ADPLL consumes the largest part of the

area, whereas other key blocks occupy only a minor part.

The measurement set-up for the serial link transmitter IC is shown in

Figure 5.10. The most important measurement instruments are a 6-GHz

20-GS/s Agilent Infiniium 54855A oscilloscope and a Rohde-Schwartz spec-

trum analyzer used for signal integrity, jitter and noise measurements.
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Figure 5.9. Microphotograph of the serial link transmitter IC

Low-jitter signal sources (Agilent 33250A and Rohde-Schwartz) are uti-

lized as the frequency reference and external full-speed clock inputs, re-

spectively.

Frequency range

To demonstrate correct operation of the transmitter, 4-bit PRBS data was

first used. Figure 5.11 shows the measured transmitter output with 4-bit

5.8-Gbps PRBS test data (‘111100010011010’). Figures 5.12 - 5.13 show

the eye diagrams with 17-bit PRBS test data and nominal and halved

SLVS supply voltage, respectively. The eye width is approximately 148

ps (0.86 unit interval UI) and height 280/154 mV, respectively. The max-

imum speed with correct operation was measured to be around 6 Gbps.

When a 1010 (sinusoidal) pattern was fed to the actual data input, a clean

eye diagram up to 6.1 Gbps was observed.

Jitter

Jitter performance of the transmitter determines the bit error rate (BER)

of the system, which makes it an essential parameter to be measured. It

can be assumed that the primary contributor of jitter is the clock synthe-
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Figure 5.10. Measurement set-up o the serial link transmitter

Figure 5.11. Measured waveform of the transmitter output with 4-bit PRBS 5.8-Gbps
test pattern

sizer, as the driver part (SAFF, SLVS) does not include structures causing

a significant amount of jitter. The jitter of the transmitter was measured

with a 6-GHz 20-GS/s oscilloscope performing data time interval error

(TIE) analysis. The jitter profile measured with 5.8-Gbps 4-bit PRBS is

shown in Figure 5.14. Total amount of hits is ten million. A peak-to-peak

jitter Jp−p approximation at a BER of 10−10 was done from the measured
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Figure 5.12. Eye diagram with 17-bit PRBS 5.8-Gbps test pattern

Figure 5.13. Eye diagram with 17-bit PRBS 5.8-Gbps test pattern and halved supply
voltage
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jitter profile. Since there was not a BER tester available, the approxima-

tion is based on TIE measurements performed with the oscilloscope. A

relation between BER and peak-to-peak jitter (Jp−p = Jdet + KJRMS , K =

12.72 at BER of 10−10) [144] was utilized. An external low-jitter sinusoidal

source was used as the clock input. Deterministic (Jdet) and root mean

square (rms) of random jitter (JRMS) with 1.45/2.9/5.8-Gbps 4-bit PRBS

was approximated to be 4.0/8.5/12.8 ps and 1.4/1.45/1.95 ps, respectively,

corresponding to peak-to-peak jitter of 0.032/ 0.078/0.218UI at a BER of

10−10. When feeding the 1010 pattern to the test input, random jitter

(approximately equal to the 4-bit PRBS test data) dominates. With the

internal clock generation the total jitter is dominated by the synthesizer.

Root mean square (RMS) jitter of 20 ps corresponds to 255 ps (0.38UI at

1.45 Gbps) peak-to-peak jitter at BER of 10−10. Excessive jitter caused by

the driver part (clock buffers, SAFF, SLVS) was approximated by using

the external clock and external data (101010 pattern) mode and calculat-

ing RMS jitter from phase noise measured with a signal source analyzer.

This showed the excessive RMS jitter to be in the order of 100 fs at each

data rate.

Figure 5.14. Measured jitter profile with 5.8-Gbps 4-bit PRBS

Common-mode noise

To measure the CM noise power density, a resistive (100 Ω differentially)

power combiner was connected between the outputs of the SLVS. The
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spectrum was measured with a signal analyzer from the CM point of the

combiner. The result was transferred into Matlab for processing. 17-bit

PRBS test data were used to obtain a more random-like power spectrum

than a 4- or 10-bit PRBS. The main contributors to CM noise on the chip

side are the MOSFET mismatches of the SLVS driver and the unmatched

output impedance during the data transitions. Furthermore, any imbal-

ance in the differential load (bond wires, PCB traces) transforms the dif-

ferential noise partly into CM. Figures 5.15 - 5.17 show the measured

CM noise power density with 17-bit 1.45/2.9/5.8-Gbps PRBS test data. At

frequencies above 3 GHz, the CM levels are closer to each other. This

suggests the load imbalance that causes the differential-to-CM noise con-

version and coupled interferences from the 1.1-V pre-drivers to be the

dominant CM contributors at low/high frequencies, respectively. These

measurement results are below the target level (-130 dBm/Hz) discussed

earlier in this chapter. With a nominal 400-mV supply the noise level

remains below -138 dBm/Hz, and with a 200-mV supply level it remains

below -142 dBm/Hz. The corresponding integrated noise voltages at a 5.8-

Gbps data rate are 1.4 mV rms with a 400-mV supply, and 1.1 mV rms

with a 200-mV supply. These noise measurements were caried out for two

samples. In [145], where output driver transistors are used in inverter-

like fashion with series resistors, the CM voltage was reported to be 5–9

mV RMS depending on termination. This would correspond to -127–132

dBm/Hz over 8.5-GHz (data rate in [145]) band.

Power consumption

Power consumption of the digital blocks (SAFF and pre-drivers) is dy-

namic and therefore it is scaled with the clock frequency. However, the

LDO and 100-Ω differentially terminated SLVS consume static power.

Thus, the total power consumption does not scale with data rate, and

the system is most energy efficient at the maximum clock frequency at

which the driver part achieves 0.44 mW/Gbps with halved SLVS supply

voltage, whereas at 1.45 Gbps and nominal SLVS supply, the efficiency

is 1.4 mW/Gbps. The overall power efficiency of 2.6–2.9 mW/Gbps is

achieved at 2.9 Gbps. The efficiency of the transmitter can be calculated

as Efftrans =
∑i=k

i=1 UiIi/fdata, where Ui, Ii, k and fdata are a supply volt-

age domain i, the corresponding drawn current, the amount of the supply

domains and data rate, respectively. Table 5.1 shows a comparison of the

transmitter power efficiency with prior work. To make the results more
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Figure 5.15. Common-mode noise with 17-bit 1.45-Gbps test pattern

Figure 5.16. Common-mode noise with 17-bit 2.9-Gbps test pattern
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Figure 5.17. Common-mode noise with 17-bit 5.8-Gbps test pattern

comparable, the absence of the phase-locked loop (PLL) and the inclusion

of the receiver part are mentioned. Because the input voltage of the LDO

would be generated with a DC-DC converter in a real application, but was

not implemented in this design, the table shows the efficiency at 5.8 Gbps

also with a nominal 1.1-V supply used for LDOIN . Then, driver efficiency,

including SLVS, SAFF and LDO, with a halved and nominal SLVS supply

translates from 0.44 to 0.55 mW/Gbps and from 0.6 to 0.75 mW/Gbps. The

energy efficiencies, driver stand-alone part (SAFF, LDO, SLVS) and total

efficiency are separated to Table 5.1.

Conclusions

A 40-nm CMOS 1.25–5.8-Gbps serial link transmitter was presented in

this section. The design showed the feasibility of a 5.8- Gbps 200–400-

mV SLVS using CMOS pre-drivers to achieve lower power consumption

compared to CML. The SLVS transmitter achieved an energy efficiency

of 0.44 and 2.6 mW/Gbps with external and internal clock generation, re-

spectively. The former number translated to 0.55 mW/Gbps when a nom-

inal 1.1-V supply fed the LDO input.

With the external clock, the approximated peak-to-peak jitter was 0.032/

0.078/0.218 UI (1.45/2.9/5.8 Gbps) at BER of 10−10. With the synthesizer
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Table 5.1. Performance comparison of serial link transmitters

Work Process Data Output Efficiency Efficiency Transmitter

[nm] rate swing w/o PLL with PLL topology

[Gbps] [mVPP ] [mW/Gbps] [mW/Gbps]

[126] 65 10 1.9 Inverter/

(incl receiver) SLVS

[127] 90 5 200 1.72 SLVS

[128] 90 6.25 200 0.8 1.36 SLVS

[129] 180 3.6 50-200 2.08 SLVS

[130] 90 6 100-400 1.26 SLVS

[131] 90 0.5-4 100 0.6 1.4 SLVS

[145] 65 8.5 1000 11 SST

[146] 65 5-15 100-160 1.5-2.27 CML

[147] 65 12.5 150 0.41 0.46 Inverter

[148] 45 7.4 800 4.32 SST

[149] 32 11.8 800 2.97 CML

Our 40 1.25-5.8 200-400 0.44-1.4 2.6-4.7 SLVS

work

0.55-0.75

@1.1-V LDO IN

@5.8 Gbps
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a peak-to-peak jitter of 0.38 UI at 1.45 Gbps was estimated.

A pre-assumed drawback of a SLVS driver is its inherently higher CM

noise compared to LVDS and CML. The main challenge of the SLVS driver

design was to achieve low output noise and low power simultaneously.

One of the primary contributors to the CM noise, the unmatched output

impedance of the CS and SF devices of Figure 5.4 during the data tran-

sitions, can be reduced by minimizing the transition time by driving the

SLVS with sharp-edged data waveform. Experimental measurements of

the SLVS showed a sufficiently low CM noise level for MIPI transmitter

purposes. The measured noise level stays below -138 dBm/Hz over the

6-GHz band. This results in the noise contribution to be well below the

thermal noise level if an attenuation order of 50 dB from the serial link

to a receiver is assumed. To the best of the author’s knowledge, the mea-

sured noise of the implemented SLVS driver is original research work,

and was first published in [10]. Thanks to its low power and tolerable

output noise level, the SLVS driver is a worthy structure to be utilized for

internal communication of mobile devices.

5.3 An outphasing transmitter for Base Stations

This section discusses the high-speed IO interfaces of an outphasing trans-

mitter developed for base stations. In the project, the role of the author

was to design a high-speed (8-Gbps) LVDS driver for serial form input

data, and an 8-GHz LO signal buffer and frequency by four divider for

RF input operating at four times the LO frequency. The top-level block

diagram of the entire transmitter is shown in Figure 5.18. The LVDS

is driven by a FPGA, and the LO driver feeds the digital front-end and

delay-locked loop (DLL) generating phases for the phase modulator.

5.3.1 Local Oscillator buffer for Multi-Gigahertz Wideband
Transmitters

This section presents the author’s implementation of an 8-GHz LO inter-

face, consisting of a 50-Ω matched input buffer and a frequency by four

divider. The input signal operates at four times the actual LO frequency.

The high input frequency is needed for testing purposes of the first pro-

totype of a base station transmitter implemented in 28-nm CMOS. For

testing flexibility, this prototype utilizes a FPGA board to implement part
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Figure 5.18. Block diagram of the complete first prototype transmitter.

of the necessary digital signal processing (DSP). To be able to drive the

required amount of input bits to the chip without a very large amount

of IO pads, serial form data transmission is used. This requires the flip-

flops of the front-end to be sampled with a clock operating at four times

the LO frequency. The actual LO signal is needed in the digital part and

in the phase modulator used in the transmitter. The transmitter topology

is based on the outphasing concept, and thus quadrature generation, two

LOs operating at a 90o phase shift, is not required.

The schematic of the designed input buffer, LO division and layout of

the whole LO section is presented in Figure 5.19. The input buffer is im-

plemented as a self-biased pseudo-differential inverter to maximize the

output swing. It is justified here to utilize a pseudo-differential structure

as quadrature generation is not needed and thus phase misalignment of

positive and negative branches of the fast 4fLO signals is less critical.

The inverter is designed to provide full-scale output at 8 GHz with a -3-

dBm input signal. All 8-GHz clocks fed to the serial input and the fre-

quency divider are further buffered, thus guaranteeing rail-to-rail clock

signals. The 8-GHz clock signal is buffered for serial-to-parallel convert-

ers (S/P) converting 8-Gbps serial input data into four parallel 2-Gbps

outputs. The basic LO at fLO (2 GHz) is used by the S/P, digital and ana-

log parts (DLL). Therefore, a flip-flop based frequency by four divider is

employed. A source-coupled latch was found to be a very suitable struc-

ture for this high-speed operation, providing a 30% safety margin in all

process corners. A post-layout transient simulated waveform in the slow-
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est process corner is depicted in Figure 5.20, showing the input, buffered

and divided LO signals.

5.3.2 An 8-Gbps LVDS IO interface

In the prototype of a 28-nm CMOS base station transmitter (Figure 5.18)

a FPGA board provides the serial form input bits for the chip, as was

explained in Section 5.3.1. The voltage swing at the FPGA output is not

rail-to-rail, but can be selected between 270-1119 mVPPDIFF . Therefore,

a 50-Ω terminated input LVDS driver, shown in Figure 5.21 a, is designed

to be used between the FPGA and the S/P converter. M0 −M4 form the

actual driver, and a CMFB consisting ofM5−M9 determines and stabilizes

DC level of the driver output. The driver provides adjustable swing up to

1400 mVPPDIFF , which is fed to the first flip-flop of the S/P. Output swing

of the LVDS can adjusted by the bias current IBIAS provided by a current-

steering digital-to-analog converter. VCM is the common-mode voltage, i.e

the desired DC level of the output, and it is chosen to be 2
3V DD for optimal

operation points of the transistors. Since there can be considerable (10

dB) losses at 8 Gbps between the FPGA and CMOS chip, it is important

that the driver can provide a sufficient voltage swing for the first flip-flop

of the S/P, even with small (below 100 mV) input voltage swings. Post-

layout simulations indicated that the LVDS, nominally consuming 2 mA

of DC current, provides the required output swing with inputs down to 80

mVPPDIFF .

The S/P cell converts the serial data input (with a data rate 4fLO 8 GHz)

into four parallel outputs (with a data rate of fLO 2 GHz), as shown in Fig-

ure 5.21 b. For fail-safe operation the triggering moments of the flip-flops

can be selected between the clock and its inversion (at 8 GHz), or between

the LO and its TLO
8 delayed version (operating at 2 GHz). This is necessary

since the switching moment of the FPGA output is not known and may

cause hold or setup time violations in the S/P. Due to high operation speed

the flip-flops are made customized, and they utilize a SAFF topology [135]

similar to that presented in Section 5.2. The S/P was simulated to work

properly up to 14 Gbps in the slowest process corner. The layout of the en-

tire high-speed input data section is shown in Figure 5.21 c. Figure 5.22

presents post-layout transient simulations, a) showing the waveforms in

the slowest process corner. In the figure the LVDS input, its output and

output of the flip-flop following the LVDS driver are shown. Figure 5.22

b) shows the simulated results with the minimum input data amplitude
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(a) LO buffer and division scheme

(b) A source coupled D-latch in the divider

(c) Layout of the LO section

Figure 5.19. LO buffer, utilized D-latch and layout of the LO section
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Figure 5.20. Post-layout simulated LO waveform in slowest process corner.

Table 5.2. Summary of the implemented high-speed interfaces

Maximum speed 14 Gbps

of the LVDS

Input data Down to

amplitude 80 mVPPDIFF

Maximum 12 GHz

4 · fLO
Power 5(LO)

mW 4(one LVDS+S/P)

for the LVDS driver to work properly, e.g providing large enough input for

the following flip-flop.

5.3.3 Summary

Sections 5.3.1 - 5.3.2 described a high-speed LO buffer and LVDS IO in-

terface for a LTE base station transmitter. The very high operation speed

of the serial form input data, 8 Gbps, set real challenges for the circuit

design. The LVDS driver, providing 8 dB gain at 8 Gbps, must be capable

of handling low input amplitude swings at full-speed operation, so that its

output gives sufficient (not necessarily rail-to-rail) swing for the flip-flop

(SAFF) following the LVDS. Table 5.2 summarizes the designed IO inter-

faces. A single LVDS and S/P consumes 4 mW of power, as stated in the

table, the total power consumption of eight parallel structures used in the

design being 8·4 mW = 32 mW.
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(a) LVDS driver

(b) S/P converter providing 2-Gbps parallel

output data

(c) Layout of the LVDS and serial-to-parallel

converter

Figure 5.21. High-speed input data interface and its layout
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(a) LVDS transient simulation in slowest

process corner

(b) LVDS simulation with a minimum ampli-

tude input

Figure 5.22. Post-layout transient simulations of the high-speed LVDS
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6. Conclusion

This thesis consisted of, firstly, a high-speed ADC design [1–6] in a deep

submicron CMOS process, secondly, a high-accuracy low-power ADC [8]

and, thirdly, multi-GHz IO drivers [9, 10]. The research work covered four

measured CMOS circuit implementations, including two pipeline ADCs,

a ∆Σ ADC, and a serial link IO driver. Furthermore, the thesis intro-

duced two post-layout simulated IO drivers designed by the author. The

key challenges in high-speed medium-accuracy ADC design with a mod-

ern CMOS process are related to implementing accurate analog signal

processing functions with high dynamic range. Increasing data rates

set new demands for the design of wireline digital transmitter IOs for

mobiles, as the design faces a critical coupled noise vs power trade-off.

Conventionally-used IO drivers can keep the noise very low, while their

power consumption is relatively high, which is undesirable in battery-

powered systems.

In this thesis, the author has introduced two high-speed pipeline ADCs,

a high-accuracy low-power ∆Σ ADC, and GHz-range IO drivers. The

pipeline ADC research was motivated by the need for a wideband receiver

implementation for a SAR system. Large operation bandwidths are en-

abled by modern narrow line width CMOS processes. However, from dy-

namic range and accuracy perspectives analog IC design has become more

challenging. This thesis discussed in detail the critical building blocks of

an 8-bit 440-MS/s pipeline ADC. The author demonstrated experimental

measurement results of two 0.13-µm CMOS 440-MS/s programmable 5-8-

bit pipeline ADC prototypes, and the results demonstrated the suitability

of the ADC for SAR receiver specifications. Flexible multi-mode operation

provides the optimal usage of the ADC for several standards. The mea-

sured performance of the ADC, particularly the energy efficiency, could

be improved by optimizing each pipeline stage separately, mainly by us-
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ing single-stage amplifiers in the back-end pipeline stages, where lower

open-loop DC gain can be tolerated. This way, the estimated power con-

sumption drops to one third of the current value, improving the FOM to

order of state-of-the-art performance.

Furthermore, this thesis presented a high-accuracy low-power ADC for

pressure sensor applications. For these types of applications, a ∆Σ mod-

ulator based ADC is a good solution, as it is able to achieve a very high

SNR without excessively high clock frequency. The author demonstrated

the design and measurements of a robust 0.35-µm second order single-

stage single-bit 16-kS/s ∆Σ modulator, which achieved a peak SNDR of 86

dB and power consumption of 28 µW. Adequate accuracy and low power -

being the clear minority of the total system power - make the introduced

modulator an excellent alternative to pressure sensor systems.

Nowadays, a multi-function mobile need to be compact-sized. Thus,

digital serial form wireline data transmission is a tempting solution to

be used for the internal communication of the mobile, as it enables low

pint count and consequently compactness and cost-efficiency of the de-

vice. This increases the data rate and make the EMI and coupled noise

from the digital IO driver to radio receivers inside the same mobile crit-

ical. Therefore, low noise of the transmitter IO is very important, while

the power consumption should also be minimized. Motivated by the re-

search need for a low-noise energy-efficient serial link transmitter IO, the

author introduced the design, implementation and measurement results

of a 40-nm CMOS 1.25-5.8-Gbps MIPI-MPHY driver for mobile applica-

tions. A voltage mode SLVS driver used in the design is capable of ultra-

low-voltage (200-400 mV) operation, making it a very suitable structure

for mobile phones, in terms of power consumption. As the key outcome,

the measurements showed this type of output driver can meet the noise

generation limits of a MIPI-MPHY serial link driver, when assuming an

attenuation of 50 dB from the transmitter to a receiver. Due to its low

power consumption and output noise level, the SLVS driver is very well

suited for the internal communication of mobile phones. To the best of the

author’s knowledge, the measured output noise performance of the SLVS

driver is original research work.

In addition to the serial link, the author implemented also an 8-Gbps

input data IO LVDS driver and an 8-GHz LO section, including an IO

driver and divider by four to create the actual LO frequency. These drivers

were designed for a LTE base station transmitter. Development of these
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high-speed IO implementations was driven by the necessity for receiving

the input data in serial form, as a substantial amount of IOs could be

saved. The post-layout simulations of the IO drivers showed proper oper-

ation of the LVDS up to 14 Gbps and with input amplitude as low as 80

mVPPDIFF . This leaves a fair safety margin for the expected cable losses

between the external source and the chip. The simulated maximum oper-

ation frequency of the LO section was 12 GHz.

This thesis showed four successfully implemented ICs, which were ver-

ified to be suitable for the targeted standards and applications. As the

CMOS processes are continuing to downscale, it is assumable that analog-

oriented design of ADCs for wideband telecommunication standards will

move towards digitally assisted implementations, where different perfor-

mance imperfections are compensated by digital calibration algorithms.

This enables design of energy efficient ADCs compared to analog imple-

mentations, as was pointed out in Section 2.4.3. High-speed IO designs,

for example optical transceiver applications, will inherently benefit from

CMOS process evolution, along the decreasing power and switching time

of the transistors.
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[61] D. Stepanović and B. Nikolić, “A 2.8GS/s 44.6mW time-interleaved ADC
achieving 50.9dB SNDR and 3dB effective resolution bandwidth of 1.5GHz
in 65nm CMOS,” in Proc. Symposium On VLSI Circuits, Digest of Technical
Papers, Honolulu, HI, USA, Jun. 2012, pp. 84–85.

153



References

[62] C.-H. Chan, Y. Zhu, S.-W. Sin, S.-P. U, and R. Martins, “A 3.8mW 8b 1GS/s
2b/cycle interleaving SAR ADC with compact DAC structure,” in Proc.
Symposium On VLSI Circuits, Digest of Technical Papers, Honolulu, HI,
USA, Jun. 2012, pp. 86–87.

[63] Y.-C. Lien, “A 4.5-mW 8-b 750-MS/s 2-b/step asynchronous subranged SAR
ADC in 28-nm CMOS technology,” in Proc. Symposium On VLSI Circuits,
Digest of Technical Papers, Honolulu, HI, USA, Jun. 2012, pp. 88–89.

[64] Y. Zhu, C.-H. Chan, S.-W. Sin, S.-P. U, and R. Martins, “A 34fJ 10b 500
MS/s partial-interleaving pipelined SAR ADC,” in Proc. Symposium On
VLSI Circuits, Digest of Technical Papers, Honolulu, HI, USA, Jun. 2012,
pp. 90–91.

[65] E. Janssen, K. Doris, A. Zanikoooulos, A. Murroni, G. van der Weide,
Y. Lin, L. Alvado, F. Darthenay, and Y. Freqeais, “An 11b 3.6GS/s time-
interleaved SAR ADC in 65nm CMOS,” in Proc. IEEE Intl. Solid-State
Circuits Conf., Digest of Technical Papers, San Francisco, CA, USA, Feb.
2013, pp. 464–465.

[66] L. Kull, T. Toifl, M. Schmatz, P. A. Francese, C. Menolfi, M. Braendli,
M. Kossel, T. Morf, T. M. Andersen, and Y. Leblebici, “A 3.1mW 8b 1.2GS/s
single-channel asynchronous SAR ADC with alternate comparators for en-
hanced speed in 32nm digital SOI CMOS,” in Proc. IEEE Intl. Solid-State
Circuits Conf., Digest of Technical Papers, San Francisco, CA, USA, Feb.
2013, pp. 468–469.

[67] H.-K. Hong, H.-W. Kanq, B. Sung, C.-H. Lee, M. Choi, H.-J. Park, and S.-T.
Ryu, “An 8.6 ENOB 900MS/s time-interleaved 2b/cycle SAR ADC with a
1b/cycle reconfiguration for resolution enhancement,” in Proc. IEEE Intl.
Solid-State Circuits Conf., Digest of Technical Papers, San Francisco, CA,
USA, Feb. 2013, pp. 470–471.

[68] J. Wu, A. W.-T. Chou, C.-H. Yang, Y. Ding, Y.-J. Ko, S.-T. Lin, W. Liu, C.-M.
Hsiao, M.-H. Hsieh, C.-C. Huang, J.-J. Hung, K. Y. Kim, M. Le, T. Li, W.-T.
Shih, A. Shrivastava, Y.-C. Yang, C.-Y. Chen, and H.-S. Huang, “A 5.4GS/s
12b 500mW pipeline ADC in 28nm CMOS,” in Proc. Symposium On VLSI
Circuits, Digest of Technical Papers, Kyoto, Japan, Jun. 2013, pp. 92–93.

[69] N. Dolev, M. Kramer, and B. Murmann, “A 12-bit, 200-MS/s, 11.5-mW
pipeline ADC using a pulsed bucket brigade front-end,” in Proc. Sympo-
sium On VLSI Circuits, Digest of Technical Papers, Kyoto, Japan, Jun.
2013, pp. 98–99.

[70] S.-H. W. Chiang, H. Sun, and B. Razavi, “A 10-Bit 800-MHz 19-mW CMOS
ADC,” in Proc. Symposium On VLSI Circuits, Digest of Technical Papers,
Kyoto, Japan, Jun. 2013, pp. 100–101.

[71] L. Kull, T. Toifl, M. Schmutz, P. A. Francese, C. Menolfi, M. Braendli,
M. Kossel, T. Morf, T. M. Andersen, and Y. Leblebici, “A 35mW8 b 8.8 GS/s
SAR ADC with low-power capacitive reference buffers in 32nm Digital SOI
CMOS,” in Proc. Symposium On VLSI Circuits, Digest of Technical Papers,
Kyoto, Japan, Jun. 2013, pp. 260–261.

[72] B. Verbruggen, M. Iriguchi, M. de la Guia Solaz, G. Glorieux, K. Deguchi,
B. Malki, and J. Craninckx, “A 2.1 mW 11b 410 MS/s dynamic pipelined

154



References

SAR ADC with background calibration in 28nm digital CMOS,” in Proc.
Symposium On VLSI Circuits, Digest of Technical Papers, Kyoto, Japan,
Jun. 2013, pp. 268–269.

[73] L. Kull, T. Toifli, M. Schrnatz, P. A. Francese, C. Menolfi, M. B. M. Kos-
sel, T. Morfl, T. M. Andersen, and Y. Leblebici, “A 90GS/s 8b 667mW 64x
interleaved SAR ADC in 32nm digital SOI CMOS,” in Proc. IEEE Intl.
Solid-State Circuits Conf., Digest of Technical Papers, San Francisco, CA,
USA, Feb. 2014, pp. 378–379.

[74] S. Lee, A. P. Chandrakasan, and H.-S. Lee, “A 1GS/s 10b 18.9mW time-
interleaved SAR ADC with background timing-skew calibration,” in Proc.
IEEE Intl. Solid-State Circuits Conf., Digest of Technical Papers, San Fran-
cisco, CA, USA, Feb. 2014, pp. 384–385.

[75] N. L. Dortz, J.-P. Blanc, T. Simon, S. Verhaeren, E. Rouat, P. Urard,
S. L. Tual, D. Goguet, C. Lelandais-Perrault, and P. Benabes, “A 1.62GS/s
time-interleaved SAR ADC with digital background mismatch calibration
achieving interleaving spurs below 70dBFS,” in Proc. IEEE Intl. Solid-
State Circuits Conf., Digest of Technical Papers, San Francisco, CA, USA,
Feb. 2014, pp. 386–388.

[76] B. Verbruggen, K. Deguchi, B. Malki, and J. Craninckx, “A 70 dB SNDR
200 MS/s 2.3 mW dynamic pipelined SAR ADC in 28nm digital CMOS,” in
Proc. Symposium On VLSI Circuits, Digest of Technical Papers, Honolulu,
HI, USA, Jun. 2014, pp. 1–2.

[77] C.-Y. Lin and T.-C. Lee, “A 12-bit 210-MS/s 5.3-mW pipelined-SAR ADC
with a passive residue transfer technique,” in Proc. Symposium On VLSI
Circuits, Digest of Technical Papers, Honolulu, HI, USA, Jun. 2014, pp.
1–2.

[78] H. H. Boo, D. S. Boning, and H.-S. Lee, “A 12b 250MS/S pipelined ADC
with virtual ground reference buffers,” in Proc. IEEE Intl. Solid-State Cir-
cuits Conf., Digest of Technical Papers, San Francisco, CA, USA, Feb. 2015,
pp. 1–3.

[79] J. Mulder, D. Vecchi, Y. Ke, S. Bozzola, M. Core, N. Saputra, Q. Zhang,
J. Riley, H. Yan, M. Introini, S. Wana, C. M. Ward, J. Westra, J. Wan, and
K. Bult, “An 800MS/S 10b/13b receiver for 10GBASE-T Ethernet in 28nm
CMOS,” in Proc. IEEE Intl. Solid-State Circuits Conf., Digest of Technical
Papers, San Francisco, CA, USA, Feb. 2015, pp. 1–3.

[80] B.-R.-S. Sung, D.-S. Jo, I.-H. Janq, D.-S. Lee, Y.-S. You, Y.-H. Lee, H.-
J. Park, and S.-T. Ryu, “A 21fJ/conv-step 9 ENOB 1.6GS/S 2x time-
interleaved FATI SAR ADC with background offset and timing-skew cal-
ibration in 45nm CMOS,” in Proc. IEEE Intl. Solid-State Circuits Conf.,
Digest of Technical Papers, San Francisco, CA, USA, Feb. 2015, pp. 1–3.

[81] M. Brandolini, Y. Shin, K. Haviprakash, T. Wang, H. Wu, H. M. Geddada,
Y.-J. Ko, Y. Ding, C.-S. Huanq, W.-T. Shih, M.-H. Hsieh, W.-T. Chou, T. Li,
A. Shrivastava, Y.-C. Chen, J.-J. Hunn, G. Cusrnai, J. Wu, M. M. Zhang,
G. Unruh, A. Venes, H. S. Huang, and C.-Y. Chen, “A 5GS/S 150mW 10b
SHA-less pipelined/SAR hybrid ADC in 28nm CMOS,” in Proc. IEEE Intl.
Solid-State Circuits Conf., Digest of Technical Papers, San Francisco, CA,
USA, Feb. 2015, pp. 1–3.

155



References

[82] H.-K. Hone, H.-W. Kang, D.-S. Jo, D.-S. Lee, Y.-S. You, Y.-H. Lee, H.-J.
Park, and S.-T. Ryu, “A 2.6b/cycle-architecture-based 10b 1.7GS/s 15.4mW
4x-time-interleaved SAR ADC with a multistep hardware-retirement tech-
nique,” in Proc. IEEE Intl. Solid-State Circuits Conf., Digest of Technical
Papers, San Francisco, CA, USA, Feb. 2015, pp. 1–3.

[83] J. P. Mathew, L. Kong, and B. Razavi, “A 12-bit 200-MS/s 3.4-mW CMOS
ADC with 0.85-V supply,” in Proc. Symposium On VLSI Circuits, Digest of
Technical Papers, Kyoto, Japan, Jun. 2015, pp. 66–67.

[84] D. G. Haigh and B. Singh, “A switching scheme for switched capacitor
filters which reduces the effect of parasitic capacitances associated with
switch control terminals,” in Proc. Int. Symp. Circuits Syst., CA, USA,
1983, pp. 586–589.

[85] T. C. Choi and R. W. Brodersen, “Considerations for High-Frequency
Switched-Capacitor Ladder Filters,” IEEE Trans. Circuits Syst. I, no. 6,
pp. 545–552, Jun. 1980.

[86] M. Dessouky and A. Kaiser, “Input switch configuration suitable for rail-to-
rail operation of switched opamp circuits,” IEE Electronics Letters, vol. 35,
no. 1, pp. 8–9, Jan. 1999.

[87] A. A. Abidi, “High-frequency Noise Measurements on FET’s with Small
Dimensions,” IEEE Trans. Electron Devices, vol. 33, no. 11, pp. 1801–1805,
Nov. 1986.

[88] A. Petraglia and S. K. Mitra, “Analysis of Mismatch Effects Among A/D
Converters in Time-Interleaved Waveform Digitizers,” IEEE Trans. In-
strum. Meas., vol. 40, no. 5, pp. 831–835, Oct. 1991.

[89] Y.-C. Jenq, “Digital Spectra of Nonuniformly Sampled Signals: Fundamen-
tals and High-Speed Waveform Digitizers,” IEEE Trans. Instrum. Meas.,
vol. 37, no. 2, pp. 245–251, Jun. 1988.

[90] M. Waltari and K. Halonen, “Timing Skew Insensitive Switching for
Double-Sampled Circuits,” in Proc. Int. Symp. Circuits Syst., Orlando, FL,
May 1999, pp. 61–64.

[91] L. Sumanen, M. Waltari, and K. Halonen, “A Mismatch Insensitive CMOS
Dynamic Comparator for Pipeline A/D Converters,” in Proc. Intl. Conf. on
Electronics, Circuits and Systems, Jounieh, Lebanon, Dec. 2000, pp. 32–35.

[92] L. Sumanen, M. Waltari, V. Hakkarainen, and K. Halonen, “CMOS Dy-
namic Comparators for Pipeline A/D Converters,” in Proc. Int. Symp. Cir-
cuits Syst., AZ, USA, May 2002, pp. 157–160.

[93] D. W. Cline and P. R. Gray, “A Power Optimized 13-b 5 Msamples/s
Pipelined Analog-to-Digital Converter in 1.2 µm CMOS,” IEEE Trans.
Electron Devices, vol. 31, no. 3, pp. 294–303, Mar. 1996.

[94] L. Sumanen, M. Waltari, and K. Halonen, “Optimizing the Number of Par-
allel Channels and the Stage Resolution in Time Interleaved Pipeline A/D
Converters,” in Proc. Int. Symp. Circuits Syst., Geneva, Switzerland, May
2000, pp. 613–616.

156



References

[95] R. Schreier, J. Silva, J. Steensgaard, and G. C. Temes, “Design-Oriented
Estimation of Thermal Noise in Switched-Capacitor Circuits,” IEEE Trans.
Circuits Syst. I, vol. 52, no. 11, pp. 2358 – 2368, Nov. 2005.

[96] K. Bult and G. J. G. M. Geelen, “A Fast-Settling CMOS Op Amp for SC
Circuits with 90-dB DC Gain,” IEEE J. Solid-State Circuits, vol. 25, no. 6,
pp. 1379–1384, Dec. 1990.

[97] L. Picolli, P. Malcovati, L. Crespi, F. Chaahoub, and A. Baschirotto, “A
90nm 8b 120Ms/s-250Ms/s Pipeline ADC,” in Proc. European Solid-State
Circuits Conf., Edinburgh, UK, Sep. 2008, pp. 266–269.

[98] T.-H. Oh, H.-Y. Lee, H.-J. Park, and J.-W. Kim, “A 1.8V 8-bit 250Msample/s
Nyquist-Rate CMOS Pipelined ADC,” in Proc. Int. Symp. Circuits Syst.,
Vancouver, Canada, May 2004, pp. 9–12.

[99] D. Senderowicz, S. F. Dreyer, J. H. Huggins, C. F. Rahim, and C. A. Laber,
“A Family of Analog NMOS Analog Circuits for a PCM Codec Filter Chip,”
IEEE J. Solid-State Circuits, no. 6, pp. 1014–1023, Dec. 1982.

[100] T. Nezuka, K. Misawa, J. Azami, Y. Majima, and J. Okamura, “A 10-bit
200MS/s Pipeline A/D Converter for High-Speed Video Signal Digitizer,”
in Proc. Asian Solid-State Circuits Conf., Hangzhou, China, Nov. 2006, pp.
31–34.

[101] Y.-J. Kim, H.-C. Choi, K.-H. Lee, G.-C. Ahn, S.-H. Lee, J.-H. Kim, K.-J.
Moon, M. Choi, K.-H. Moon, H.-J. Park, and B.-H. Park, “A 9.43-ENOB
160MS/s 1.2V 65nm CMOS ADC Based on Multi-Stage Amplifiers,” in
Proc. Custom Integrated Circuits Conf., San Jose, CA, USA, Sep. 2009, pp.
271–274.

[102] S.-W. Kim, Y.-J. Cho, K.-H. Lee, S.-H. Lee, J.-Y. Lee, H.-C. Noh, and H.-S.
Lee, “An 8b 240 MS/s 1.36mm2 104mW 0.18µm CMOS ADC for DVDs with
Dual-Mode Inputs,” in Proc. Int. Symp. Circuits Syst., Kobe, Japan, May
2005, pp. 4054–4057.

[103] L. Sumanen, M. Waltari, and K. A. I. Halonen, “A 10-bit 200-MS/s CMOS
Parallel Pipeline A/D Converter,” IEEE J. Solid-State Circuits, vol. 36,
no. 7, pp. 1048–1055, Jul. 2001.

[104] M. Trojer, M. Cleris, U. Gaier, T. Hebein, P. Pridnig, B. Kuttin, B. Tschuden,
C. Krassnitzer, C. Kuttin, and W. Pribyl, “A 1.2V 56mW 10 bit 165MS/s
Pipeline-ADC for HD-Video Applications,” in Proc. European Solid-State
Circuits Conf., Edinburgh, UK, Sep. 2008, pp. 270–273.

[105] M. Chen, J. Silva-Martinez, M. Nix, and M. E. Robinson, “Low-Voltage
Low-Power LVDS Drivers,” IEEE J. Solid-State Circuits, vol. 40, no. 2, pp.
472–479, Feb. 2005.

[106] J. Yuan and C. Svensson, “New Single-Clock CMOS Latches and Flipflops
with Improved Speed and Power Savings,” IEEE J. Solid-State Circuits,
vol. 32, no. 1, pp. 62–69, Jan. 1997.

[107] J. Blair, “Histogram Measurement of ADC Nonlinearities Using Sine
Waves,” IEEE Trans. Instrum. Meas., vol. 43, no. 3, pp. 373–383, Jun. 1994.

157



References

[108] J.-H. Koo, Y.-J. Kim, S.-H. Kim, W.-J. Y. S.-I. Lim, and S. Kim, “An 8-bit
250MSPS CMOS Pipelined ADC Using Open-Loop Architecture,” in Proc.
Asia-Pacific Conference on Advanced System Integrated Circuits, Fukuoka
City, Japan, Aug. 2004, pp. 94–97.

[109] R. Schreier and G. C. Temes, Understanding Delta-Sigma Data Converters.
USA: John Wiley & Sons, Inc., 2005.

[110] S. Lindfors, “CMOS Baseband Integrated Circuit Techniques for Radio Re-
ceivers,” Ph.D. dissertation, Helsinki University of Technology, 2000.

[111] K. Nagaraj, J. Vlach, T. R. Viswanathan, and K. Singhal, “Switched- capac-
itor integrator with reduced sensitivity to amplifier gain,” IEE Electronics
Letters, vol. 22, no. 21, pp. 1103–1105, Oct. 1986.

[112] C. C. Enz and G. C. Temes, “Circuit Techniques for Reducing the Effects
of Op-Amp Imperfections: Autozeroing, Correlated Double Sampling, and
Chopper Stabilization,” Proc. IEEE, vol. 84, no. 11, pp. 1584–1614, Nov.
1996.

[113] R. Naiknaware and T. Fiez, “142 dB Delta Sigma ADC with a 100nV LSB
in a 3V CMOS Process,” in Proc. Custom Integrated Circuits Conf., San
Jose, CA, USA, May 2000, pp. 5–8.

[114] S. R. Norsworthy, R. Schreier, and G. C. Temes, Delta-Sigma Data Con-
verters:Theory, Design, and Simulation. USA: IEEE Press, 1997.

[115] MIPI Alliance. Accessed 20th Sep. 2013. [Online]. Available: http:
//www.mipi.org

[116] JEDEC. Accessed 20th Sep. 2013. [Online]. Available: http://www.jedec.org

[117] USB. Accessed 20th Sep. 2013. [Online]. Available: http://www.usbsig.org

[118] PCISIG. Accessed 20th Sep. 2013. [Online]. Available: http://www.pcisig.
com

[119] H. Hatamkhani and C.-K. K. Yang, “Power Analysis for High-Speed I/O
Transmitters,” in Proc. Symposium On VLSI Circuits, Digest of Technical
Papers, Honolulu, HI, USA, Jun. 2004, pp. 142–145.

[120] R. Payne, P. Landman, B. Bhakta, S. Ramaswamy, S. Wu, J. D. Pow-
ers, M. U. Erdogan, A.-L. Yee, R. Gu, L. Wu, Y. Xie, B. Parthasarathy,
K. Brouse, W. Mohammed, K. Heragu, V. Gupta, L. Dyson, and W. Lee, “A
6.25.Gb/s Binary Transceiver in 0.13-µm CMOS for Serial Data Transmis-
sion Across High Loss Legacy Backplane Channels,” IEEE J. Solid-State
Circuits, vol. 40, no. 12, pp. 2646–2657, Dec. 2005.

[121] C.-M. Chu, C.-H. Chuang, C.-H. Lin, and S.-J. Jou, “A 6Gbps Serial Link
Transmitter with Pre-emphasis,” in Proc. Int. Symp. on VLSI Design, Au-
tomation and Test, Hsinchu, Taiwan, Apr. 2007, pp. 1–2.

[122] M. Voutilainen, M. Rouvala, P. Kotiranta, and T. von Rauner, “Multi-
Gigabit Serial Link Emissions and Mobile Terminal Antenna Interfer-
ence,” in IEEE Workshop on Signal Propagation on Interconnects, Stras-
bourg, France, May 2009, pp. 1–4.

158



References

[123] T. Tikka, K. Stadius, M. Voutilainen, and J. Ryynänen, “A 1.2 – 6.4 GHz
Clock Generator with a Low-Power DCO and Programmable Multiplier in
40-nm CMOS,” in Proc. Int. Symp. Circuits Syst., Melbourne, Australia,
May 2014, pp. 506–509.

[124] Y. K. Ramadass and A. Chandrakasan, “Minimum Energy Tracking Loop
With Embedded DC–DC Converter Enabling Ultra-Low-Voltage Operation
Down to 250 mV in 65 nm CMOS,” IEEE J. Solid-State Circuits, vol. 43,
no. 1, pp. 256–265, Jan. 2008.

[125] Mipi mphy - an introduction. MIPI Alliance. Accessed 7th Jan.
2014. [Online]. Available: http://www.design-reuse.com/articles/25764/
mipi-m-phy-ip.html

[126] B. Kim, Y. Liu, T. O. Dickson, J. F. Bulzacchelli, and D. J. Friedman, “A 10-
Gb/s Compact Low-Power Serial I/O With DFE-IIR Equalization in 65-nm
CMOS,” IEEE J. Solid-State Circuits, vol. 44, no. 12, pp. 3526–3538, Dec.
2009.

[127] J. Rhim and W.-Y. Choi, “A 5-Gb/s Low-Power Transmitter with Voltage-
Mode Output Driver in 90nm CMOS Technology,” in Proc. International
SoC Design Conference, Jeju, South Korea, Nov. 2011, pp. 231–234.

[128] J. Poulton, R. Palmer, A. M. Fuller, T. Greer, J. Eyles, W. J. Dally, and
M. Horowitz, “A 14-mW 6.25-Gb/s Transceiver in 90-nm CMOS,” IEEE J.
Solid-State Circuits, vol. 42, no. 12, pp. 2745–2757, Dec. 2007.

[129] K.-L. J. Wong, H. Hatamkhani, M. Mansuri, and C.-K. K. Yang, “A 27-mW
3.6-Gb/s I/O Transceiver,” IEEE J. Solid-State Circuits, vol. 39, no. 4, pp.
602–612, Apr. 2004.

[130] Y.-H. Song and S. Palermo, “A 6-Gbit/s Hybrid Voltage-Mode Transmitter
With Current-Mode Equalization in 90-nm CMOS,” IEEE Trans. Circuits
Syst. II, vol. 59, no. 8, pp. 491–495, Aug. 2012.

[131] R. Inti, A. Elshazly, B. Young, W. Yin, M. Kossel, T. Toifl, and P. K. Hanu-
molu, “A Highly Digital 0.5-to-4Gb/s 1.9mW/Gb/s Serial Link Transceiver
Using Current-Recycling in 90nm CMOS,” in Proc. IEEE Intl. Solid-State
Circuits Conf., Digest of Technical Papers, San Francisco, CA, USA, Feb.
2011, pp. 152–154.

[132] Y. Jeong, Y.-C. Choi, E.-J. Choi, S. Ham, K.-W. Kwon, Y.-H. Jun, and J.-H.
Chun, “0.37mW/Gb/s Low Power SLVS Transmitter for Battery Powered
Applications,” in Proc. Int. Symp. Circuits Syst., Seoul, Korea, May 2012,
pp. 1955–1958.

[133] S. Kim, Y. Jeong, M. Lee, K. won Kwon, and J.-H. Chun, “A 5.2-Gb/s Low-
Swing Voltage-Mode Transmitter With an AC-/DC-Coupled Equalizer and
a Voltage Offset Generator,” IEEE Trans. Circuits Syst. I, vol. 61, no. 1, pp.
213–225, Jan. 2014.

[134] P. Heydari and R. Mohavavelu, “Design of ultra high-speed CMOS CML
buffers and latches,” in Proc. Int. Symp. Circuits Syst., Bangkok, Thailand,
May 2003, pp. 208–211.

159



References

[135] A. G. M. Strollo, D. D. Caro, E. Napoli, and N. Petra, “A Novel High-Speed
Sense Amplifier-Based Flip-Flop,” IEEE Trans. VLSI Syst., vol. 13, no. 11,
pp. 1266–1274, Nov. 2005.

[136] D. EI-Damak, S. Bandyopadhyay, and A. P. Chandrakasan, “A 93% effi-
ciency reconfigurable switched-capacitor DC-DC converter using on-chip
ferroelectric capacitors,” in Proc. IEEE Intl. Solid-State Circuits Conf., Di-
gest of Technical Papers, San Francisco, CA, USA, Feb. 2013, pp. 374 –
375.

[137] R. Jain, B. M. Geuskens, S. T. Kim, M. M. Khellah, J. Kulkarni, J. W.
Tschanz, and V. De, “A 0.45–1 V Fully-Integrated Distributed Switched
Capacitor DC-DC Converter With High Density MIM Capacitor in 22 nm
Tri-Gate CMOS,” IEEE J. Solid-State Circuits, vol. 49, no. 4, pp. 917 – 927,
Apr. 2014.

[138] H.-P. Le, S. R. Sanders, and E. Alon, “Design Techniques for Fully Inte-
grated Switched-Capacitor DC-DC Converters,” IEEE J. Solid-State Cir-
cuits, vol. 46, no. 9, pp. 2120 – 2131, Sep. 2011.

[139] J. Jianq, Y. Lu, C. Huang, W.-H. Ki, and P. K. T. Mok, “20.5 A 2-/3-phase
fully integrated switched-capacitor DC-DC converter in bulk CMOS for
energy-efficient digital circuits with 14% efficiency improvement,” in Proc.
IEEE Intl. Solid-State Circuits Conf., Digest of Technical Papers, San Fran-
cisco, CA, USA, Feb. 2015, pp. 1 – 3.

[140] L. G. Salem and P. P. Mercier, “An 85%-Efficiency Fully Integrated 15-
Ratio Recursive Switched-Capacitor DC-DC Converter with 0.1-to-2.2V
Output Voltage Range,” in Proc. IEEE Intl. Solid-State Circuits Conf., Di-
gest of Technical Papers, San Francisco, CA, USA, Feb. 2014, pp. 88–89.

[141] S. S. Kudva and R. Harjani, “Fully Integrated Capacitive DC-DC Con-
verter With All-Digital Ripple Mitigation Technique,” IEEE J. Solid-State
Circuits, vol. 48, no. 8, pp. 1910–1920, Aug. 2013.

[142] H. P. Le, M. Seeman, S. R. Sanders, V. Sathe, S. Naffziger, and E. Alon, “A
32nm fully integrated reconfigurable switched-capacitor DC-DC converter
delivering 0.55W/mm2 at 81% efficiency,” in Proc. IEEE Intl. Solid-State
Circuits Conf., Digest of Technical Papers, San Francisco, CA, USA, Feb.
2010, pp. 210 – 211.

[143] Linear feedback shift registers in virtex devices. Xilinx. Accessed 18th Oct.
2011. [Online]. Available: http://www.xilinx.com/support/documentation/
application_notes/xapp210.pdf

[144] M. A. Kossel and M. L. Schmatz, “Jitter Measurements of High-Speed Se-
rial Links,” IEEE Design and Test of Computer, vol. 21, no. 6, p. 536–543,
Nov. 2004.

[145] M. A. Kossel, C. Menolfi, J. Weiss, P. Buchmann, G. von Büren, L. C.
Rodoni, T. Morf, T. Toifl, and M. L. Schmatz, “A T-Coil-Enhanced 8.5 Gb/s
High-Swing SST Transmitter in 65 nm Bulk CMOS With < - 16 dB Re-
turn Loss Over 10 GHz Bandwidth,” IEEE J. Solid-State Circuits, vol. 43,
no. 12, p. 2905–2920, Dec. 2008.

160



References

[146] G. Balamurugan, J. Kennedy, G. Banerjee, J. E. Jaussi, M. Mansuri,
F. O’Mahony, B. Casper, and R. Mooney, “A Scalable 5-15Gbps, 14-75mW
Low Power I/O Transceiver in 65nm CMOS,” in Proc. Symposium On VLSI
Circuits, Digest of Technical Papers, Kyoto, Japan, Jun. 2004, pp. 270–273.

[147] K. Fukuda, H. Yamashita, G. Ono, R. Nemoto, E. Suzuki, N. Ma-
suda, T. Takemoto, F. Yuki, and T. Saito, “A 12.3-mW 12.5-Gb/s Com-
plete Transceiver in 65-nm CMOS Process,” IEEE J. Solid-State Circuits,
vol. 45, no. 12, pp. 2838–2849, Dec. 2010.

[148] W. D. Dettloff, J. C. Eble, L. Luo, P. Kumar, F. Heaton, T. Stone, and B. Daly,
“A 32mW 7.4Gb/s protocol-agile source-series-terminated transmitter in
45nm CMOS SOI,” in Proc. IEEE Intl. Solid-State Circuits Conf., Digest of
Technical Papers, San Francisco, CA, USA, Feb. 2010, pp. 370–371.

[149] F. Spagna, L. Chen, M. Deshpande, Y. Fan, D. Gambetta, S. Gowder,
S. Iyer, R. Kumar, P. Kwok, R. Krishnamurthy, C. chun Lin, R. Mo-
hanavelu, R. Nicholson, J. Ou, M. Pasquarella, K. Prasad, H. Rustam,
L. Tong, A. Tran, J. Wu, and X. Zhang, “A 78mW 11.8Gb/s Serial Link
Transceiver with Adaptive RX Equalization and Baud-Rate CDR in 32nm
CMOS,” in Proc. IEEE Intl. Solid-State Circuits Conf., Digest of Technical
Papers, San Francisco, CA, USA, Feb. 2010, pp. 366–360.

161







 

A
alto-D

D
 18

/2
016 

9HSTFMG*aggdgd+ 

ISBN 978-952-60-6636-3 (printed) 
ISBN 978-952-60-6637-0 (pdf) 
ISSN-L 1799-4934 
ISSN 1799-4934 (printed) 
ISSN 1799-4942 (pdf) 
 
Aalto University 
School of Electrical Engineering 
Department of Micro- and Nanosciences 
www.aalto.fi 

BUSINESS + 
ECONOMY 
 
ART + 
DESIGN + 
ARCHITECTURE 
 
SCIENCE + 
TECHNOLOGY 
 
CROSSOVER 
 
DOCTORAL 
DISSERTATIONS 

T
ero N

iem
inen 

H
igh-perform

ance A
nalog-to-D

igital C
onverters and L

ine D
rivers 

A
alto

 U
n
ive

rsity 

2016 

Department of Micro- and Nanosciences 

High-performance Analog-
to-Digital Converters and 
Line Drivers 

Tero Nieminen 

DOCTORAL 
DISSERTATIONS 


	Aalto_DD_2016_018_Tero_Nieminen_verkkoversio



